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ABSTRACT

The objective of this thesis is to introduce new power efficient non-
coherent receiver structures for linear (Quadrature Amplitude Modulated
and Phase Shift Keyed) as well as Continuous Phase Modulated signals.

A generalized non-coherent detection theory, addressing single or multi-
amplitude/phase signals as well as operation in time dispersive channels has
been developed. Structures of optimal non-coherent sequence estimators and
symbol-by-symbol receivers are proposed. The analysis carried out provides
the relation and link between existing non-coherent receivers and the optimal
non-coherent detection concept.

Using the framework set by the generalized non-coherent detection the-
ory and applying approximations and reasonable simplifications wherever
needed, we were able to propose new families of powerful, yet simple non-
coherent receivers. Such receivers are the:

). Block Decoders for PSK and CPM signals. They process the received
signal information in a block form. Evaluation of them in both ideal and
time dispersive channels has verified considerable gains (as compared
to conventional differential receivers), especially when used with trellis
coded schemes. The evaluation results have indicated improvements
higher than 3 dB when the operation takes place in a Gaussian channel.
In a faded channel, the results have shown improvements higher than
7 dB and 2 reduction in error floors close to one order of magnitude.

2. Asymptotically optimal decoders for a time dispersive channel and/or
multi-amplitude/phase signals. They have been able to considerably
improve the system’s performance. When evaluated for uncoded and
coded schemes they demonstrated excellent performance. Compared
to the conventional differential receiver the results demonstrated im-
provements in excess of 5 dB. With the introduction of these receivers
the extension of non-coherent technology to the power and bandwidth
efficient family of the multi-amplitude/phase signals has been made
possible.

3. Combined Squared Envelope and Multiple Differential Detection (recur-
sive) Algorithms. They process the information provided by the use of a
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squared envelope and more than one (multiple) differential receivers in
a recursive form. When evaluated with various linear and CPM signals
they demonstrated considerable improvements. For white Gaussian
noise channels, they achieved gains higher than 9 dB (compared to the
conventional differential receiver). In a faded channe! they were able
to reduce the error floors by more than three orders of magnitude.

4. Symbol-by-symbol receivers based on phase correction and signal com-
bining controlled by decision feedback. These receivers achieve their
improvements b:- applying partial (decision directed) intersymbol in-
terference (ISI) cancellation from the phase of the signal and by com-
bining the outputs of more than one differential detector according
to the decisions made regarding previous symbols. Evaluations have
demonstrated improvements higher than 5 dB.

In all of the above proposed receivers, a particular emphasis has been put
on the simplicity factor. Possible efficient implementation scenarios of the

receivers using today’s digital signal processing technology are discussed in
various parts of the present work.

To evaluate the proposed schemes, an analytical framework has been de-
veloped. It covers evaluation in AWGN (ideal or time dispersive) as well as
faded channels. Through this analysis, new distance expressions (equivalent
to the Euclidean distance we encounter in coherent systems) which char-
acterize the performance of the proposed non-coherent receivers have been
identified. These distance metrics can be used for the design of improved
coded schemes, developed to “match” the characteristics and operation prin-
ciples of the proposed non-coherent receivers.
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Optimal Non-Coherent Sequence Estimator
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Chapter 1

INTRODUCTION

1.1 WIRELESS PERSONAL DIGITAL
COMMUNICATION SYSTEMS

Over the past five years, there has been a spectacular interest in Wireless
Personal Digital Communication Systems (WPDCS) (see for example [241]
[37], [38], [39], {97], [98], [99]). The premise that wireless personal communi-
cations is emerging as a key, wide-sweeping technology that will dramatically
impact our society is quickly becoming a reality (see for example [200], [84],
[25), [215]). A realization of an integrated WPDCS would make communica-
tions truly personal. Anyone would be able to communicate with anybody
else anywhere. In the past, wireless communication systems have been ex-
tensively used by telecommunication carriers and many other organizations
for point-to-point (analog or digital) transmission of voice and data as al-
ternatives to copper wire and coaxial cable [62]. Even today, such wireless
communication systems are widely used instead of fiber for some network
links [220]. Examples of such ‘well established telecommunication systems in-
clude bandwidth efficient point-to-point terrestrial microwave systems [244]
as well as various satellite communication systems {213].

Nevertheless, it has become evident that today’s wireless telecommuni-
cation thrust focuses on the mobile, portable and personal communications
market (see for example [241], [37], [38], [39], (971, [98], [99]). In contrast to



the fixed wireless telecommunication systems, mobile wireless communication
networks provide their users with the opportunity to travel without restric-
tions (within the service area) and simultaneously communicate by voice or
data with other users (which could also be mobile). Because of the mobility
of the users and their freedom from location restrictions, such systems are
referred to as Wireless Personal Communication Systems.

Early Wireless Personal Communication Systems include CB radios [24],
cordless telephones [24] and cellular telecommunication systems such as the
Advanced Mobile Phone System (AMPS) [10] all of which used analog trans-
mission technology. The main disadvantage of these analog telecommuni-
cation systems was that they had limited capacity and therefore could not
accommodate the increased number of users as well as demand for improved
services [24]. Perhaps the most urgent capacity problem the users are facing
today, is with the analog cellular systems [100]. This forced the scientific
society and industry to a large scale research. As a result, over the last four
years, various standards have been proposed for digital cellular radio com-
munications in Europe [88], [170], North America [55], [81] and Japan [81],
[197]. By employing digital modulation, these cellular systems offer increased
bandwidth efficiency and overall higher system capacity [65]. In addition,
they achieve better speech intelligibility for a given carrier-to-interference
ratio (C/I) as compared to the equivalent analog ones. The use of digital
technology provides the opportunity to apply powerful digital speech coding
techniques that further reduce the spectrum occupancy of voice users [81].
Using digital transmission formats, service providers will be able to offer to
their customers a great deal of new features such as data service and signal
encryption [81]. Also, it makes the integration between different systems,
networks and technologies much easier -a key factor for the implementation
of a successful (integrated and unified) WPDCS service [194]-[196]. Apart
from the cellular radio, other examples of widespread wireless personal com-
munication systems include the Cordless Telephone [82], the Mobile Satellite
(MSAT) system [134] and the Global positioning System (GPS) [121].

We close this very brief introduction by quoting Dr. A.J. Viterbi’ s opin-
ion: “it is almost certain that by the end of the century, almost all wireless
communication systems will be digital” [258). This is our belief also, and thus

we will be referring to all the WPCS as Wireless Personal Digitel Commu-
nication Systems. '



1.2 MAJOR IMPAIRMENTS OF THE
WPDCS CHANNEL

1.2.1 The Multipath Fading Environment

It is well known to all involved with mobile and portable radio communica-
tions, that one of the major disturbances encountered in these channels is
the presence of multipath fading (see for example [126], [214], [99], [102]).

Propagation in the mobile and portable environment takes place through
scattered and/or reflected waves. As a result, the mobile user receives a
number of signal replicas arriving through multiple, random propagation
paths which vary according to the user’s velocity. Due to the randomness
of these replicas, the received signal experiences severe envelope fluctuations
as well as randomly changing phase shifts [102]. Collectively, the above
phenomena create a diffused signal which is referred to as multipath fading.
Naturally, the channels in which these phenomena take place are known as
multipath fading channels.

Presently, the two forerunners of WPDCS, the cellular radio and mobile-
satellite communications service have been planned and operated in the
VHF/UHF (400/800 MHz.) bands. However, today there is strong con-
sideration to provide mobile-satellite communications service in the L band
(1.2/1.5 GHz). Also, the new and fast growing personal satellite communica-
tions field (either in the form of Low Earth Orbit (LEO) [171], [219], Highly
Elliptical Orbit (HEO) [54], [105], [221], [11] or Geostationary orbit (GEO)
satellite systems) might be serviced in S, C or Ka (17 GHz - 35 GHz) bands.
The Ka band might also be used for passenger communications in aeronau- ,
tical applications. In addition, active research is presently being carried out
considering the use of frequencies above 50 GHz to provide wireless intra-
building communications. Considering that the effect of multipath fading
becomes more destructive at higher frequencies makes us realize that mul-
tipath fading will remain as one of the major challenges in the design and
implementation of efficient and successful WPDCS.

Depending on whether or not there is a line-of-sight (LOS) direct path
between transmitter and the receiver, faded channels can have Rayleigh or



Rician characteristics [174]. For the Rayleigh [aded channel (in which a direct
path does not exist), the probability density function (pdf) of the faded signal
envelope r, follows the Rayleigh distribution, i.e.,

]
en se 3 forr 20
2 (r) ={ (1.1)

0 elsewherc

whereas its phase 8 is uniformly distributed in the {—=, ) interval, i.e.,

% for =r<0<~x
7(6) (1.2)

0 elsewhere.

On the other hand, in a Rician faded channel, in addition to the diffused
signal (Rayleigh fading), there is a direct LOS path. The vector sum of
the direct signal with the Rayleigh fading component results in a composite
signal with Riclan statistics. The pdf of the envelope of such a signal can be
mathematically expressed as [242):

feilr) = 1’ 1+ KP p[—-Kp —(1+ Kr) 2]Iq:. (2r\ Kr(l + KF))) ] (1.3)

where K denotes the power ratio between the direct and the diffused signal
component, and Jy(+) is the modified Bessel function of zero order [1j. The
phase statistics of the Rician fading channel are described by {204]

-Kr _ 2
Fohg) = & —+ ‘/K_Fms(a);"j(; Krsin )1y _ exte(y/Kp cos(@))] (1.4)

where erfc(.) denotes the complimentary error function [204]. For both
Rayleigh and Rician faded channels, the diffused signal component has a
two-sided bandwidth of 2Br = 2uf./c where f. is the carrier frequency, ¢
is the propagation velocity and v the velocity of the user. Depending upon
the values of v, as well as on the transmitted symbol rate 1/7, the fading
could be characterized as either fast or slow. Bp is also known as the fad-
ing bandwidth or maximum Doppler shift. The power spectral density of
the faded signal, depends upon the fading spectrum assumed. Examples of
several such spectra can be found in [174].
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Depending upon the values of the delay spread, ¢p, of the reflected waves,
as compared to the symbol duration T, the fading could be frequency selective
or frequency non-selective (which is also known as flat fading). Essentially,
the effect of the frequency selectiviiy is to create a fading chaunel with vari-
able time dispersion. For small values of 2 (typically < 0.1) it is probably
fair to state that fading is frequency non-selective. In practice, flat and fre-
quency selective fading co-exist in the mobile radio applications [216]. Which
of the two fading behaviours becomes predominant, depends on the channel
bandwidth, frequency band used and the velocity of the user.

1.2.2 Shadowing

Depending on the geographic area of operation, WPDCS systems, in addition
to multipath fading, might experience shadowing [138]. Such behaviour is
very common in areas with vegetation and/or other obstacles which can
absorb a considerable percentage of the signal power. A classic example is
the mobile satellite service in vegetated areas with a significant presence of
trees [139]. The dynamic behaviour of the shadowing (fade rate, average
inter/intra-fade durations etc.) depends strongly on the frequency used, the
velocity of the user and the nature of the geographic area.

Through the years, studies conducted [139], modeled the fading behaviour
of the signal envelope due to shadowing as a log-normal process, i.e.

1 _{n{R)—uo}?
2

fsa(R) = RILe

where dy and g, are the variance and mean of the normal distribution. The
pdf of the envelope fluctuation resulting from the combined effect of shad-
owing and Rayleigh or Rician fading is [136]-[139):

r o0 _{n(R)—ug)? _(r?4+R2 rR
20) = e J e Lﬁo—zlfo(-l:)dR. (1.6)

The pdf of the random phase fluctuation created by the combined shadowing-
multipath fading can be approximated as Gaussian [136]-[139], i.e.

Fn(6) = \/;r_ae- ' (1.7)
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where o and 7 represent the mean and the standard deviation respectively,
The effect of shadowing (as is also the case for multipath fading) already
a serious problem in UHF/VHF frequency banus, increases both in terms
of depth, slope of attenuation and rate of change (i.e. faster changes and
deeper fades) with the increase in signal frequency. This would definitely be
a serious threat to WPDCS systems operating in higher frequency bands as
i3 the case for personal satellite communication systems operating in Extra
High Frequencies (EHF) such as the Ka band.

1.2.3 The Co-channel Interference ( CCI) Environment

In mobile/cellular communication systems, frequency reuse is a core con-
cept which can drastically increase the spectrum efficiency. Frequency reuse
means that the same frequency is repeatedly used by different cells spanned
in different geographic locations as shown in Fig. 1.1 [128]. It can be seen
that a channel with carrier frequency f is being used in the central cell as
well as in the surrounding six cells located at the reuse distance D away from
the cell. The co-channels in the six cells would interfere with the central cell,

if the signal coverage area of each cell overlaps with that of the others. As a
consequence, CCI would occur.

Figure 1.1: ]]lusi:.ra.tion of the frequency reuse concept, and the resulting CCI
from the interfering cells.



In general, the carrier-to-interference {C/I) ratio is defined as [128]

K;
C/1= 3 (3ey (19)

k=1

where 7 (typically equal to 4 [128]) is the propagation path-loss determined
by the actual environment, I is the number of cochannel celis i the first
tier, R is the cell size determined by the coverage area of the signal strength in
each cell, Dy s the distance between the user and the k** interferer and C/lis
the receiver carrier-to-interference ratio at the desired mobile receiver. From
Fig. 1.1, it can be observed that as the separation distance D increases, the
CCI between cells decreases. In turn, the frequency channels are less often
reused, which results in a reduction of the spectral efficiency. A compromise
is thus required. A crucial factor to make this decision is the power efficiency
and resistance to interference that the wireless telecommunication systems
are designed to deal with.

1.3 POTENTIAL AND WEAKNESSES OF
THE NON-COHERENT TECHNIQUES

Coherent detection requires knowledge of the frequency and phase of the
received information signal. This information is generated at the receiver
site through processing which is applied on the received signal itself or on
separate signals transmitted specifically for this purpose (pilot signals). The
frequency/phase estimation is performed by units designed specifically for
this purpose, known as carrier recovery circuits. The quality of the fre-
quency/phase estimates produced by the carrier recovery circuits is crucial,
since it determines the bit error rate performance of the communication sys-
tem. In channels controlled by additive white Gaussian noise (AWGN) carrier
_recovery is able to provide high quality estimates, making coherent detection
the most power efficient technique. However, in environments controlled
by multipath fading, shadowing, phase noise, Doppler shifts or interference,
the well established and extensively used carrier recovery techniques fail to
produce highly reliable frequency and phase estimates. Even though the co-
herent receivers do not have any fundamental limitation, they fail to perform
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well wh:n they are used with low quality frequency and rhase estimates. As
a result, the communication system experienccs significant degradations and
suffersfrom high error floors [94], [86], (2], [238] (i.e. increasing the trans-
mitted power does not reduce the BER below a certain value). It is clear
that in order to operate efficiently with coherent detection under these im-
pairments, some new more sophisticated and possibly more complex carrier
recovery technology is needed. However, higher complexity usually results in
higher cost, weight and size which are negative factors in WPDCS applica-
tions. Another problem with the coherent detection is the long acquisition
time of the carrier recovery circuit [238], {12], [13], [70], [89]. This is a major
disadvantage when the transmitted information is sent in bursts (e.g. packet
data or voice activated digital speech), as fast acquisition is then needed to
maintain high transmission efficiency [226), {122].

The fact that the channels we encounter in WPDCS applications experi-
ence the severe disturbances mentioned above led a considerable segment of
the scientific society to consider and study non-coherent techniques for pos-
sible use in mobile and personal communications. The classical non-coherent
detection schemes, in the form of envelope, differential or discriminator de-
tection, are robust to fading [94]. Their acquisition times are shorted and
their error floors are lower compared to the coherent system. Also, due to the
fact that non-coherent schemes do not require carrier recovery, they achieve
better and faster synchronization while maintaining reduced complexity and
low irrplementation cost. At the same time, the length of preamble required
by non-coherent systems is shorter, which increases the system capacity.

Another advantage of the non-coherent detection schemes is their suit-
ability for use in spread spectrum communications. Due to their good time
acquisition and synchronization properties, the non-coherent detection tech-
niques are popular with direct sequence and frequency hoping spread spec-
trum systems [228]. These schemes have recently gained considerable popu-
larity [257], and they are strong candidates for future cellular radio systems
(127}, [79], [212] indcor wireless communications systems [110], [111] as well
as VSAT (192}, (193], {194] and MSAT [188] applications. It is expected
that spread spectrum techniques will be proven even more useful in the new
personal communications services.

Even though the classical and well known non-coherent detection schemes



appear very promising for the aforementioned applications, there is still
space for improvements in their performance. Because of the nature of the
non-coherent detection, they suffer more from Gaussian noise than coher-
ent schemes do. This behaviour becomes more pronounced in coded sys-
tems. In Chapter 4 we have presented cases where the coded differentially
detected system performs worse than the uncoded differentially detected sig-
nal of equal spectral efficiency. The performance losses increase when the
non-coherent (e.g. differential) receiver operates in the presence of colored
noise or time dispersion [262]-[263]. Such conditions can arise when there is
channel distortion {e.g. time dispersion) or in the presence of a narrowband
interference. Elimination or even partial reduction of such losses is very ben-
eficial, because this will directly translate to transceivers of reduced size and
cost. It should also be pointed out that low power efficiency will lead to low
capacity as well as expensive and large size systems, since it can lead to the
need for use of larger antennas and power supplies (e.g. batteries) to sustain
reliable operation of advanced WPDCS.

Over the last three decades or so, there has been a significant number
of publications including textbooks (see for example [7], [214]) and technical
papers (see for example (3], {33]-[34], [247], [116]-[120], [174]-[175], [180]-[181],
(184), [210)-[211], [222], [230}-[234], [262]-[264], [265], {268]) which dealt with
non-coherent detection. Based on the published literature, it is fair to state
that so far, the research efforts related to the non-coherent detection have
dealt almost exclusively with Phase Shift Keying (PSK) and Continuous
Phase Modulation (CPM) signals. In addition, the various receivers pro-
posed and analyzed, can be classified into differential (e.g. [222], [230]-[234),
[262]-[264]) and limiter/discriminator (e.g. [33]-[34], [247], [120]) structures.
However, it is well known that PSK and CPM signals are not the most
appropriate modulation schemes for bandwidth efficient applications, where
efficiencies of more than 2 bits-per-second-per-Hz (bps/Hz) are required (the
North-American standard for cellular radio ($-QPSK) provides an efficiency
of only 1.6 bps/Hz (48 Kbits/sec. in a 30 KHz channel bandwidth); also
the modem designed for the MSAT-X experiment has an efficiency of 0.95
bps/Hz [104]). Perhaps, the best known technique to achieve high spectral
efficiencies (and as a result increases the overall system capacity) is to employ
Quadrature Amplitude Modulation [214], [60]-[63].

As compared to equivalent PSK systems, QAM schemes offer signifi-
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cant power efficiency improvements. For example, for spectral efficiencies
of 4b/sec/Hz and at a bit error rate (BER) of 10-%, the performance of
16QAM is 5 dB better than an equivalent 16PSK system.

Considering today’s wireless telecommunications need for higher spectral
efficiency, QAM-type of signals could very well be the most appropriate so-
lution to the congested spectrum problem. Nevertheless, so far, in the open
technical literature, QAM-type of signals have not been considered in con-
junction with an efficient non-coherent detection scheme. Such an approach
1s very promising, since it will maintain both, the high bandwidth efficiency
and excellent performance of QAM schemes. At the same time it will provide
the advantages associzted with non-coherent detection which were mentioned
earlier. Unfortunately, lack of available technology to apply non-coherent de-
tection in QAM schemes could become a barrier preventing their use in these

vital WPDCS services. ‘

1.4 RESEARCH CONTRIBUTIONS OF
THIS THESIS

Stimulated by the suitability of the non-coherent detection techniques to
WPDCS and encouraged by the realization that there is still room for im-
provement, we directed our research efforts towards the development and
provision of improved non-coherent technology capable to operate reliably
and efficiently in the complex environment of the WPDCS channels. How-
ever, while in the past most of the work carried out treated the non-coherent
schemes independently and without linking them, we have decided to follow
another direction and examine the non-coherent detection in a unified fash-
ion. The research tasks performed and the results obtained in this thesis can
be summarized as follows.

1. The development of a unified non-coherent detection theory which pro-
vides the optimal’ non-coherent receiver structures both in the symbol-
by-symbol and sequence estimation sense. This theory is general enough

'The Maximum Likelihood Ratio Test (MLRT) is used through this work as criterion
of optimality.
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to accommodate the optimal non-coherent detection of linear (i.e. MPSK)
and non-linear (i.e. CPM) modulation schemes as well as to include
multi-amplitude/phase signals (QAM, Multi-Amplitude MSK (MA-
MSK)). The receivers have been developed for ideal and time dispersive
channels (material related to these contributions of the thesis has been
published in [148]-[155]). It is important to point out that in the past,
research on non-coherent detection has been performed rather on an
“ad-hoc” approach and no serious effort has been reported in estab-
lishing a unified non-coherent detection theory. Through our work, the
well-known and extensively analyzed conventional non-coherent detec-
tion techniques (e.g. 1 or 2-symbol differential detector and envelope
detector) become specific examples of our unified theory.

2. Keeping in mind the importance of practicality and low cost/complexity,
(whenever our work led us to complex, impractical structures) we ap-
plied reasonable approximations and simplifications which resulted in
improved non-coherent receivers with reasonable levels of complexity
and with performance close to the performance of the optimal config-
urations. Such schemes are the development of asymptotically opti-
mal sequence estimators [148] - [155], combined envelope and multiple
differential detection algorithms [145]-[148], [152] and simple symbol-
by-symbol receivers which are based on decision feedback [161]-[165].
These reduced complexity structures which are applicable to both linear
and non-linearly modulated signals resulted in significant performance
improvements as compared to the conventional receivers. In Gaussian
channels they provided gains higher than 9 dB . In faded channels the
improvements were higher than 11 dB; they also reduced the error floors
more than three orders of magnitude,

3. The development of a general framework for analytical evaluation of the
proposed non-coherent receivers in AWGN, time dispersive and faded
channels (published in [151]-[155]). The results have demonstrated that
some of the proposed receivers asymptotically achieve the performance
of the coherent receiver which has perfect carrier reference and oper-
ates in an ideal channel (best performance possible). In many cases,

?We define as ideal channel, a channel with flat amplltude and linear phase character-
istics, impaired only by additive white Gaussian noise,
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the non-coherent receivers practically reach (or come very close to) this
performance with very reasonable levels of complezity. As a result of
the performance analysis, we were able to identify the non-optimality of
the existing coding schemes (when used with the proposed non-coherent
technology). We also provided new distance metric expressions (equiv-
alent to the Euclidean distance, characterizing the performance of co-
herent systems) which can be used for the design of coding techniques
appropriate for these non-coherent appircations.

1.5 THESIS ORGANIZATION

Including this introductory chapter, this thesis consists of six chapters and
10 Appendixes.

In Chapter 2 an overview of the existing popular transmission and de-
tection, as well as coding techniques, is presented. For the transmission,
linear as well as continuous phase modulation signals are considered. For
the detection component, coherent and non-coherent (i.e. differential, dis-
criminator and envelope detection) are discussed. In the same chapter, an
overview of the trellis coding, its differences and advantages as compared to
the traditional coding schemes is also discussed.

Chapter 3 presents the generalized non-coherent detection theory and
sets the background for the material covered in the following two chapters.
It provides optimal non-coherent (symbol-by-symbol and sequence estima-
tion) receivers in ideal or time dispersive channels both for (single or multi-
amplitude/phase) linear and CPM signals.

Chapter 4 deals with linearly modulated signals. The objective of this
chapter is to provide feasible receiver structures and present the background
material for the analytical evaluation of the proposed schemes (in ideal, time
dispersive as well as faded channels). Structures of receivers such as Asymp-
totically Optimal Decoders (AOD), block decoders, combined squared en-
velope and multiple differential detectors as well as decision feedback non-
coherent symbol-by-symbol receivers are derived and presented. Uncoded
as well as trellis coded schemes are considered and evaluated. Distance ex-
pressions for the pairwise error events (equivalent to the Euclidean distance
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metric characterizing the performance of coherent systems) are provided.
Our analytical results have shown that the proposed receivers reach asymp-
totically the performance of the coherent receiver (with perfect carrier syn-
chronization, i.e. the best performance possible). In reality they reach these
levels of performance with relatively simple structures. Evaluations carried
out for various coded and uncoded schemes demonstrated improvements in
excess of 5.5 dB in Gaussian channels. In faded channels we have verified
improvements in excess of 7 dB and reduction in error floors close to one
order of magnitude.

Chapter 5 extends the work of the previous two chapters to CPM sig-
nals. Asymptotically optimal (symbol-by-symbol and sequence estimation)
receiver structures as well as practical low complexity symbol-by-symbol re-
ceivers and sequence estimators are derived and evaluated (both for Gaussian
as well as faded channels). Evaluation carried out for these receivers has ver-
ified improvements higher than 9 dB. Also it has demonstrated the capability
of these schemes to reduce the error floors experienced by the CPM signal
when operating in a fast faded environment. The results demonstrated re-
duction of error floors in excess of three orders of magnitude.

Chapter 6 summarizes the material covered in this thesis and provides
suggestions for further research related to this thesis topic.
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Chapter 2

REVIEW OF
TRANSMISSION,
DETECTION
AND CODING
TECHNIQUES

This cha.pter will present an overview of a few major transmission, detection
and coding techniques. More emphasis is put on the schemes which are
encountered in this thesis.

2.1 TRANSMISSION

In this thesis we encounter two different types of communication systems.
One is the class of linearly modulated signals. The other is the family of
Continuous Phase Modulation (CPM) signals. The main characteristic of a
CPM signal is the phase continuity it exhibits. This enables one to obtain
good spectral characteristics, even under constant envelope signaling. It
also provides some kind of encoding to the signal, which when appropriately
exploited, offers some improvements in bit error rate (BER) performance
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(202]. At the same time, the constant envelope nature of the CPM signal
makes possible the use of power efficient class-C non-linear amplifiers without
suffering from signal distortion or sidelobe regrowth problems due to non-
linear amplification.

2.1.1 Linear Modulation

Input

—i H
Data T®)

Carrier

Figure 2.1: Block diagram of the linear transmitter.

The model of the transmitter for a linear modulation scheme is presented in
Fig. 2.1. The input to the modulator is a data sequence. The data sequence
is passed through a premodulation low pass filter Hr(w), in order to obtain
the desired spectral shaping. The output of Hr(w) is a baseband signal. This
signal is transferred to high frequencies, by modulating a carrier signal. The
outcome of the modulation is the transmitted signal.

2.1.2 Continuous Phase Modulation

The block diagram of 2 CPM transmitter is shown in Fig. 2.2.. The data se-
quence enters the premodulation lowpass filter Hr(w). The purpose of Hr(w)
is to shape the data spectrum, in order to control the spectral occupancy of
the transmitted signal. At the same time, it affects the power efficiency.
Usually, spectrally efficient schemes have inferior power efficiency, and vice
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Figure 2.2: Block diagram of the CPM transmitter.

versa. Consequently power efficiency is traded for spectral efficiency. By reg-
- ulating Hr(w), different CPM schemes as Minimum Shift Keying (MSK) [69],
Duobinary MSK [12], Gaussian MSK (GMSK) [191], Tamed Frequency Mod-
ulation (TFM) [103], Generalized TFM (GTFM) [34], etc. can be obtained.
The baseband CPM signal modulates a carrier generated by a Voltage Con-
trolled Oscillator (VCO). The modulation index of the VCO is important
because it affects the performance in terms of spectral and power efficiency
of the entire system, and in some cases, even the complexity of Lhe receiver.

The block diagram of the CPM transmitter shown in Fig. 2.2 is more of
a conceptual one. For implementation purposes, CPM transmitters based
on look-up table techniques [33] and use of Digital Signal Processors are
more suitable because they offer reduced complexity, reduced cost, higher
reliability and flexibility. At the same time, the problems of frequency drifts
(experienced by VCOs which lead to the need of feedback control circuits to
control the carrier frequency) can be avoided. The disadvantage is that the
power spectrum of CPM signals, generated through look-up table techniques,
appears with elevated power levels at the sidelobes and a slightly reduced
mainlobe. This comes as consequence of the truncation which is applied on
the impulse response of the lowpass filter [34]. As a results, the level of the
adjacent channel interference increases and some distortion appears on the
signal. However, the spectral distortion is usually small enough, that does
not create serious degradation to the communication system and the adjacent
communication channels.
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2.2 DETECTION TECHNIQUES

The digital sigﬁals can be detected coherently or non-coherently. In this
section, the most popular detection techniques and their properties are re-
viewed,

2.2.1 Coherent Detection

. Band Post . . .
Received ! pass Dot [o{Dciion [Decided
gn ' Filter Filtqr ymbols
. A
eJlogt +y)

Carrier
Ml
Recov,

Figure 2.3: Block diagram of the coherent receiver.

The block diagram of a generic coherent detection system is presented in
Fig. 2.3. The coherent detector uses an estimate of the carrier as a reference
to demodulate the received signal. The carrier estimate is provided through
the carrier recovery (CR) unit where &, ¥ are the estimates of the (radian)
carrier frequency w.; and carrier phase ¥ respectively. After the signal has
been demodulated, it is passed through a post detection filter. After filtering,
it is appropriately sampled (usually at the symbol rate) and the samples are
fed to the Decision Unit to make the decision regarding the transmitted data.

The coherent detector is ideally suited for operation in additive Gaussian
noise controlled channels. However, in faded channels or in the presence
of severe phase noise, it is difficult to obtain and maintain a good phase
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estimate. The phase error coming from these disturbances generates high
error floors [70].

Coherent receivers experience long acquisition times, especially for nar-
rowband signals [238], [13], [14], [70], [89]. One of the methods for generating
the carrier estimate is from tones (generated by applying non-linear process-
ing to the received signal) which carry information regarding the carrier.
These tones are extracted by using narrowband filters or phase lock loops
(PLL) [74]. However, as the signal becomes narrower, the bandwidth of the
extraction filter (or the PLL) has to be reduced in order to lower the levels
of pattern noise passing through the filter (pattern noise increases with an
increase in the spectral efficiency of the system; this forces the need to reduce
the bandwidth of the extraction filter in order to maintain a good quality
estimate of the carrier). Reduction of the loop bandwidth increases the ac-
quisition time of the filter [74]. This becomes a serious problem when burst
transmission is used (e.g. packet data or voice activated digital speech), as

fast acquisition is then needed to achieve high transmission efficiency [226],
[122].

One way to relax the carrier recovery requirements and improve the Bit
Error Rate (BER) performance of the coherent receiver (experiencing adverse
phase variations) is to transmit a separate (pilot tone)} signal along with
the information bearing one. Several such schemes have been described in
the literature [178], [260], [272], [144], {43], [16], [41], [229]. Some of these.
techniques require additional bandwidth, (e.g. [178], [16}, [41]), while all of
them require more power than the conventional coherent detection.

2.2.2 Non-coherent Detection

In non-coherent detection, the phase coherence requirement is either relaxed
or completely removed. Popular non-coherent detection schemes are differ-
ential detection [214], discriminator detection [247) and envelope detection
[214]. A common characteristic of all these non-coherent detection schemes is
that they do not require recovery of the carrier phase. This relaxes the need
for complex carrier recovery circuits, and eliminates the problems associated
with the carrier recovery (i.e., high error floors, long acquisition times). A
brief description of the three aforementioned non-coherent detection tech-
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niques follows.

2.2.2.1 Differential Detection

When differential detection is used®, the information is encoded into the
phase change (i.e., the difference) between two successive symbols rather than
the absolute phases. At the receiver, the signal is demodulated by generating
the phase diflerence between the successive symbols, or by comparing the
phases between two (usually consecutive) received signal samples. The block
diagram of the two implementations (generating the phase difference and
comparing the phases) are presented in Fig. 2.4 (a), (b) respectively. The
signal delay element in the most conventional systems is equal to the symbol
period [214]. However, a number of differential receivers with delay elements
different than the symbol period have been proposed in the past [§], [230].
The choice of the size of the delay element depends on the modulation format
of the signal [230] or the channel behaviour [8]. Successful choice of the delay
element may provide improvements, compared to the one-symbol differential
detector.

By avoiding the carrier recovery, the differential detector has faster syn-
chronization, usually exhibits lower error floors in flat faded channels and
requires less hardware complexity than the coherent detector. Examples of
commercially available systems using differential detection can be found in
[17], [29], {23). Differential detection is a good candidate for use in optical
communications [223] as well as mobile and portable radio. Differential de-
tection has also a very good possibility to be used in the new North American
and Japanese standards of cellular digital radio (the modulation technique
is 7/4-QPSK [4, [65], [131], [132], [133], [108]). Also the National Aeronau-
tics and Space Administration (NASA) of U.S.A. has adopted differential
detection to be used in its Mobile-Satellite experiment (MSAT-X) project,
with the objective to transmit 4800 bits/sec. of digital speech over 5 KHz
channels [231], [230], [45], [234], [104].

! Differential detection is also often referred to as differentially coherent detection. Dif-
ferential detection should ot be confused with differentially encoded coherent detection.
The latter method is a coherent demodulation I:echmque where carrier recovery is manda-
tory, and the purpose of the differential encoding is only to avoid a phase ambiguity in
the recovered carrier.
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Figure 2.4: Block diagram of the differential receiver. Demodulation by: (a)
generating the phase difference through multiplication; (b) comparing the
phases between received signal samples.



2.2.2.2 Discriminator Detection
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Figure 2.5: Block diagram of the limiter-discriminator detector.

Another form of non-coherent detection is the limiter-discriminator detection
[247]. The block dizgram of the limiter-discriminator detector is presented in
Fig. 2.5. The receiver consists of a (predetection) bandpass filter followed by
a limiter-discriminator and a post detection filter. The bandpass filter limits
the noise levels, in order to reduce the appearance of “clicks” [208] from the
output of the limiter-discriminator. The actual demodulation is performed
by the limiter-discriminator circuit. The post detection filter applies the final
stage of spectral shaping on the information signal, and reduces the levels of
the quadratic noise [124] present at the output of the limiter discriminator.
Depending on the characteristics of the transmitted signal, and the perfor-
mance and complexity requirements, the post detection filter can either be an
Integrate Sample and Dump (ISD) circuit {273] or a lowpass filter. The out-
put of the filter is sampled and processed in order to recover the transmitted
information.

The discriminator detection is characterized by very low hardware com-
plexity and low error floors (lower than the error floors exhibited by differen-
tial detection). Also, its extensive use in the past for analog signal transmis-
sion in broadcasting [27], [101], [115], {123], [142], [177], [188], [198], [245),
[261] as well as in microwave [20], [62], [66],(67], [68], [80], [248] technology,
has made it a well known and well established technique in the communica-
tions industry.

Compared to a coherent and differential detector, the discriminator de-
tector is the least sensitive to random FM [126] and frequency offsets [95],
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[120], [217], [247], [265]. In flat faded channels it performs considerably bet-
ter than coherent and fairly better than differential detection. Its weak point
is the poor performance in co-channel interference environments [94], [26] (a
serious problem in cellular mobile radio). Also, it suffers performance losses
when delay distortion appears in the channel [18].

2.2.2.3 Envelope Detection

d ; .
Received E::s ! ()2 | jLowpass | | ()12 __Dcco(.img Decided
Signal ‘ Filter Unit Symbols
Filter
(a)

. Band Lo H .
Eﬂ wpass Decoding| pDecided
Signal Filt ilter nt | Symbols
ilter

(b)

Figure 2.6: Block diagram of the (a) envelope and (b) squared envelope
detector. '

The block diagrams of the envelope and squared envelope detectors are pre-
sented in Fig. 2.6. The envelope and squared envelope detectors decode the
information based on the envelope or squared envelope values of the received
signal [214]. In a single channel communication system, their performance
is identical [214]. They consist of a bandpass filter (which passes the infor-
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mation signal and reduces the noise levels), a squaring device followed by a
lowpass filter, a square rooting device (needed only for the envelope detector)
and the decoding unit. The task of the lowpass filter is to reject the high
frequency component from the squared signal and reduce the noise content
of the baseband signal before it is used to decide the data sequence.

The technique is simple in terms of implementation (low complexity). Be-
cause of its nature, it is relatively insensitive to phase noise, frequency shifts
(as for example Doppler shifts [126], [231]) and frequency offsets as compared
to coherent and differential detection. Also, it is the least sensitive to mul-
tipath fading (especially fast fading}, among all the techniques examined in
this section. This is clear if we consider that the major problem of fast fad-
ing, the error floors, is due to the phase fluctuations to which the envelope
detector is absolutely insensitive. In the past, squared envelope detection
has been used to develop infrared remote control systems. Also, in indoor
wireless applications [19], [76], {77] [78] and in optical communications (in
the form of direct detection {109j). ‘
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2.3 TRELLIS CODED MODULATION

In this section, a brief description of the trellis coded modulation (TCM)
is presented. The principles of TCM, as well as its main differences and
advantages over the classical coding schemes is given.

2.3.1 Conventional Coding versus Trellis Coding.

In the conventional communication systems, the functions of modulation and
error correction coding are treated separately. The encoders and decoders
provide error correction on a discrete channel. The encoder transforms a
word of k information bits into one of n bits (n > k), introducing a redun-
dancy of n — k bits (k/n rate code). The modulator converts the output of
the encoder to an analog waveform, treating all the bits as equiprobable and
independ.ont (not a correct assumption since encoding and redundancy have
been introduced). At the receiver, the demodulator performs the reverse
operation. It makes decisions regarding the transmitted sequence without
considering the coded nature, and provides a bit stream to the decoder. The
decoder’s task is to regenerate the redundant bits of the bit stream and check
them with the ones which have been received. If a discrepancy exists, the
decoder selects the message sequence which differs in the smallest number
of bits from the received ones. Since the decoder operates only on discrete
words and decides, based on the number of bits, that each possible trans-
mitted sequence differs from the received one, it is clear that the quality of
the code (i.e the performance improvements it offers) can be measured by
the Hamming distance d (the number of bit positions in which two valid

encoded sequences differ). The code can correct at least [-'-’-g-lg:-}-] codeword
errors, where d, is the minimum Hamming distance (also called “free Ham-
ming distance”) and [-] represents the largest integer number which is smaller
than or equal to {-}. Consequently, when designing a code to be used with
a receiver, applying decoding in the conventional sense, (i.e. using hard de-
cision detection prior to the decoding), our effort should be to maximize the

minimum Hamming distance for a given degree of complexity.

The insertion of redundant bits in the data stream reduces the information
rate of the system. To compensate this, we have two options. .
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1) Increase the transmission rate when power constraint is present.

2} Enlarge the signal set when bandwidth constraint is present (i.e. make
the signal constellation denser). '

Unfortunately, the corresponding decrease in noise immunity (created by
the denser signal constellation) overcomes most of the potential advantage
offered by the coding gain. A characteristic example reflecting this case, is
presented in [252], where a 2/3 convolutional code with constraint length
6 and d¥,. = 7 has actually almost the same performance with the simple

uncoded QPSK.

2.3.2 Why is Trellis Coding needed?

The factors limiting the performance of the coded system presented above is
the “hard decisions” detection strategy used with the received signal. This
jeopardizes useful information. The performance can be improved by apply-
ing soft decision decoding. In this case, a set of sufficient statistics (i.e. a set
of processed signal samples) is generated. Afterwards, the decoder searches
among all code sequences which have been produced by the cascade of en-
coder and modulator, for the ones with the minimum Euclidean distance
from the received signal [251], [252], [253], [73]. This decoding procedure (i.e
search over all possible coded sequences) can be performed using the Viterbi
algorithm [256],(71], [72],[227]. A brief description of its operation follows.

The decoder stores the path of the most likely state transitions leading
up to each possible state. Each path’s history is associated with a possible
symbol sequence and the corresponding metric represents the distance of the
coded sequence from the received signal information (being available up to
that point). With each new received symbol, all possible extensions of the
stored paths are considered. The algorithm chooses the best of the possible
paths (i.e the closest to the received signal information) towards each of
the states of the decoder, and discards the rest. Afterwards, the decoder
searches back through the path histories and makes the final decision (in
practice, the path histories are truncated to a finite length, with minor loss in
performance [71], [72]). Today, other families of algorithms such as the stack
and M-algorithms [227], [36], [106], [107], [186], [187] have also been used
with trellis coded systems. These algorithms trade performance efficiency in
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exchange for reduction in complexity.

As mentioned earlier, by applying soft decision decoding, the choice of the
transmitted sequence is done based on the minimization of the Euclidean dis-
tance. Consequently, when soft decision decoding is applied, our effort should
be to develop codes with as large Euclidean distance between the different
data sequences, as possible. More specifically, the design criterion in this
case should be to develop codes whose minimum distance between informa-
tion sequences is as large as possible for a given level of complexity. This
represents the milestone in the concept of trellis coding, and the designing
principle of good trellis codes (for additive white Gaussian noise channels
and systems using coherent detection).

The conclusion drawn from the discussion presented in the previous para-
graph is that when preservation of bandwidth efficiency is required, the de-
velopment of the codes should be done on the grounds of maximizing the free
Euclidean distance between codewords. Also, the redundancy necessary for

coding should be inserted in such a way, that does not generate bandwidth
expansion for the system.

The concept of “Euclidean distance” is closely connected to the assign-
ment of the signal points in the constellation, arranged by the modulator.
Consequently, since the “Key point” in the code design is the maximization
of the “free Euclidean distance”, we realize that in trellis coding, the coding
and modulation processes should not be treated as independent functions
any more, but in unison and as an entity. In the following section, we shall
present the basic principles of TCM and see how the assignment of points
from the signal constellation to the transmitted symbols (called set parti-
tioning) should be done in order to offer performance improvements.

Ungerboeck, in his pioneering work [251], has concluded that by doubling
the number of channel signals, most of the coding gain in terms of channel
capacity, can be achieved. Therefore, at the first stages, the effort on trellis
coding was concentrated on finding signal sets of size 2™*! for the trans-
mission of m bits per modulation interval. Later on, other works appeared
and demonstrated ways to develop combined coding and modulation schemes
which achieve high gains with low complexity [271].
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2.3.3 The principles of TCM

The approach followed to maximize the free Euclidean distance is based on
a mapping rule called “mapping by set partitioning”. The mapping follows
the successive partitioning of a channel signal set into subsets with increasing
minimum subset distances [A, < A; < A,,...] between the signal and the
subsets. After the selection of a suitable trellis state transition diagram,
one has to assign channel signals from the extended signal set to the state
transitions, in a way to achieve maximum free Euclidean distance.

The first TCM schemes were developed by Ungerboeck {251]. The de-
velopment was done in a heuristic manner, and certain rules were developed
to assign the channel signals from various subsets to the state transitions.
+ These are the following:

1) When paralle! transitions in the trellis diagram exist, they should be asso-
ciated with points in the constellation which have the maximum Euclidean
distance possible between them.

2) Transitions originating from or merging into the same state should be
associated with signals at the next subset level in the partition.

3) All available channel signals should occur with equal frequency and with
a fair amount of regularity.

In the years that followed Ungerboeck’s work as presented in [251), a
great deal of work was done on trellis coding. The concept of multidimen-
sional trellis coding [75], [271] was introduced and demonstrated. The multi-
dimensional trellis codes can perform better than 2-dimensional trellis coded
schemes, under the same level of complexity, Also, rotationally invariant
codes were developed through the years, to relax the carrier recovery re-
quirements [269)-[271] (trellis coded systems are vulnerable to phase errors
generated by inaccuracies in the carrier estimate [253]). Later on, in [46) it
was shown that the use of asymmetric signal constellations with trellis coded
schemes results in performance improvements.

Recently, another important research area in TCM is the development of
powerful trellis codes for fading environments. Simon and Divsalar in [233],
[234] presented distance expressions which characterize the performance of
the trellis coded schemes in fading environments. From their results, it was
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made clear that in fading channels, the most important factor influencing the
performance is the length of the error events. Taking this into consideration,
they proposed trellis codes suitable for fading channels [47}-[50] .

2.3.4 Performance of the Trellis Coded Schemes with
Non-Coherent Detection

In Section 2.3.3, it was mentioned that the design criterion for trellis codes
was the maximization of the “free” Euclidean distance. This metric is asso-
ciated with the Viterbi algorithm operating in an additive white Gaussian
noise environment. However, the optimality of the Viterbi decoder in the
maximum likelihood sense is limited to the case of coherent detection in
AWGN controlled environments. When coherent detection is not used or the
channel is controlled by other impairments such as fading, interference, etc.,
the Viterbi decoder does not represent the optimum solution for maximum
likelihood sequence estimation. In this case, other metrics provide the op-
timal solution (in this thesis, the optimal non-coherent sequence estimators
have been derived and will be provided in the following chapters (for the
non-coherent detection see [148]-[155] ; for the optimal sequence estimation
in fast/slow faded channels, see [166], [167]). At the same time, the per-
formance of the coded system is not characterized any more by the “free
Euclidean distance” since the statistical behaviour of the noise disturbance
is different from being Gaussian (through the research work presented in this
thesis, the new distance expressions which characterize the performance of
the non-coherent receivers have been identified and presented, see also [151)-
[155]). As a result both the trellis encoder as well as the decoder (which
are optimized for coherent detection systems operating in AWGN controlled
channels) do not represent optimal solutions for the non-coherent detection
case®. This results in considerable performance losses.

In order to give the reader an idea on how significant these losses can be,
we provide the following example. One of the trellis coded modulations which
is examined in the fourth chapter of this thesis is an 8PSK 4-state 2/3 rate

2Qur research results proved this claim; they also identified the distance expressions
which should be used in the design of optimal trellis codes for non-coherent detection
systems,
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trellis code. When coherently detected, this scheme is 1.15 dB superior as
compared to coherent uncoded QPSK. However, when differentially detected,
it becomes 0.8 dB worse than the uncoded differential QPSK. Differential
QPSK is approximately 2.3 dB inferior compared to coherent QPSK. This
gives a total of (1.5 + 2.3 + 0.8) = 4.6 dB degradation, its only source being
the use of differential detection. This amount of performance degradation
is serious for power limited applications as the mobile-satellite or personal
communications and dictates the need to design new codes which will be able
to perform well when they are used with non-coherent detection techniques.

The considerable losses suffered by the trellis coded schemes when non-
coherently detected and the need for high power efficiency were one of the
driving forces that led to the work which will be presented in the following
three chapters. The approach followe 1 resulted in the development of optimal
and asymptotically optimal receivers, able to recover the losses suffered by
the trellis coded schemes when used with non-coherent detection techniques.
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Chapter 3

GENERALIZED
NON-COHERENT
DETECTION
THEORY

3.1 INTRODUCTION

The objective of this chapter is to set the groundwork for the derivation of
practical, improved non-coherent receivers, which will be proposed in the
next two chapters. First, a generalized non-coherent detection theory will be
presented. The structures will be general enough to address linear and Con-
‘tinuous Phase Modulation signals in a unified way. It also extends the notion
of optimal non-coherent detection to multi-amplitude/phase signals and to
systems operating in time dispersive channels.Through the analysis, the op-
timal non-coherent sequence estimatots and symbol-by-symbol receivers will
be presented. In the forthcoming chapters we shall see how these general
structures can lead to reasonably complex non-coherent receivers capable of
offering considerable gains in performance.

The benefit from this work is twofold. First, the introduction of im-
proved non-coherent receivers to time dispersive channels makes the use of
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power efficient non-coherent schemes with WPDCS operating in time disper-
sive environments possible (examples are the cellular mobile radio, indoor
wireless communications etc., see publications [148], [151]-[155]). Also, the
introduction of non-coherent detection to spectrally efficient multi-amplitude
signals (i.e. Quadrature Amplitude Modulation (QAM) [214]) makes the de-
velopment of spectrally/power efficient schemes which are also robust to syn-
chronization errors possible (see publications [149], [150], [21]). Such schemes
can be used to provide the much needed higher spectral efficiency to appli-
cations operating in environments with potential synchronization problems
(e.g. mobile-satellite communications, cellular mobile radio etc.).

Some earlier works considering optimal non-coherent detection can be
found in [254], [202], [13], [14], [7]'. In [254], the optimal non-coherent detec-
tor for binary communications is given. In [202], the optimal non-coherent
symbol-by-symbol receiver for binary CPM signals is presented. In [13], [14],
[7], the non-coherent sequence estimator for CPM is provided. However,
in these works, there is no consideration of a time dispersive channel be-
haviour or use of multi-amplitude signals. They are also limited to CPM
signals. In the present chapter, the generalized optimal non-coherent detec-
tion framework does not only treat linear modulation systems as well, but
it also addresses the multi-amplitude phase signals and the time dispersive
channels.

The remainder of this chapter will be presented as follows. In Section
3.2, the general model of the communications system is presented and the
optimal maximum likelihood receivers both for sequence estimation as well
as symbol-by-symbol detection are provided. In Sections 3.3 and 3.4, the
results of 3.2 are applied to linear modulation and CPM systems respectively.
The highly complex filtering required by the optimal non-coherent CPM
receivers, has forced us to consider in section 3.5 an alternative approach for
the development of non-coherent receivers, based on signal decomposition
using Amplitude Modulated Pulses (AMP) [125]. Through this approach
we reach optimal non-coherent receivers for CPM signals, with considerably
lower filtering requirements. Section 3.6 concludes the present chapter.

'In {254], [13), [14], [7] the concept of the partially coherent detection is treated. Non-
coherent detection can be seen as a special case of the partially coherent receiver.
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3.2 THE OPTIMAL NON-COHERENT
MAXIMUM LIKELIHOOD RECEIVER

3.2.1 Model of the Communication System

ENCODING C(A) X, (€ (A))

- MODULATOR

UNIT

_ Figure 3.1: Block diagram of the transmitter.

The block diagram of the transmitter for the communication system under
consideration is presented in Fig. 3.1. Here we have attempted to provide
a generalization of the model, in order to be able to represent the various
types of signal formats which will be examined throughout this thesis.

In terms of functionality, the transmitter can be separated into two differ-
ent parts. The first is the encoding unit and the second one is the modulator.
The task of the encoding unit is to translate the information sequence

A =[a},..,d%_] (3.1)
into a sequence of symbols
C(A) = [cgyC1y ennn. y€z-1) (3.2)

where ¢ is of complex nature.

@} represents the p-bit word
a, = [a}ca ‘1%1 coeny B (3.3)

with o being binary (a} € {0,1},1 <! < p). The p-bit words a are in-
dependent, equiprobable and uncorrelated to each other. Each @ word can
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have one out of M, = 2° different combinations. The i** of these combina-
tions (0 < i £ M, — 1) is represented as

S = [.s';,s;...,s:,] (3.4)
(st€0,landi=3F, 2"“3:',,, 0 <i < M,) forming the set S.

The encoding unit might perform a set of different functions such as con-
volutional encoding and differential encoding. More descriptive information
will be provided in the following sections.

The modulator can be either of linear or FM-type (for the CPM schemes).

Its output is the signal z¢(C(A), ), expressed through the following equa-
tion:

2 (C(A), 1) = Rip(C(A), t)elWettorr(CANI+Y) (3.5)

where R, (C (.;11, t) is the envelope of the transmitted signal, w. is the carrier
frequency, ¢;,(C(A),1) is the phase of the information-carrying signal and %
is the initial phase of the modulator.

An alternative way of expressing x,,(C(A),?) is
2i(C(A),2) = 2r,5(C(A), t)e/ V) (3.6)
where
T, 8(C(A), 1) = R (C(A), 1)l Brr(CLAL) (3.7)

z,,8(C(A), 1) is the complex baseband representation of the transmitted sig-
nal and depends on the signal format used (i.e., PSK, QAM, CPM, etc.).

Since non-coherent detection is considered, % is unknown to the receiver,
and will be treated as a random variable. In our analysis, we model 3 as
uniformly distributed in the (0, 27) interval. Its probability density function
p(%) is equal to

7: forl1<¢ <2r
p(¢) = { (3.8)

0 elsewhere.

This distribution generates the highest uncertainty for the system [214].
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3.2.2 Derivation of the Optimal Non-Coherent Re-
ceiver

We assume that our channel is corrupted by additive white Gaussian :ioise
(AWGN) with a one-sided power spectral density of N,. The signal z.(t) at
the input of the receiver can be expressed as:

zr(t) = 2(C(A), he(t), t) + nu(t) = Ry(2)eieH+00) (3.9)
where n,(t) is the additive white Gaussian noise component and
z(C(A), he(1),t) = 24, (C(A), 1) @ he(t) (3.10)

represents the transmitted signal, after it has passed through the channel.
h(t) is the impulse response of the channel and ® defines the convolution
operation. R.(t), 8(t) are the envelope and phase of z,(t).

Alternatively, £(C(A), kc(t),t) can be expressed as

2(C(A), he(t),2) = z8(C(A), he,p(t), t)e?=*¥) (3.11)
with
z8(C(A), hep(t),t) = z4r,5(C(A), 1) @ ke ,(t) (3.12)
and |
has(t) = he(t)e et (3.13)

being the baseband equivalents of the signal z(C(A), t) and channel response
h.(t) respectively.

The conditional probability density function (pdf}) of z.(t) conditioned
on zg(C(A), he,5(t),t) and 1, is given by?

f(xr(t)/zB(C‘(;l)i hc.B(t)at)ﬂnb)) =

2The integral f::’ |z (2) = z8(C(A), he,B(t), t)eiet+¥)|2dt gives the squared Euclidean
distance between the received signal 2. (t) and the z5(C(A), h.,p(t),1).
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K. exp{—(g—fl-v—o / :" l2+(£) = 28(C(A), hes(t), /9 21} =
Keexp{~(55 [ lon(0Pd} exp{~(zx [ 128(C(A), hesl®) )P0}

eXP{'I:r—(_/t:U(:cr(t)m:g(C'(ﬂ),hC'B(t),t)e-:‘(uczwo |
2 ()z5(C(A), hep(2), t)e =t T¥)dt))

(3.14)

where K. is a constant and ¢, ty represent the limits of the time interval
where the transmitted signal appears. Their value: depend on the spreading
of the signal zg(C(A), h.5(t),t) in the time domain.

f(z(t)/z8(C(A), hep(t),t)) can be calculated from Eq.(3.14) through
integration, i.e.,

f(zr(t)/zB(C'(A.)v hc,B(t)'r t)) =

/ozﬂ' f(xr(t)/xﬂ(é(ﬁ), he,B(t), 1), ¥)p(W)dy =

= [ e O/25(C(A), hoslD), 1,9 -
Combining Eq.(3.14), Eq.(3.15), f(z-(t)|za(C(A), he,a(t),t)) becomes:

f(ze(t)/2B(C(A), he,p(7),1)) =

Keoxp{ (g ([} lan(nPdr)}exp (o[ loa(C(A) hest) 7)Fdr)
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| [e? (z,(t)e~ 3Nz p(C(A), he,p(1), t)di]
Io( N )
(3.16)

where Jo(z) represents the modified Bessel function of zero order®. In Eq. (3.16)
the following identity has been used.

L(2)e)) = -2-1; jo ” exp{ee™ ¥ + "'V }dyp (3.17)

with e representing a complex number.

3.2.2.1 Sequence Estimation

The maximum likelihood sequence estimator should choose as a 1.0st likely
sequence, the one which maximizes the f(z.(t)/z5(C(A), hcp(1),t)). Since
the term (fi¥ |z, (t)[?dt) is independent from the transmitted sequence G(A),
it can be removed from the decoding process. Considering this, we end up

with the following expression (to be maximized):

Rge(mr(t)vxﬂ(é(j)’ hcoB(t)a t)) =
exp{—(zn;(fi¥ l28(C(A), hep(T), 7) Pdr)}
tyr zp(r)e=2wer)z* (G A), ¢, 5(7),m)dr
Io(lfq' () No( {Ahhe,p(7)7)d i)' (318)

Rye(z,(2), z8(C(A), ke, p(t), 1)) is the metric of the optimal non-coherent se-
quence estimator (expressed in general form).

3.2.2.2 Symbol-by-Symbol Detection

Let us assume that we want to decide the information word a%. As it was
mentioned earlier, the bit combination of @}, generates one of the M, different
elements, members of 5. The optimal symbol-by-symbol receiver is the one
that decides according to the following maximization process :

1<1<M,

G=5 = mac" { L fle()/es(C(A),hca(t)t))} (3.19)
ClAyecg (k) -

3Fo; the definition of the Bessel function(s) please refer to [1, p.376].
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In Eq.(3.19) we take the average over ail the C(A) that can result from
ai = S regardless of adjacent words. = stands for “which gives”. ::’;'(k)
represents the set having as members all codewords C(A) which are-éen-
erated by an information sequence A having @} = 5. S is one of the bit
combinations, the information word @, can take. Every set Qg’(k) has a total
of (Mp22-%) members. EE represents decision of a;. Considering again the

independence of (¥ |z-(t})?dt) from C(A), the decision law expressed in Eq.
(3.19) can be restated as follows :

=

- = <I<M, -
P=Si= Moz { % Neelar(0),28(C(A), ho(t), 1)) (3.20)
ClAec k)

In the following sections, the decoding approaches formulated in Eqs. (3.18),
(3.20) will be applied to linear modulation systems.
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3.3 LINEAR MODULATIONS

xg(CA).) xe{C(A))

a2 JcoNv. 1B f oy 19 D.E. [2K ! Hrie)
ENC.

eilogt +y)

Figure 3.2: Transmitter of a linearly modulated signal.

The model of the transmitter for the case of a linear modulation is presented
in Fig. 3.2. Its encoding unit might contain a convolutional encoder (CONV.
ENC.), a signal mapper (S. M.) and a differential encoder (D. E.). Input
to the convolutional encoder is the sequence A, (see Eq. (4.100)), while its
output is the encoded sequence

B=[b,...,b0%_] (3.21)
with b] being the ¢-bit word
B = [b},8,....,b]] (3.22)

b; are binary (b; € {0,1}, 1 < v < ¢). The rate of the code equals p/g. For
uncoded systems, p = q and af = &}.

The sequence B enters in the signal mapper, where it is transformed to
the sequence of symbols

G(}i) = [go,gla ----- :92-1] (323)
gx has the form:

gk = Jpe'** (3.24)
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where 7y, ¢ are the amplitude and phase of g, respectively.

When PSK formats are considered, Jix = 1. Also, for the PSK systems
analyzed in this thesis, we shall consider that ¢, are equally spaced phases
on the unit circle, in which case, the possible values ¢, can have are given
by the following equation:

2in

=— (i 2 M~ 2
be=3r (€{0,1,2,....M-1}) (3.25)

where M represents the number of points in the PSK constellation (MPSK),
M =29

We include in our model the option to apply differential encoding. By

differential encoding, the sequence of g, symbols is transformed into the
sequence

C'(A) = [COaCh”'aCZ—-I] (326)

which is the output of the differential encoder. The differential encoding
process applied is described by the following equation:

& = | gk|eidrs{9k}emr9{<=k-:}
= Jpel$r®0k)
= Jiel® (3.27)

where 6 is the phase of c;. @ represents addition in the mod(27) sense.

Arg{-} stands for argument of {-}. From Eq.(3.27) it can be seen that when
differential encoding is applied,

O, = DO, (3.28)
whereas when differential encoding is absent
0, = Pr. (3.29)

At this point, it is convenient to define the parameter A®,(k), it being equal
to: ‘

A@;(k) = Arg[ckc;_,] = ATg[Jka_lej(o"ea“"‘)] = 0,, o 0;,._1 ’ (330)
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where © represents mod (27) subtraction unless otherwise indicated.

From Eqgs.(3.27), (3.29) we have that in the presence of differential en-
coding,

CkChoy = kak_,ei(ﬁel(k)} = Jka_Iei('ﬁh@m-:@-----(Bf#k-:ﬂ) (3.31)
with the result

AB(k) = ¢r © dr-1 B ... D Prtta - (3.32)

When differential encoding is absent
AB(k) = ¢k © it - (3.33)

The sequence of symbols ¢; is fed to the premodulation filter Hr(w),
whose impulse response is hr(t). Its output corresponds to z.5(C(A),t)
and is equal to:

Z-1
z5(C(A), 1) = 3 crhr(t — kT). (3.34)
k=0
Ter,B( gﬁ), ) modulates the carrier e/“t*¥}, The transmitted signal
£ (C(A),t) in this case is equal to:
_ s
2e(C(A),2) = (3 crhp(t — kT))edlettd), (3.35)
k=0

2,(C(A),1), after passing through the channel becomes:

2(C(A),t) = 2 (C(A), 1) @ he(t) = Zz_j ckhp(t = kT))e/ W) (3.36)
k=0
with
he(t) = hr(t) ® he,s(t) (3.37)

representing the overall baseband impulse response of the transmitter and
the channel.
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3.3.1 Optimal Non-Coherent Sequence Estimation of
Linear Modulations

In Eq. (3.18), the two terms which determine the metric quantity

Rgc(xr(t): mB(C(A): hC.B(t)! t) are the:

/t * \es(C(A), hes(t), 7)Pdr (3.38)

L

and

| jl:”(mr(t)e‘i(wctl)mfa(é(ﬁ),h.:,g(t),t)dt|. (3.39)

Using Eqs. (3.11), (3.36),/%%, |z8(C(A), k. 5(t), 7){*dr becomes:

o _ oo &-1 Z2-1

/_ l2s(C(A), hes(t), r)Pdr = [ ( kz cehi(T — kT))(?_j & hy(r — IT)))dr
L =% k=0 =0

Z-12-1 "

= ¥ Y aq j _ hg(r = KT)hig(r — T)dr

k=0 =0 -
Z=12-1

= Z 2 ckc;hk_.;‘
k=0 [=0
Z2-12-1

Z~1
= 2 E[hkc;(c,'_k) + h;c;c;_k] + hy Z |ck|2.
k=1 i=k k=0

(3.40)

In Eq. (3.40) the limits of integration {t, ty} are set to {—o0, oo}, in order to
accommodate the case of band-limited signals,where A7(t) extends from —oo
to co (and subsequently kz(t) does the same), spreading the z g(C(A),¢)
in the same interval. h(t) is the impulse of the cascaded Hr(w), H, g(w) and
a filter matched to the combination of Hr(w), H, p(w). k() is equal to:

h(t) = hg(t) @ hi(—t) = /_ ': he(r)hy(r - t)dr (3.41)

and hy = h{kT).
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By processing Eq.(3.39), we obtain:

S (e a3 (G A), hea(t), e

Z-1

= ): ¢ f (@ (r)e N hy(r — kT)dr = 3 (yac]) (3.42)
k=0 - k=0
where
w0 = [~ (@) Nhiz(r ~ t)ar (3.43)

and y = y(kT). y(t) can be derived by demodulating z,() (the process
described by the (z,{t)e7“!)) and afterwards passing it through a post
detection filter Hp{w) matched to Hg(w). Notice that for the demodulation
process, a carrier replica which is locked only in frequency with the signal
carrier is required (phase lock between the signal carrier and the the local
estimate is not needed).

Hpg(w) is the frequency response of hz(t). In this case,
Hp(w) = Hg(w) and hp(t) = hp(-t) (3.44)
where hp(t) is the impulse response of Hp(w).

[ncorporation of Egs. (3.40), (3.42) in Eq.(3.18), gives the following ex-
pression for R, (z,(t), zg(C(A), kg s(t),1):

Ree(zr(t), z8(C(A), he,8(t),)) = REYD (ho, k, 7, C(A)) =
exp{—( 7 (T i Ckcthk-:}fo(JEf;,\’}:’"‘;u) =
exp{~(gz (ho TEo lexl? + 2575 TI5 eucy b} I el
exp{—(7 (M ST (ho, O(A)) + IST(h, C(A) o Zepell)  (3.45)
with

§= [yOa Yiyeens yZ-l]a (346)

h= [hh h21'"1h2—1]’ (347)
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o h Z-1 N
MST(ho,C(A)) = (X lexl") (3.48)
= k=0
and
Z2=-12-1

IST )— Z 2 Re{c;c, Lhk} (3.19)
=1 I=k
Eq.(3.45) is the decoding metric for linear modulation signals (the LMD
superscript of R5MP(kg, k, 7, C(A)) stands for Linear (modulation), Muiti-
amplitude (constellation), Distorted (chanrel)). In Eq.(3.45), IST(h, C(A))
accounts for the presence of the ISI while MST(ho,C(A)) for the multi-
amplitude nature of the signal constellation. As we can see, the metric
REMD (o, k, 7, C(A)) of the optimal sequence estimator requires knowledge
of the impulse response h(t). To acquire this information, a channel estimator
is needed. Notice that the receiver has to know only the sampled baseband
complex impulse response of the channel.

The block d:agram of the receiver based on R§¥ P (hy, , 7, C(A)) is shown
in Fig. 3.3. New is the number of C(A) codewords which can be generated
by all possible combinations of the information sequence A. In Fig. 3.4, the
block diagram of the i** Processing Unit (PU) is presented. Function of the

processmg unit is to calculate the value of the R5YP(ho, (R, 7, C(A%)).
The ¢} stands for the value, the symbol c; has when A' is transmitted. It
is to be noted here that the PU computes both, the exponential and modi-
fied Bessel function terms of the metric and needs the knowledge of N, (i.e.,
E,/N,). Development of a decoder implementing complex functions such as
exponential and Bessel is unattractive for practical applications (especially
when real time implementations are considered) where there is strong de-
mand for low cost and high reliability. In the chapters to follow the general
metric expression described by Eq.(3.45) will be used to develop improved
non-coherent receivers with lower complexity. It should be mentioned thal
the non-coherent detection techniques which are covered in this dissertation
can be used to develop relatively simple baseband channel inipulse response
estimators. The estimators do not require knowledge of the carrier phase in
order to perform the channel estimation process. These units can be eas-
ily made adaptive in order to be able to track possible time variations of
the channel impulse response (e.g. when the system operates in a frequency
selective fading channel).
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L1 N,
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Figure 3.4: :** Processing Unit of the optimal non-coherent sequence esti-
mator for single or multi-amplitude linear modulation systems operating in
a time dispersive channel.
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3.3.2 Non-Coherent Sequence Estimation of QAM Sig-
nals

Eq.(3.45) provides the metric of the optimal non-coherent sequence estimator
for a linear modulation signal with single or multi-amplitude/phase constel-
lation, traveling through an ideal or a time dispersive channel. Using it, the
design of non-coherent multi-amplitude linear modulation schemes such as
non-coherent QAM [149] or multi-amplitude PSK [21] and the development
of improved non-coherent receivers for operation in time dispersive channels
[151], [152] becomes possible.

When Hg(w) has the spectral shaping of a square root Nyquist-I filter,
the following identity holds [214]:

1 fork=0
hie = {0 for & # 0. (3.50)

Under this assumption, Eq. (3.45) becomes:

Z-1 o1 .
RE¥ (o, 5, C(A)) = exp{—-é%’-(z lex [2) Ho | Zi=o ykckl)

° k=0 N,
(3.51)
or equivalently
S T 1 - - Z:I =
RE¥ (ho, 7, C(A)) = exp{—zN MST(ky, C(A))}Io(—l Zk_;\} ykck|)
(3.52)

(LMI stands for Linear (modulations), Multi-amplitude (constellation), Ideal
(channel)).

We realize that under Nyquist filtering, the product terms between dif-
ferent symbols ¢, and ¢, present in Eq.(3.45), disappear, leaving only the
squared values of the symbols (i.e. |e;]?). The structure of the receiver based
on R§¥/(ho, h, §,C(A)) is identical to the one presented in Figs. 3.3, 3.4, with
the only difference being that in the PU (see Fig. 3.4), the IST(k,C(A))

unit is not needed any more.
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3.3.3 Non-Coherent Sequence Estimation of PSK
Signals

For PSK signals, the amplitude of the symbols ¢ is the same for all possible
values c; can take. Consequently, the amplitudes of the ¢, symbols do not
convey any information about the transmitted sequence C(A). This allows
to simplify Eq.(3.45) furthermore. In Eq.(3.45), all the (|ck|?) terms (0 <
k < Z —1) can be eliminated from the argument of the exponential terms
as common, and independent from the sequence C{A). This reduces the
decoding metric to the following expression:

1 Z=12~1
Ro#" (k,§,C(A)) = exp{—-( 2N (2 X (adihe + Ga-rhi)}
o k=1 I=k
'—a YrCh

N,

When the first Nyquist criterion [214] is also satisfied, the decoding metric
is further simplified (through Eq.(3.50)) and it reduces to the maximization
of the modified Bessel function term:

NESK (5,7, O(A) = | ez et (3.54)

As a remirder, the decoder based on Eq.(3.54) is optimal only for PSK signals

in an idezl channel and with equal apportioning of the Nyquist filter between
transmitter-receiver.

3.3.4 Optimal Non-Coherent Symbol-by-Symbol De-
tection of Linear Modulations

From Eqs.(3.20) , (3.45) we have the following expression as decision law of

the optimal non-coherent symbol-by-symbol receiver for linearly modulated
signals:

= 1i<M,

& =35 = maz {Filhehr 7 5} (3.55)
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where

‘Fk(hﬂafl:g’s‘i) = Z
C(A)ecs (k)

Z-12-1
'—o Vi€
expl—gprho 3 lolt + 3 3l ohs + i) Mo LEER 2L
k=0 k=1 I=k 0
(3.56)
Under equally apportioned Nyquist filtering Eq.(3.55) becomes
&=85 = e S exp{- ( Z lex|*)}
ClA)ecs k) =
(lzk_—j%y"_%l)}_ (3.57)

For PSK signals (where |ci| is constant) Eq. (3.55) can be further simplified
leading to

=p & 1<IEM, 1 2=12-t
Qg = S; = maz Z PXP{-2N z Z[clcl—khk +q C!-—khk l])}
cm)eg_g-‘(k, ° k=1 i=k
¢
(lzk}‘\’,oy" iy, (3.58)

For equally apportioned Nyquist filtering, and operation in ideal channel,
where h; =0 V i # 0 (see Eq. (3.50)) Eq. (3.58) can be further simplified,
leading to the following decision law :

- <M,
F=b =S v plZEudl Zk}?r Becklyy
S(Arec (k) e

(3.59)
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A conceptual block diagram of the receiver is presented in Fig. 3.5. In this
figure, the boxes indicated as Proc. Unit {i,1} (1 1 < M,2(2-3) represent
the set of processing units required to calculate Fi(k, 7, 5;) as is indicated by
Eq.(3.56) (for a conceptual diagram presenting the structure of a processing
unit, please refer to Fig. 3.4). Improved structures of practical receivers based
on the metrics described by Eqs. (3.53), (3.54), (3.55), (3.58), and (3.59) will
be presented in Chapter 4.
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3.4 CONTINUOUS PHASE MODULATION

FM (E' (;)-f)

=l SM1—> H(@)

L (C (A))

Figure 3.6: Block diagram of the CPM transmitter.

The conceptual block diagram of the CPM transmitter is presented in Fig. 3.6.
As in the linear modulations, the information sequence A enters the encoder,
producing the coded sequence B (see Eq. (3.21)). B consists of the g-bit
coded words by = [b}, 52, ...,b]]. From the ¢ different bits 4 (1 < i < q)
which form by, the ﬁrst II1 (1 < II; < q) enter the upper sxgnal mapper
(SMl) and they are mapped to a multi-amplitude symbol ¢, = +izm=r where
1 < i < 2W-1, The rest (II;(= q—1II;)) of them enter in the lower part. (SM2)
and they are mapped to a positive valued symbol .A;. The number of possi-
ble values Ay can have is 29", For single amplitude CPM signals, always

A = 1.

The outputs of the signal mapper c; act as input to the premodulation
filier Hr(w). Its output $(C(A),t) is equal to

Z=1

s(C(A)t) = S cuhe(t — kT). (3.60)

k=0
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We assume that the impulse response of Hr(w) is practically zero outside
the (0, LT) interval, and can be truncated, i.e.,

hr(t) =0 for t<0 and ¢>LT. (3.61)

s(C(A),t) goes through an FM modulator (FM MOD). Its output zrp(C(A), )
equals:

IFM(C'(A), t) = mpM_B(C'(ﬁ),t)ej(“’“*"’) (3.62)
with
zrm,B(C(A),1) = ef@rCA, (3.63)
$e-(C(A), 1) is the information carrying phase, being equal to:
N Z2-1 mazx{0,t~kT}
e (C(ANY) = 21my, 3 & jﬂ ho(r)dr (3.64)
k=0

with m, representing the modulation index of the FM modulator.

zrm(C(A),t) is multiplied* with the signal A(t), producing the transmit-
ted signal

zer(C(A), 1) = 4y p(C(A), t)eiluct+i) (3.65)
with
zr,8(C(A), 1) = A(t)e/lr(ClAN), (366)
A(t) is defined as follows:
Z-1
A(t) =Y Awp(t — £T) (3.67)
k=0

with

1 for0<tLT
p(t) = { (3.68)

0 elsewhere.

“In practice, such multiplication is not needed. The output of the SM2 can simply
control the levels of the power amplifier or switch between two different power amplifiers
in order to generate the multi-level nature of the signal.
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¢ (C(A), 1) can be written as :

o f£1-1
¢-(C(A),t) = kz: ckﬂf’r] -I-ch-?-l et [T]T) (3.69)
=0
where [z] represents the largest integer, smaller than or equal to x. Also,
&T
& _
98 = 2rm, fE  ha(r)r. (3.70)

&1, &2 are integers with & < &,.
orma [T bo(1Vdr for 0<t<T
wil?) ={ whir 7(7) == (3.71)

0 elsewhere.

Through Eqgs. (3.69) to (3.71), ¢:(C(A),1) can be expressed as follows:

8e(C(A),1) = (BT ™ (CAN) + Bt B, (CA))  (3.72)

with
L TRl Lns gy T
ﬁl(f’or (C(A))) = Z Ck"oT (3.73)
k=0
—l. 1 - L-1 ¢
Ba(t, F’[,ﬂ L.|..1(A)) = g C[%]_;‘Pl(t - [TlT) (3.74)
and
BE(C(A)) = legs et veers - (3.75)

(1, (2 are integers, with0 < (; < (, £ Z - 1.

Egs. (3.72) to (3.74) indicate that ¢,.(C(A),t) consists of two terms. The
first (i.e., Bi(GhT'(C(A)))) does not change within the ([£]T, ([£] + 1)T)
interval. The second one (f,(t ,pF?}_ (€ 7(A))) changes with the time. This
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partitioning of the phase is useful in the analysis which will follow and will
lead to the formulation of the new receivers.

_The signal x,,(C(A),1), passing through the channel, is transformed into
z(C(A), he(t),t). In this case z(C(A), ho(t), ) is equal to

m(é(ﬁ)a hc(t): t) = 3:,(@(1&), t) ® hc(t) = 373(6'(./1), hc,B(t), t)ej(u¢t+ﬂ
(3.76)

with 25(C(A), he,B(t), t) representing the baseband equivalent of z(C(A),
h(t),t). For CPM signals z5(C(A), ke p(t),t) equals:

mg(é(ﬁ),hc'g(t),t) = 3!:-,8(6_'(’&)"") ® hC’.B(t) =

Z=1 -t imite T (U

= X e eI g e Ty ) @ hp(e)) =
k=0
Z2-1 - . _

= Y et (@5~ (LA A(e# k1 CAMp 1)) g ke p(t — kT)). (3.77)
k=0

z(C(A), hc(t),t) is corrupted by the white Gaussian noise term ny(t). The
outcome z.(t) is the input to the receiver. The optimal maximum like-
lihood sequence estimator can be derived from Eq. (3.18). The optimal
symbol-by-symbol receiver can be described from Eq.(3.20). For the CPM
signals, the two key quantities associated with Eqs.(3.18), (3.20) (described
by Eqs. (3.38), (3.39)) become:

+00 -
7 s A) heple), m)Pdr =

+o0 Z-1 . . . - -
= [_ _ |(Z e-:ﬁ:(p§ HCA)N) Ak(e-’ﬁ‘(‘-"z-m(é(“‘”)p(t)) ® hep(t — kT))|2dt

k=0

Z-1 Z-1 k ) A
=3 Whol? + 30 Yo(e itk AN g,
k=0 k=1 i=1

+eJ'Alﬁl (koﬁz_g_j‘,{. 1 (C(AN J]: ‘)

(3.78)
with

. +oco . -
Jot = [ (A CONp(1)) @ bt — KT
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| (Aol CMp(1)) @ bt — (k ~ Tt

(3.79)
and
Abr(k, 9114 (C(A))) = ("‘“(C( ) — ﬂ,("‘"'-( (4)))
= ;Ck-yﬂo-l- Lz:lck_., b (3.80)

In Eq.(3.80), ! represents a non-negative integer smaller than & (0 < | <
k — 1). At this point, we consider two cases:

1. when the channel is distortionless ( kcg(t) = 6(t)%, with §(t) represent-
ing the delta function) and

2. when L =1 (i.e., hr(2) is non-zero only in the (0, T) interval).

In the first case,

{,Ak(ejﬁz("‘-’:-b-u(C(A)))p(t)) ® ke p(t — kT)} = Akejﬂ?('-l‘_’:-:.-!-x(c(’m)p(t - kT).

(3.81)
Use of Eq. (3.81) in Eq. (3.79), gives:
_ A forl=0
Jui = {0 for 1 > 0. (3.82)
This results to
+
j lzs(C(A), 6(t), t)|2dt = 2(A,, (3.83)

k=0

5The h,,5(t) = 6(t) (implying flat amplitude and phase characteristics over the entire
bandwidth), guarantees distortionless conditions for CPM signals whose bandwidth theo-
retically extends from —oco to 0o. However, in practice, the spectral occupation of CPM
signals extend over a finite length bandwidth, and distortionless conditions held only over
this bandwidth are enough to guarantee practically undistorted signals.
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and for single amplitude CPM signals (A, = 1)
+oo ~
| les(C(A),5(4),0)Pdt = Z. (3.84)
In the second case (where L = 1)8,

400 .
Jy = ./;m (Ak(e.?ﬁn(t.c*)p(t)) ® hc.B(t _ kT))dt

f_ :(Ak(e"'"’““’p(t)) ®hep(t— (k= OT))dt.  (3.85)

The term expressed in Eq. (3.39), for the CPM format becomes:

| 005423 OO, hen(e), et
Z2-1

= I z e"ﬁ‘ (5:-1(6‘(&)))1’.'&(31'“), Pk—L-{-l(C(A)))I
k=0

(3.86)

where

Fi(z.(t), gf_11(C(A))) = .
I (@ () Iuet) (A (eI PR-Ln CNp 1)) @ b g(t — KT))dt (3.87)

3.4.1 Optimal Non-Coherent Sequence Estimation

Based on Eqs.(3.18), (3.78), (3.86), the optimal maximum likelihood se-
quence estimator should choose the sequence C(A) which maximizes the

Roe(2:(t), 28(C(A), he,p(t), 1)) = NGEMP(C(A), FGEV(C(A)), he,p(2), 1)) =

1 Z-1 k
exp{_L(z Wil + 37 3 (emiil kit Cam g,
k=0 k=1 i=1

PO = ol
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HAABUEAN J= 1)y

| 250 Fr(@o(®), B 141 (C(A))) (€305 CLOMy)
Io( " )
(3.88)
where
[m.ﬂ:](c—'(‘&)) [Fm(wr(t)aﬁt—m.l( (A))) (I,.(t) Pk—L-}-l( (ﬁ)))]
(3.89)

(m, 72 are integers with ;y < n2) CPMD stands for Continuous Phase
(modulation), Multi-amplitude (signal), Distorted (channel)). Equivalently,
Eq.(3.88) can be expressed as:

RGEMD(C/(A), FEPM(G(A)), hep(t), 1)) =
exp{-j—\l,z(mMcm(C(A), he(t),t) + ISTopa(C(A), hea(t), 1))

R LCION: A ) Gl

No
(3.90)
- o 142 |
MSTcpm(C(A), he (), t) = 2 : 2 | k0 (3.91)
and
L z-1 k _ .
ISTCPM(C(A), hc'g(t), t) = Z Z Re{e'JAhGl(k-"k-l(c(“{)))Jk’l}
k=1 =1

(3.92)
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For the case of a distortionless channel, the metric becomes:

Z2-1
NEEMP(CUA), FGPy, S 1)) = expl—gi( S AD)
0 k=0

[ Zf;cll Fk(zr(t)v F—,ﬁ_gﬂ(C'(A)))(e-iﬁz(53"(C(A))))|
Io( e )

(3.93)

For the derivation of Eq.(3.93), Eqs.(3.82), Eq.(3.88) have been used.
When distortionless channel conditions are met and the signal is single-
amplitude, the argument of the exponential term is independent from the
transmitted information sequence (and equal to Z, see Eq.(3.86)). This per-
mits its elimination from the maximization process, leaving only the modified
Bessel function term

|25 Frlr(t), g (CLAD) e LMY

Io( A

(3.94)

3.4.2 Optimal Non-Coherent Symbol-by-Symbol De-
tection of CPM Signals

Using Eq. (3.20) with Eq. (3.93), we end up with the following expression
as decision law for the optimal symbol-by-symbol receiver :

1<I<M,

L 1 2-1
a, =85; = maz { Z exp{“m—(z |Jk,ﬂ|2
e(ecs k) ° k=0

Z-1 k

+ Y0 Y (eI O g, ibbr(kieh (CUAD g2 4y
k=t I=1

I | SE20 Fel,(t), B_ 141 (C(A))) (e~ (@ HCAM)

T Y ()



For ideal channel the decision law becomes:

= & <M 1 2=} ‘
& =5 = mar > exp{—5( 2 Weol"))
cdrecd (k) "0 k=0
| S8 Frlze(), 614 (C(A)))(e-#iE™ CAD))
Io( NG )

(3.96)

For single-amplitude signals it is furthermore simplified (using Eq. (3.78)),
becoming:

-5 = 1<€i<M,
ah=S8 = maz { 3.
ClA)ecd!v)

;o(|zf;m(m,(t),¢z_,-,+1§vf( ) RGN

(3.97)

In Chapter 5, the decision laws presented here will be used for the deriva-
tion of lower complexity receiver structures.

3.4.2.1 Implementation of the Optimal Non-Coherent Receiver
for CPM Signals

In order to carry out the maximization process described by Eq.(3.93) or
(3.95), the quantities Fi(z,(t),pf_;.1(C(A))), (0 < k € Z —1) have to
be provided to the sequence estimator or symbol-by-symbol receiver, for
all possible combinations of the sequence C(A). For the calculation of the
Fe(z,(t), §f_41(C(A))) parameters, first z.(t) has to be demodulated to
baseband (the operation being described by the (z,(t)e7<!). Afterwards, the
baseband signal has to pass through a bank of ¥ different correlate/integrate
units. The function of the i** (from a total of %) correlator, is

Ui (6,3F) = (P 30)p(1)) @ ke, 5(2) (3.98)
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with 1 <i < pl and

¥ = [ 2 (3.99)

7 (1 € v < L) are numbers which take values from the same alphabet as
the one used for ¢;. The nf‘. different arrays 4%, provide a complete set of all
possible combinations 4}, v}, .., 7} can generate.

The k** output (0 < & < Z — 1) of the it correlate/integrate unit equals:

Bl (k,3o(0), Uinr(635)) = [ (5 ()00, (¢ — KT, 5E)at

= j: " (@ (t)em i) (IO Np(1)) @ by p(t — KT)dt. (3.100)

Due to the complex nature of (z,(t)e~#<*) and the functions UZ,_(t, ),
four (4) multiplications, two (2) additions and two (2) integrations are re-
quired to be performed in each single correlate/integrate unit (for every in-
stant kT) in order to provide the Bl (k,z.(t), Ui, (¢, 35)). Consequently,
the number of operations required in total are 47% multiplications, 2L ad-
ditions/subtractions and 2nZ integrations.

Instead of the correlator/integrator implementation presented in the pre-
vious paragraphs, a “filter-bank” implementation can be followed. The filter

replacing the i** correlator/integrator should have an impulse response equal
to

Rj—y(t,35) = (PN p( 1)) @ hep(—t). (3.101)

A total of l filters are required by the filter bank. It can be verified that
the output of the i* filter at kT is equal to:

Bjy(k, a0 As(639) = [ (o (t)ef bl (T 1,3)a

[ (@(tyeiteet)(ei0aNp(4)) @ b p(t — KT)dk.

00
= =

(3.102)
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Equivalently, E}_,(k, z.(t), h}_,(t,7F)) can be expressed as:

E}_y(k, z.(t), b _y(t,5F))

[ Re{(en(t)e™0)}Re{t (T — t,5F) )t
+ [T (e ) m i (KT - ¢,3)}d]
+ 3l Re{(an(t)e ) Hm {hi_y(KT — t,3F)}at

= [ Im{(an )0 Re b (AT — 6,3l

(3.103)
where Re{-} and Im{-} represent real and imaginary terms of {-}.
From Eq. {3.98), (3.101), it is clear that
Ej_y(kyze(2), by y(t,3)) = Bop (ks 2+ (8), Uscr (8, 5F))- (3.104)

Due to the complex nature of (z,(t)e~t)), k%_,(t,5F) four (4) different
filters and filtering processes are required to provide the (complex) output
B} _y(k,z.(t), hs-s(t,3F)). This can clearly be seen from Eq. (3.103). The
total number of filters required by the “filter-bank” is equal to 47Z.

Both approaches described above are complex, especially for spectrally
efficient CPM schemes and/or transmission through dispersive channels with
long memory. The main source of complexity is the larger number of filters
(or correlators/integrators) required to satisfy the filtering requirements. In
the following section, we shall see how non-coherent CPM receivers with
lower filtering requirements can be reached.
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3.5 NON-COHERENT CPM RECEIVERS
WITH REDUCED POST DETECTION
FILTERING REQUIREMENTS

In the previous section, the optimal non-coherent detection of CPM signals
was examined. The results revealed structures requiring the use of a flter
bank at the post detection filtering stage. The size of the filter bank depends
on the length of the premodulation filter impulse response hr(t), the channel
impulse response k. 5(t) and the size of the alphabet from which the symbols
¢ take values. For M-ary and/or spectrally efficient CPM signals (where
the impulse response of the premodulation filter Hr{w) expands over more
than one symbol periods) the size of the filter bank becomes large, making
the use of the examined receivers in practical applications impossible. In
the following paragraphs we shall see how the filtering requirements can be
relieved which may lead to more practical schemes.

In the past, a number of contributions appeared in the literature {see
(6], [87], [90], [125], [205], [218]). The CPM signals are expressed as the
sum of a finite number of time limited Amplitude Modulation Pulses (AMP
decomposition). These contributions demonstrated that even though for an
exact representation of the CPM waveform, a large number of such amplitude
modulation pulses might be required, in reality, for 2 number of popular CPM
signals, a small number of them (i.e. one or two of them) is enough to give
an accurate representation of the CPM signal.

Using the AMP decomposition, the CPM (baseband) signal can be ex-
pressed as:

Z-1 ol4ly—1

2 8(C(A)) =Y A Y. of¥PRAMP( kT (3.105)

k=0 n=0

where hAMP(t) are the AMP pulses mentioned above and aMP are unit
a.mphtude (|a'4MP | = 1) complex terms providing the phases wnth which
the various 22MP(t) appear in order to construct the CPM waveform. The
RAMP (1) pulses are of time limited nature, the longest having a duration
equa.l to (L + 1)T, the shortest a duration equal to T. As can be seen by
Eq.(3.105), the total number of AAMP(t) pulses required to provide an exact
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reconstruction of the CPM waveform is equal to 2L+Ihi-1 ( we remind the
reader that L is the length of the symbol periods over which hr(t) extends
and 2 is the number of values the M-ary ¢, symbol can take; for binary
CPM U, = 1). However, i 5(C(A),t) can be very accurately approximated
by a small number of terms (i.e (M + 1) of them, where A is integer and
0 < NV < (2Lt _ 1)), This leads to the following approximation of
x!r.B(C("a)st):

Z-1 N
5 (C(A)t) = 3 A Y oAMPRAMP(¢ _ kT). (3.106)

k=0 n=0

In Eq.(3.76) the expression of the transmitted CPM signal zy, 5(C(A), t)
(after it has passed through the channel) is given. The outcome of the time
dispersion (if present) is the signal z(C(A), h.(t),t). Using the approximation
described by Eq.(3.106), z(C(A), hc(t),t) can be approximated by the :

2 (C(A), he(t),t) =zZ"(C(A),t) @ h(t) = zPP(C(A), he (1), t)eiet+9)

(3.107)
with
- - Z-1 N
zg (C(A) hep(t),t) = 3 A Y oMPRAMP: _kT)  (3.108)
k=0 n=0
and |
hEat () = hAMP(2) @ he5(2). (3.109)

In order to define the structure of the non-coherent receiver which will be
based on the approximate expression of the CPM signal formats, the
{23 1687 (C(A), hep(t), 7)Pdr ), {J22 (@ (t)e~i<4) (2P (C(A), he,p(t), 1)) dt}
are required. The expressions for these two terms are:

+00 - Z-1 N N
| 187 (C(A), hus(t), )P = LA 3 50 anli (en kY RET .1 (0)
. = n=0ng=
Zlzt ¥y MP/ AMP MP
+ Z Z 'AlA:_k E Z [aﬁhl (a:“ﬂvl_k -%r[ﬂ'l l“?](k)
k=1 l=k n1=0nq=0
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ek (et ) (R g (0)'] (3.110)

E.[ny ng)

with

B (F) = RENE() © (RENP (= KTY) = [~ WP (r) (AP (¢ — T — 7)) dr

(3.111)

and

Z-1 N
Y A D (i)

k_.o n=0

[ @ e ) bealt)

+co .
j ("""'(t)e_""“)(h‘é"",fp(t —kT)dt = E Ay 2 yAMP AMP
- k=0 n=0
(3.112)
VAMP = YAMP (kT) where

YAME(R) = [ (anlr)e ) BEUP(r b)) (3.113)

VAMP (1) is the output of a post detection filter matched to A3¥P(t), having
the demodulated signal (z.(t)e™7“<*} as input.

3.5.1 Maximum Likelihood Sequence Estimation

The metric of the optimal non-coherent sequence estimator has been given
in Eq (3.18). By replacing {[*2 |25(C(A), he,p(t), 7)|*d7} and

{f (a:,.(t)e"“’“)(mg(C(A), cg( )»t))"dt} in Eq.(3.18) with the terms

{ |a: (C(A)! c.B(t)v )|2d1-} (Eq (3'110)) and

(= (mr(t)e"""“)(a:“”” (C(A), he,p(7),1))"dt} (Eq.(3.112)) respectively, we end
up w1th the following form:

ggﬁp(#?%]’ -E:?é:{]! %g .[l 0] AMP, -{lMPv . ’jffMpié(A)) =
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NN

1 Z-1 .
p{—5 (A 3 3 afMP(adMPYRANP (1)
¢ k=0 ny=0nq,=0
Z2-12-1 N N
303 AAL Y Y [opMP(apME, )
k=1 =k ni=0ny=0
RE sl (k) + M E, (adMPy(RAMP - (k))]1}
| DS Ar S VAYP(abP)
o( A )
(3.114)
where
Rt = [REFL(0), REYL(D), ..., REME(Z — 1)) (3.115)
(¢,1 are integers, 0 <,/ < N) and
VAP = (VP VAMP,.. yamE (3-116)

(i integer, 0 < i S N).

For many (especially binary) CPM signals, it has been shown (i8], {87,
[90], [125], [205]) that practically only one pulse, the REMP (1) of duration
((L + 1)T) is enough to very accurately describe the CPM signal. Setting
N =0in Eq.(3.114) we get:

_ _ _ - 1 Z-1
RS Em, (REL P, C(A) = exp{—gm-(3 (A REEE0)
© k=0

Z2-12Z-1

+ k};l I_Ek Ardr- o (g L)y REGG () + ofME (g Py (RAWE (K))1])

| ZES3 AP (a8 P)|

Io( i,

). (3.117)
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(in Eq.(3.117) the |ag¥*| = 1 has been used). Comparing Eq. (3.45) with
Eq.(3.117) we see the similarities between the non-coherent sequence estima-
tion of a CPM signal approximated through the AMP decomposition and
of a linear modulation signal. Considerable simplifications in complexity
have been achieved, since the entire filter bank (requiring the use of 2L+ =1
individual filters) has been replaced by a single filter (the h2MP(2)).

3.5.2 Symbol-by-Symbol Detection

The decision law of the optimal non-coherent symbol-by-symbol receiver
has been given in Eq.(3.19). Using the expressions provided in Eqs.(3.110),
(3.112) with Eq.(3.19), we end up with the following expression:

- 1<IEM,
az =85 = mar Z 8‘;:,’,‘3(3?“‘[6'31, gtA[c:\.J\J’]’ E{‘If{f;l"“’
ClA)ecgt (k)
[JV'.N]! AMP l“‘MPa see vj‘)j‘fMps é(ﬁ))}
(3.118)
or equivalently
-1
— — 1<i<M,
=8 = maz { ) eXP{“.-,N [Z A)* Z Z
clhecd ) ThE0 mSim=o

Z2-12-1
A YR (0) + 3 3 Adics 3 5 P (alE)

k=1 I=k ny=0nqz=0

RE fuumal (k) + cnpl D0l t”) (RE ) (6)711}

Z-1 AMP AMP -
Io(lzk-o Ak Zn-})v ( ) |)}. (3119)
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For A/ = 0 (i.e. only one pulse is used to represent the CPM signal)

5 _ & 151<M, 1 2 a2 amp, . amPye
iy = 8§ == maz z exP{—2N [Z(-Ak) ok (g
C(Arectx) ° k=0
MP =« AMP( AMP\essAMP
3?‘55':,[0,0](0) + ;Z ;e A A ilegy (agak )*&g.[o.u](k)
=1 =

| 2850 At (aght ™)

+aBE (AP (RAME () T ol o

)}. (3.120)

3.6 Conclusions

This Chapter presented the fundamentals of a generalized theory regarding
non-coherent detection. Both sequence estimation and symbol-by-symbol de-
tection were addressed. The theory is general enough to include the cases of
ideal as well as time dispersive channels and single or multi-amplitude/phase
signals. For the CPM signals, an alternative approach has also been pursued,
aimed at the development of improved non-coherent receivers (for CPM sig-
nals) with reduced filtering requirements. The presented theoretical frame
work is used in the following two chapters towards the development of prac-
tical and improved structures of non-coherent receivers.
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Chapter 4

NON-COHERENT
RECEIVERS FOR
LINEAR MODULATIONS

4.1 INTRODUCTION

In Chapter 3, a generalized non-coherent detection theory was presented
and the structures of the optimal sequence estimator and symbol-by-symbol
receiver for linear modulations and CPM signals was given. Although the
material presented in Chapter 3 has provided some new information on the
subject of the non-coherent detection, it is of limited use for the design of
practical communication systems. The presented metrics consist of products
between exponential and modified Bessel functions. Also, as it was men-
tioned in subsections 3.3.2, 3.3.4 (see Figs. 3.3, 3.5) the receivers need to
know the channel impulse response and the operating E,/N, point. This
requires use of channel estimators, signal power and noise power estimators.
A receiver which implements such complex mathematical functions and in-
cludes channel estimation, signal power and noise power estimation units
is difficult and costly. In many applications, cost, complexity and size are
limiting factors. For these applications it would have been useful if reduced
complexity structures were proposed. The main objective of the present (4%
and following (5'%) chapters is to cover this area for linear modulation and
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CPM signals respectively. Starting with the material of Chapter 3 we will
reach reduced complexity structures which can be implemented with today’s
technology.

The rest of this chapter will be presented as follows. In section 4.2 asymp-
totically optimal decoders for low/high values of the Ey/N, and operation in
time dispersive channels with multi-amplitude/phase signals are presented.
In section 4.3 the special case of ideal channel with equal Nyquist filter ap-
portioning is examined. The outcome gives simpler structures compared to
those proposed for the dispersive channel case. This gives us the initiative to
examine and describe in subsection 4.3.3 how these simplified receivers can be
modified in order to be used in the dispersive channel. In section 4.4 an alter-
native structure of the non-coherent receiver is presented. It provides a better
insight regarding the nature and the operation of the non-coherent receiver.
The structure processes simultaneously the outputs of a squared envelope and
more than one (multiple) differential detector [145]-[148], [151]-[156]. Passi-
ble scenarios for implementation of the receiver either in IF or in baseband
form are also discussed. It is shown how the improved non-coherent struc-
tures can be built by using the simple and cost-effective squared envelope
and one-symbol differential detector as building blocks and acquire the rest
of the needed information by properly processing the outputs of these two
units. As a result, the proposed receivers inherit the advantages of the classi-
cal non-coherent detectors (simplicity, cost effectiveness, fast synchronization
etc.) while at the same time provide significant performance improvements.

Sections 4.5 to 4.8 deal with the evaluation of the proposed sequence
estimators by analytical means (and in some cases by Monte Carlo simu-
lations). Upper bound expressions of the pairwise error event probabilities
are presented. These expressions are used in the union bound [227] [256)
[214] to provide upper bounds of the system’s performance. The evalua-
tions have been conducted for ideal, time dispersive and faded channels and
have been performed for coded/uncoded, PSK and QAM signals. The anal-
ysis and the results have demonstrated that the proposed receivers are capable
of (asymptoticelly) reaching the performance of the coherent receiver with
perfect carrier synchronization, operating in ideal channel (best performance
possible). Some of the proposed structures are capable to achieve these per-
formance levels with reasonable levels of complexity. The evaluations estab-
lish the superiority of the new structures as compared to the conventiona]
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(and widely used) differential receiver. Our performance results have shown
improvements in ezcess of 5 dB in Gaussian channels. In faded channels
the evaluations have shown improvements higher than 7 dB and reduction
of error floors close to one order of magnitude. Through the performance
analysis we have identified the distance expressions which characterize the
performance of the proposed receivers (equivalent to the Euclidean distance
we meet in coherent systems). These distance metrics can be used to design
improved coded schemes, for the non-coherent receivers under consideration.

In section 4.9 ways to design reduced complexity sequence estimators
operating on long data sequences are presented. These reduced complexity
structures are evaluated by analytical means and computer simulations.

Section 4.10 deals with asymptotically optimal symbol-by-symbol (S-B-
S) receivers. The receivers are evaluated by analytical means. Section 4.11
introduces reduced complexity S-B-S receivers based on multiple differential

detection and the use of signal combining techniques controlled by decision
feedback.

Before closing this introductory section, we would like to mention that the
notion of detecting PSK signals by using multiple received signal observables
is not new [237]. P. E. K. Chow, P. H. Ho [30] and later on Samejima et. al.
[225] and Masamura et. al. [172] applied this notion (on BPSK, QPSK and
MSK respectively) in the form of an error correction scheme processing hard
decisions provided by the outputs of more than one differential detector,
called “Non-Redundant Error Correction” (NEC). Today, additional work
reported in [173], {266] has proven the technique advantageous for use in
time dispersive and interference controlled environments.

Our work has been published in various journals and conferences as early
as 1986 [146], (145], [147], [148]. In 1989 we also proposed the use of multiple
differential detection to Quadrature Amplitude Modulations [149] and Multi-
Amplitude MSK (MA-MSK) signals {150]. As a summary we would say that
compared to the Non-Redundant Error Correction technique reported in the
past, the present work has the following fundamental differences and contri-
butions: i) the multiple differential detection has been developed and used in
a soft decision decoding form, ii) its link to the optimal non-coherent detec-
tion has been discovered iii} it has been shown that (combined with envelope
detection) its use can be extended to multi-amplitude/phase signals and/or
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time dispersive environments and iv) we have set the analytical framework
for the evaluation of the proposed soft decision multiple differential receivers.
Also, while the Non-Redundant Error Correction schemes have been applied
only on uncoded signals, our work has made the extension of multiple differ-
ential detection to trellis coded signals possible. Our evaluation results have
shown that with trellis coded signals, the improvements offered by the mul-
tiple differential detection are considerably higher from the gains achieved
when the improved non-coherent receivers are used with uncoded signals.

Recently, other authors came with similar receiver structures verifying
our results published in earlier years [52], [53]. In terms of content, their
work has limitations compared to the analysis presented in this thesis. Their
approach does not allow consideration of dispersive channel, neither does
it allow the possibility of applying multiple differential detection to multi-
amplitude/phase signals. These limitations extend into both the receiver
design and the performance evaluation, where we have been able to address
time dispersion, use of the non-coherent receivers with multi-amplitude phase
signal constellations and operation in channels corrupted by colored noise.
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4.2 ASYMPTOTICALLY OPTIMAL
SEQUENCE ESTIMATION IN TIME
DISPERSIVE CHANNELS

The objective of the work to be covered in this section is to provide lower
complexity non-coherent sequence estimators for linear modulation systems
operating in a time dispersive channel. In the following paragraph, two
approximations of the optimal non-coherent decoder! will be provided, one
for low E;/N, and the other for high E,/N, values,

4.2.1 Low E,/N,

The exponential and modified Bessel functions can be expressed through the
following time series expansion [236]:

- ¥ 2° =z
e =].+:L‘+¢—2!—+3—!+“-=’=0~I—! (4.1)
2 o 28 . 00 I'Zl' .
L(z)=1+ 57 + 3242 + 274762 +...= E(:J_??*(i!)’ (4.2)

Using these formulas with Eq.(3.53), truncating all the terms where i- ap-
pear with power higher than two and eliminating all the terms which are
independent from the considered sequence C(A), we end up with the follow-

ing metric expression (to be maximized):

(MST(ho, C‘(f'{)) + [ST(?!., C’(fi)))2
+
2N,
| o velen)]?
4N, '

- !In the text, the reader will encounter the term (non-coherent) decoder. It is used with
the meaning *(non-cohetent) sequence estimator”, unless otherwise indicated.

+ (4.3)
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(LAO stands for Low (E,/N,), Asymptotically Optimal (decoder)). For the
definition of M ST (ho, C(A)), IST(k,C(A)), please refer to Eqs.(3.48), (3.49)
in the third Chapter.

For PSK signals, Eq.(4.3) becomes:

IST*(h, C(A))
2N,

RE6 (R, §,C(A)) = -IST(h,C(A)) +

| Ei20 vx(cn)

TN,

(4.4)

As E;/N, becomes smaller (ie. N, » 00 = % — 0), the strength of

the two squared terms present in the metric becomes weaker. This leaves the
—[MST(ho,C(A)) + IST(k,C(A))] term to dominate the decision (a term
totally independent from the received signal samples y;). This results in a
decision law independent from the received signal. Regardless of what the
received signal is, the decoder will always decode the sequence(s) which hap-
pens to provide the minimum value for (M ST(ho, C(A)) + IST(R,C(A))).
From the discussion presented above, we come to the following conclusion:
For the non-coherent sequence estimation at low Ey/N, in time dispersive
channels and/or with multi-amplitude/phase signals, the decision is domi-
nated by the ISI components and the symbols of lower energy content. As the
%: — 0, the decision becomes gradually more and more independent from the
received signal.
To the best of our knowledge such a behaviour of the non-coherent receiver
is being identified for the first time in the literature. This represents a key
difference as compared to the coherent detection where the received signal is
always present in the detection process, regardless of the operating Ey/N,,
the characteristics of the channel and the signal constellation.’

4.2.2 High E,/N,

For high E,/N,, a considerable simplification of the decoding metric can be
achieved by utilizing the following approximation of the modified Bessel func-
tion (1]:
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I(l=]) =~ el for |z]> 6.8 (1.5)

21|z

In Appendix A it has been shown that use of the above approximation in the
metric described by Eq.(3.53) leads to the following expression:

Z-12-1

N?Iﬁ{g(ho'ﬁ} fhc—'(-;i)) = ho(kz: |¢':k|2 ‘|‘ 12; ; Re{h;ckck ,})
=0 =1 k=
+| E yxek] (4.6)
k=0
or equivalently _
REUG (ho, b, §,C(A)) = —(MST(ho,C(A)) + IST(k, C(A)))
Z-1
+ 3 yxci] (4.7)
k=0

(HAO stands for High (Eu/N,), Asymptotically Optimal (decoder)). For
PSK signals the metric is simplified to:

Nf;i’é 7,C(A)) = _(2 2 Re{hickei_;}) + | Z ykckl

=1 k=l k=0

(4.8)
or equivalently

Z-1
ﬁiﬁ(hvya C(A) = —IST(h,C(A)) + I Z ykel:l .

k=0

(4.9)

The structure of the receiver based on 545 (ho, h, 7, C(A)) is presented
in Fig. 4.1 and the block diagram of the processing unit implementing
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RiME (ho, k5, C(A)) in Fig. 4.2. The first observation is that in this case,
the exponential and Bessel functions have disappeared, along with the need
to provide scaling according to the operating Ey/N,. These eliminations
represent considerable reduction in complexity. However, at the receiver,
knowledge of the channel impulse response is required, consequently a chan-
nel estimator has to be incorporated into its structure. Due to the asymp-
totically optimal nature of the decoder (sequence estimator) described by
REME (ho, b, 3, C(A)), we shall be referring to this structure from now on as
Asymptotically Optimal Decoder (AOD).
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Figure 4.2: i* Processing Unit of the asymptotically optimal non-coherent
sequence estimator operating in a time dispersive environment.
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4.3 SEQUENCE ESTIMATION IN IDEAL
CHANNEL WITH EQUALLY NYQUIST
FILTER APPORTIONED SYSTEMS

4.3.1 Multi-Amplitude/Phase Signals

When a Multi-amplitude/phase signal is used, the metric of the asymp-
totically optimal decoder can be readily derived from Eq.(4.5) by setting
IST(h,C(A)) = 0. The metric expression is:
o o zZ-1
RE45(ko, 5, C(A)) = —MST(ho, C(A)) + | 3_ wucil (4.10)

k=0

(LMI stands for Linear (modulation) Multi-amplitude (signal) Ideal (chan-
nel)) or equivalently

s - 1 Z-1 Z-1 .
R40(ho, 5 C(A)) = —sha( X lenl) + 12 wrek| - (4.11)
k=0 k=0

4.3.2 Phase Shift Keying Signals

The metric of the optimal non-coherent sequence estimator corresponding
to a PSK signal has been presented in Eq.(3.54). The metric depends on
a zero order modified Bessel function only. Considering the monotonically
increasing nature of the modified Bessel function, we can carry on the max-
imization of its argument rather than the Bessel function itself. This leads
to the following metric:

Z-1
Ric(7,C(A)) = | 3 cil- (4.12)

k=0
Rrc(F, C(A)) is valid for any value of the E,/N, we are operating at.

As we observe, the sequence estimator processes the received signal sam-
ples as a block entity. We shall be calling this sequence estimator as Block
Decoder (BD). The block diagram of the receiver is presented in Fig, 4.3
and the processing unit implementing ¥;¢(7, C(A)) in Fig. 4.4.
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Figure 4.4: i* Processing Unit of non-coherent Block Decoder.

The block decoder has lower complexity levels from both the optimal
and asymptotically optimal decoders examined before. However we remind
the reader that this structure is optimal only for PSK signals under ideal
channel/equal Nyquist filter apportioning.

4.3.3 Use of the Block Decoder in a Time Dispersive
Channel and/or with Non-Equally Nyquist
Filter Apportioned Systems

The lower complexity levels of the block decoder leads to the natural question:
“What penalty in performance would the system pay if the use of the block
decoder was to be extended to the non-ideal channel/non-equal apportioning
cases?”. This question will be answered in this section. Suggestions and
approaches of how to reduce the losses and develop power efficient schemes
will also be provided.

The analysis presented up to this point has indicated that the demod-
ulated received signal (z,(t)e™7“) should be processed by a post detection
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filter Hp(w) matched to Hg(w). However when Hg(w) does not have the
spectral shaping of a square root Nyquist I filter, the use at the receiver of
a filter matched to Hg(w) would result in an overall impulse response h{t)
which introduces ISI. When the optimal or asymptotically optimal decoder
(see Eqs.(3.53), (4.6)) is used, the ISI is taken into consideration during
detection through the use of the /ST(k,C(A)) term. However, when the
Ric(F,C(A)) is used, the presence of ISI is not reflected anywhere (we re-
mind the reader that under ideal channel/equal Nyquist filter conditions for
which Rie(§, C(A)) has been derived, ISI is not present).

In order to avoid the considerable degradation from excessive strength
of ISI, the matched filter requirement forced on the post detection filtering
process (Hg(w)) has to be relaxed. The post detection filtering should be
shaped appropriately so as to suppress the ISI. This can be done by using
equalization. The two most popular equalization techniques are the zero forc-
ing equalization (ZFE) [124] and the minimum mean square error (MMSE)
equalization [124]. In the first case, the post detection filter-equalizer is cho-
sen such as to completely compensate the ISI 4. In the ZFE case,

ye = O L (4.13)
Also it can be proven [124] that the autocorrelation between the noise terms

ni equals

R = E{mnl_,} = — [0 e, (4.14)
T 21 Jeoo |HE(w)?

The non-equal apportioning of the Nyquist filter between transmitter and

receiver belongs to ZFE. In this case, the premodulation filter Hr(w) is equal

to

Hr(w) = [Hyyq(w)]* (4.15)

where H(w) is the spectral shaping of a square root Nyquist I filter, and
0 < € £ 1. At the receiver

Hp(w) = [Hyyq(w)]'™ (4.16)

4ZFE is advantageous when Hg(w) does not contain strong nulls in its spectrum. When
this is the case, the equalizer is forced to provide high gains at those frequencies where
the nulls appear (in order to compensate them). This increases the levels of noise power
and results in serious performance degradation [124).
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so that Hr(w), Hp(w) when cascaded, provide the spectral shaping of the
Nyquist I filter {we are assuming that the channel is ideal). From Eq.(4.14),
we can easily verify that for this case

R == I 1Hvva(w)PU-2eitT g, (4.17)
27 J-oo

The use of non-equal apportioning is associated with the desire to have re-

duced complexity at the transmitter or receiver. A frequently encountered

example is the case of broadcasting applications, where it is preferable to put

the full apportioning at the transmitter and use a simple low cost filter at

the receiver [239]. This approach provides cost efficient receiver units for the
large number of users.

In the MMSE, the attempt is to minimize the overall disturbance (i.e.
ISI and Gaussian noise). In this case there is some ISI left, and the received
signal samples y; can be expressed as

lu
v =€% Y coithi g (4.18)

I==1;

I, I, being no-negative integers. The expressions which are to be used to
upper bound the performance of the block decoder are capable of including
the effect of both ISI and noise correlation on the performance (for detailed
derivation see Appendix B). Consequently, they provide the ability to evalu-
ate a receiver with either ZFE or MMSE.

4.4 AN ALTERNATIVE STRUCTURE OF
THE NON-COHERENT RECEIVER

The analysis carried out to this point has provided structures which are quite
different and seem unrelated to the known classical non-coherent detection
schemes. However, it is logical to expect some relation between them and
the receivers proposed in this work. The objective of the present section is to
provide this link between the proposed receivers and familiar non-coherent
detection techniques.
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4.4.1 A Combined Squared Envelope and Multiple
Differential Detection Structure

The starting point for providing the alternative metric expressmn is to for-
mulate the expression for the square of ¥;c(7, C(A)), (Ria (7, C(A))) i.e.

Z=1 k

R (7 C(A) = Z lyk | lex[* +2;z IZRt"-{(z,ncy:._:)}(CkC;c_:) }
=1 =1
Z-1 k
= kZ lye*|ex|? + 2 k): lZ[Re{ Ye¥i—1) }Re{(crcky)} +
=0 =1i=1
 Im{(i)Hm{(edi)))
= (ZE(5) +22P(3,C(A))) (4.19)
with
Z-1
=E @) = X_: lye?lex? (4.20)
and
Z-1 k
E0(F,C(A) = 3 Y [Re{(wni_) }Re{(ckcin)} + Im{(weyi_) Hm{(ceci_)}] -

k=11=1

(4.21)

The |y, |? are squares of the envelopes of the signal samples y;. They can be
provided at the output of a squared envelope detector. Defining the terms

d(k) = wvion  df(K) = Re{wsi-)}  dP(R) = In{(mwi)},  (4:22)
recalling that (see Eq.(3.30))
ABi(k) = Arglerci_] = Arg[TeTia1e’®*®%-0] =9, 56,_,  (4.23)
and placing them in Eq. (4.21), we get the following expression for ZP(7, C(4)):

=25, 0(A) = 3° T 3" Tontld] () cos(ABY(K)) + P () sin(AGKE))].

k=0 =1
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(4.24)

We remind the reader that Ji = |cx|. When differential encoding is used at
the transmitter

ety = TiJimi/ 000D = 7, 7, &/ (@rDéka1Dendbrain) (4.25)
(see Eq.(3.31)) and
AG(K) = ¢ D Pra1 D oo @ Gt (4.26)
(see Eq.(3.32)). If differential encoding is absent,
A0 k) = 0k © Okt = ¢1 © r (4.27)

(see Eq.(3.33)).

The term di(k) is the product between the signal sample y, and the
complex conjugate of the y,_; sample, received T seconds before. This op-
eration represents differential detection, with the differential detector having
a delay element equal to {T. From Eq.(4.24) we realize that the optimal
non-coherent sequence estimator requires the use and processes the output
of a large number of differential detectors (a total of Z — 1), their delay
elements being integer multiples of the symbol period 7. Because of the
squared envelope and the multiple differential detectors required, we have
named this approach Squared Envelope & Multiple Differential De-
tection (SEMDD)2.

Introducing the expression of [ng(g,(;’(ﬁ))] in Egs.(3.45), (4.7), (4.12)
they become:

aéAgD(ho, E) 3:_’: C(A))

exp{~-(5 MST(ho, C(A)) + IST(R, C(A))}
EE() + 222 (7, C(A))*

Iof N, )
1 1 Z-1 Z2-12-1 :
= exp{—=-(z(2 T+ 3 Y. TudeiRe{hyei®Oh)}))
N" 2 k=0 i=1 k=i

?Considering that yy;_, is equal to Jy[* when ! = 0, we can visualize the squared
envelope detector as a differential detector having delay element equal to zero. Conse-
quently, the receiver can be viewed as a generalized multiple differential receiver with 2
differential detectors and the delays starting from 0 up to (Z — 1)T.
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b WP T2H2TE 7 T8 T (d] () con( A0, (R)) 449 (K) sin( A8, (K
N,

)
(4.28)
REMD(ho, k5, C(A)) = —(= MST(ho,C(A))HST( ,C(A)))
+ [28(g) + 220 (5, C (A
]. 3-—- Z2=-12-1
= (Z VAEDIDD Re{hiefa®ik}y 4 [Z lyk]* T2
2 k=0 =1 k= k=0
-1 k
+ 2 z T 3 Te-ild] (k) cos(AOy()) + dP (k) sin(ASy(k)]3 .
=1 =1
(4.29)

For PSK signals (Ji = 1), the metrics described by Eqs.(4.28), (4.31) become:
Ro3" (h,§,C(A)) = exp{-—— (IST(k,C(A)))}

I [E5(3) + 220(3, OLA)

N, )
1 Z=1Z-=1 .
= exp{~7(D X Re{kei®®M})}
N° =1 k=i
I ([z;f;,; P42 350 TF | (4] (k) cos(A8, (k) +49 (k) sin(a®, (kN )
Q Nc
(4.30)
Riao(h,5,C(A)) = —(IST(R,7,C(A))} + ["E(y-) N 2=0(3,C(A))?
Z2-12-1
= —(2° 3 Re{me/t®)} 4 [Z v |* +
=1 k=] k=0
Z=-1 k .
23, 3 ld{ (k) cos(AG(k)) + d?(k) sin(AO(k))]5 .
k=1 =1
(4.31)
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As it can be seen, both squared envelope as well as the multiple differential
detectors are necessary for the decoder.

Regarding the third metric corresponding to the block decoder, expressed
in Eq.(4.12) we have:

RIC(?: C-’(A))

Il

[=5(3) + 2=P (3, C(A))E

S w425y

k=0 k=0 =1

[d{ (k) cos(A@y(k)) + df (k) sin(A(k))]3 .

]

(4.32)

Considering that ma.xnmlzatlon of N;c(y,C(A)) is equivalent to the maxi-
mization of its square 73 (7, C(A4)) and | using the fact that =8(§) is common
and independent from the sequence C{(A), we obtain the following equivalent
metric expression (to be maximized):

RiEPP(7,C(A)) = =P(g,C(A))
Z-1 k
= Y S [df(k) cos(AO(k)) + dF (k) sin(AO(k))] .
: k=1 I=1
(4.33)

As we see, the decoder requires only the multiple differential detection terms,
while the squared envelope detector is not needed any more. We remind the
reader that this metric is optimal when dealing with ideal channel and equal
Nyquist filter apportioning.

The material given in this section has accomplished two things. It pro-
vided the link connecting the various optimal or asymptotically optimal
non-coherent receivers to the classic non-coherent detection techniques. The
squared envelope and differential detector can be seen as the building blocks
which construct the advanced non-coherent detection techniques proposed
and examined in this thesis. Also, the possibility of constructing the im-
proved non-coherent receivers by using the simple and cost efficient squared
envelope and multiple differential detectors is beneficial for the implementa-
tion of the proposed schemes.
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4.4.2 AnIntuitive Explanation on how SEMDD works

The following is an explanation on how SEMDD works. The squared envelope
detector provides information regarding the amount of received signal energy
in every symbol period. This allows the receiver to distinguish between
information signals with variable energy levels per symbol period. Signals
with variable energy levels per symbol period occur when multi-amplitude
modulations are used (as for example QAM or multi-amplitude PSK), or
the channel is time dispersive. When such inequality in the energy levels
does not exist, the squared envelope detector is not needed. This is why it
disappears from the metric expression of Eq.(4.33) which deals with PSK
signals transmitted through an ideal channel.

The multiple differential detectors extract the information associated with
the phase of the transmitted signal. Since we are dealing with non-coherent
detection (the initial phase % is unknown to the receiver), the information
associated with the signal phase is carried in phase differences rather than
absolute phase values. From Egs.(4.26), (4.27) it can be clearly seen that
when multiple differential detection is used, the information phases ¢, appear
at the output of more than one differential detectors. From Eq.(4.26) we also
see that differential detectors with delay elements higher than the symbol
period (T) apply a self-encoding process to the information phases ¢;. The
receiver uses this extra information for ¢ (coming from the use of multiple
differential detectors) in a process that can be seen as signal combining. This
increases the signal to noise ratio and makes the decision more reliable.

4.4.3 Implementation of the SEMDD

The implementation of the squared envelope and multiple differential detec-
tion can be applied in IF or baseband form. The two different approaches
are presented in Figs. 4.5 and 4.6. In the first case, the detectors provide the
|yel? and df(k), d (k) signal samples by processing the received signal while
still in the IF frequencies ® . In the second case, the received signal is first

SWhen [F implementation is used, the carrier frequencies f. should be a multiple of
the symbol rate (71:). In the opposite case, phase offsets will appear in the outputs of the
differential detectors which will inevitably deteriorate the performance.
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demodulated and afterwards it is processed by the squared cnvelope and the
differential detectors.

Both approaches (i.e. IF or baseband ) have their advantages and disad-
vantages. The choice between the two of them should be made according to
the nature and operational environment and the characteristics of the partic-
ular application. More discussion about the advantages and disadvantages
of each technique will follow.

An alternative (and equivalent) expression of ZP(g, C(A)) is the

] Z-1
=23 C(A)) = 3 Re{yl(¢H)} (4.34)
i=0
with
1-1 ‘
G = w-i{ercii}. (4.35)
i=1
Integration of Eq.(4.23) into Eq.(4.35) gives:
1-1
Gk = {3 ykiTie Jimie? 0000 (4.36)
=0

with A©;(k) being as defined in Eq.(4.23) (Ji = |ck|). The metric of
Eq.(4.34) represents an alternative and sometimes more suitable expression

for recursive implementation of the decoder, when baseband differential de-
tection is used.
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When baseband implementation is used, the demodulating signal has to
be generated locally at the receiver site. One way of accomplishing this is to
use a pilot! or use a preamble. Another method is to generate a reference
signal by non-linearly processing the received (information carrying) signal.
The first scenario has the disadvantage that valuable resources (as power and
bandwidth) are used to transmit the pilot or preamble signal. This results in
loss of capacity. For the preamble case it also results in delays in the decoding
process, since the receiver has first to process the preamble and afterwards
deal with the recovery of the transmitted information.

The non-linear processing scenario also has some serious drawbacks. The
carrier recovery circuits require some time until they lock in frequency with
the input signal. This problem becomes worse for systems of higher spectral
efficiency, since in this case narrower filters (having longer acquisition times)
are required.

Since the IF implementation of the squared envelope and the differential
detector does not require any locally generated carrier, it avoids all the above
mentioned problems. It has fast acquisition times and allows fast recovery
of the transmitted information. It also does not suffer from any loss in
capacity, since it does not require the use of lengthy preambles. However,
the carrier frequency should be chosen properly. The carrier frequency f,
should be a multiple of the symbol rate (F). In the opposite case, phase
offsets will appear at the outputs of the differential detectors. These offsets
will inevitably deteriorate the performance.

Use of multiple differential detection requires the use of more than one
differential detectors. The first reaction to this is that IF implementation
has a definite disadvantage in multiple differential detection structures, since

*If every communication channel is provided with its pilot signal for synchronization,
it could be more appropriate to use coherent detection. However, in relatively fast faded
channels, the bandwidth and power which are used by the pilot, is a large percentage of
the power and bandwidth allocated to the information signal. Since pilot signals do not
carry data, their use lowers the capacity of the network. An approach which can reduce
the size of this loss, is to use the same pilot signal for the synchronization of more than
one communication channels. In this multiple channel approach, the pilot signal can not
provide information for the initial phase of every individual communication channel which
it services. Absence of phase information brings the non-coherent detection concept into
the picture as a strong alternative to coherent detection.
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it would require the use of a multiple number of IF circuits. However, there

is a simple solution to this problem which will be presented in the following
paragraphs.

The output of the l-symbol differential detector d;(k) can be expressed as
follows:

Hf‘;“yk—ilz .
Tz g2k
Miody(k —i) ik — i)
I |yw—i? = B

di(k) = wyior =y

= dy()T (437)

The output dj(k) of the I-symbol differential detector can be generated by
multiplying ! consecutive output of the 1-symbol differential detector (dv(k)
to dy(k~I+1)) and normalize the outcome by dividing it with {—1 consecutive
values of the envelope detector (|yi—1]? to |yeisa[?)

-

The conclusion from the above discussion is that the multiple differential
receiver can be built by using only (and applying processing on) the outputs
of an IF differential and an IF squared envelope detector. The block diagram

of the SEMDD following this IF implementation approach is shown in Fig.
4.7.

Summarizing we can say that through the material covered in the present
section, we have established the connection between the improved non-coherent
receivers and the classical and simple non-coherent techniques of envelope
and (IF or baseband) differential detection. This does not only provide a
better understanding regarding the nature and operation of the advanced
receivers, but also makes possible an implementation of these structures by
using simple non-coherent receivers as building blocks. As a result, the pro-
posed receivers inherit the advantages of the classical non-coherent detectors
(simplicity, cost efficiency, fast synchronization etc.) while at the same time
(2s will be shown in the following section) they provide significant perfor-
mance improvements.

One should notice that the multiple differential receivers proposed and
analyzed in the present section require the use and process the outputs of
Z —1 differential detectors for a sequence of Z symbols. Since the complexity
of the receiver in processing load increases exponentially with the increase
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in the value of Z, it might become prohibitively high for long transmitted
sequences. In one of the following sections we shall discuss how the SEMDD
can be modified, in order to resolve this problem.

We should mention that regardless of the implementation approach we
choose to use (see Figs. 4.5, 4.6, 4.7) the decoding algorithm always remains
the same. Also, the performance of the communication system is unaffected
from this choice. In terms of cost effectiveness and complexity, we are in
favor of the third approach (see Fig. 4.7). This preference is based on the
fact that this implementation does not require demodulation and keeps the
complexity of the IF circuitry to a minimal, by using a small amount of
additional digital signal processing.
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4.5 PERFORMANCE EVALUATION OF THE
NON-COHERENT BLOCK DECODER
IN A GAUSSIAN CHANNEL

In the present section, the block decoder described in section 4.3 is evaluated
with uncoded and trellis coded signals. The results are based on upper
performance bounds. The uncoded schemes evaluated are BPSK, QPSK,
8PSK and 16PSK.

Three trellis coded schemes have been considered. One uses QPSK and
the other two use 8PSK constellation. The convolutional codes used are :

[Code A]
[4-state, 1/2 coding rate used with 4-PSK]

b = (b = ai Dok, 4} = o]

[Code B]
[4-state, 2/3 coding rate used with 8PSK]

I SO £ R | 1 2 __ .1 3 __ .2
by = b = ak@“k—z: b =ay_,, b = H|

[Code C]
[4-state, 2/3 coding rate used with 8PSK]

52 = [bllc = aiEBai_z,bZ = “:-1 @ai, 62 = ai_ll

where @ represents modulo 2 addition. Codes A and B are optimal
trellis codes (under the Euclidean distance criterion). Of the two codes used
with 8PSK, code B has parallel transitions in the trellis diagram. The state
transition diagrams of the three codes are shown in Figs. 4.8, 4.9 and 4.10.
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Figure 4.8: State-transition diagram of Code A. On the branches the values
of the information phases ¢, corresponding to the various transitions are
indicated. |
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Figure 4.9: State-transition diagram of Code B. On the branches the values
of the information phases ¢, corresponding to the various transitions are
indicated.

98



Figure 4.10: State-transition diagram of Code C. On the branches the values
of the information phases ¢, corresponding to the various transitions are
indicated.
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4.5.1 Performance Bounds of the Non-Coherent Block
Decoder

The starting point is to determine the probability of deciding in favor of an
information sequence A¢, when a sequence A” has been transmitted. This
pairwise error event will be represented as {C(A¢) «— C(A¥)}, while the
probability of its occurrence as P({C(A¢) «— C(A4*)}).

4.5.1.1 Upper Bound of the Pairwise Error Probability
In Appendix B we have shown that for the Gaussian noise channel, the

pairwise error probability P({C(A¢) «— C(A¥)}) can be upper bounded by
BE (ie. P({C(AY) — C(A))) < BE ), which is equal to

1 laguet = B a?
B¢ = 3TA(C(A"), C(A%)| exp{——5 120 = Pual'y

o 2
(4.38)
{ ) }= L JENP B —2Re{(By) By} _ |BSF — |ByP i
Pra | tow + o T= PP Vi= P
(4.39)
and
1 for Qg = 0
AYY. O(ASY) = :
A(C(A )7 C(A )) - [1 - Vup = ] 1 for O] # 0.
[(Uw'l-b'y;)z—d[u:(lz]* ¢2ﬂ;:!“a[y’c]ﬂ[y'(l
(4.40)

The £}, EY, vy, Vug, 7u¢ 2ppearing in Eqs.(4.39), (4.40) are described in
Eqs.(B.4), (B.5), (B.8), (B.9) and (B.12) of Appendix B respectively.
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The analysis leading to Eqs.(4.38) - (+.10) considers the presence of 151
in the received signal samples y;, as well as the presence of correlation be-
tween the noise terms n; which corrupt yi. This allows the evaluation of the
block decoder with time dispersive channels and/or non-equally apportioned
systems.

- 2
In Eq.(4.38), the exp{—;‘z!ﬂ‘-"—ﬂ-éﬂﬂﬁll—-} is the dominant term and deter-

mines the value of the error bound ( B[i(l becomes smaller as (ay,¢) — Bju.g)*
becomes larger). We define the

z _ lewa = Bugl®
D[v,C] = l—é—ﬁ—]- (4.41)
to provide a distance metric for the non-coherent receiver, equivalent to the
Euclidean distance used for the coherently detected signals.

When the signal samples y; are free from [SI and the noise terms ng
(corrupting yx) are uncorrelated with each other (E{nine_} =0 V ! # 0),
Di?v.cl (now represented as D}zc[,,‘q) becomes equal to

z-1
Dioa =12 = | 2 e(ch)I) (4.42)
k=0
Also, A(C(A¥), C(A%)) becomes
1 for "2z et(cf)* =0

Arc(C(A%), C(A%)) =
1c(C(A"),C(AY) R z for 17} ex(ef)" # 0.
" T

(4.43)
The use of Eqs.(4.42), (4.43) in Eq.(4.38) leads to

Z=-1
B = 51Ao(C(A"), CUA exp{—5(Z — | 3. (el D} . (440

k=0

When ISI and correlation between the n; noise components are absent,
it is easy to verify from Egs.(4.42) to (4.44) that opposite error events
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{C(AY) « 2(A")}, {C(A*) « C(A%)} have equal distances (Diopq =
DZ:i.1) 2nd upper bounds of pairwise error probability (BEq = BE.)-
However, when ISI or correlation between the noise terms n; are present,
these equations might not hold (generally speaking, Df ; # DE,; and BZ  #
B[%',]). This is due to the fact that the various parameters E¥, E¥, v,.,, v,
Vugy Y¢w Vi, V¢, (see Eqgs.(B.4), (B.5), (B.8), (B.9)), which influence the val-
ues of the pairwise error bounds B[,z,.q B[%_y], depend on the entire sequences
C(A"), C(A°) rather than the segments where these two sequences are in
divergence (i.e. ¢ # ct). This creates inequality in the values of {E¥, Eé b
{E¥, ES}, {vw, v} which are responsible for this asymmetric behaviour.
The appearance of this behaviour is not surprising. A similar case can be
found in {262]-[264]. The results reported in [262]-[264] demonstrated that
the presence of ISI and/or noise correlation creates unequal probabilities for
the various symbols to be in error when the (conventional) differential de-
tector is used. As we see, similar behaviour appears with the non-coherent
block decoders.

4.5.2 Upper Bound of the Performance

By using the concept of the Union Bound, the following inequality holds:
1 1l

b s Gononwem
2. 2. n({C(A) = C(A)NPHC(A) + C(A")}
C(J”)Esgw C(EC)ESC(AL')
< us? (4.45)

where P, represents the symb »l error probability of the system and

1 1
(Z - L. —1) 2L

S nl{C(A9) - CAMBE

uB? =

(4.46)
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L is the constraint length of the code (for uncoded schemes L. = 0).
S& vepresents the set of all possible codewords with length Z (a total of
2(Z=Le=1)p) anq S¢(av) represents the set which has as members all the code-
word elements of SZy, except for C(A¥). Also, n ({C(A¢) «— C(A")}) repre-
sents the number of symbol errors associated with the error event {C(A%) —

C(A)}.

In some cases, the following equality might hold®:

1 g =, =
YL AT n.({C(AY) — C(A})BE
(Z — Lc - 1) c(jc)ezsg(av) { ( } [ nC]
1 - o
—_— {C(A") — C(A9})BE
v C(AY),C(A%) € S&y . (4.47)

When the condition, described by Eq.(4.47) holds, the work required to cal-
culate the values of Z{BZ is reduced, since vse of Eq.(4.47) in Eq.(4.45) gives
the following expression:

1
< z — ———————
P.<UB Z—L.-D)
Z ne({é(’ac) ¢ c(“iu)})B[i(]
C(E()E«‘-"c( Ay 7

(4.48)

One case where this equality holds is for a MPSK system which uses equal apportioning
of the Nyquist I filter between transmitter — receiver and operates in an ideal channel.
However, if coded modulations are used and/or if the channel is distorted and/or if the
signal constellation is of multi-amplitude nature (for example QAM) this equality does
not hold.
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where C(A*) can be any sequence member of $%,,. The right part of
Eq.(4.48) actually upper bounds (it is the union bound of) the probabil-
ity of C(A*) to be in error. The message cenveyed from Eq.(4.48) is that
in order to calculate the upper bound of the error performance, it is enough
to calculate the union bound for the error probability of one of the possi-
ble codewords. The obvious advantage is that the numerical calculations
required in Eq.(4.48) is only yz—f— the processing needed by Eq.(4.46).

4.5.3 Performance of Coded Signals In Ideal
Channel and Equal Apportioning

The SER performance curves for the codes A, B, C are displayed in Figs.
4.11 to 4.16. The curves correspond to values of Z = 5,7,10,12. Results
for both, non-differentially encoded (Figs. 4.11, 4.13, 4.15, the curves are
labeled as Z= (NDE)) and differentially encoded (Figs. 4.12, 4.14, 4.16 the
curves are labeled as Z= (DE)) signals are reported. In each figure, the SER
curve of the system which uses the same cods and employes a conventional
receiver, is included®. It is based on Monte Carlo simulations and is labelled
in the figures as (Con.Rec.)”. The curve of the uncoded differentially detected
signal of equal spectral efficiency is also included (DBPSK for code A and
DQPSK for codes B and C).

In Tables 4.1 , 4.2 we summarize the improvements offered by the block
decoder over the conventional differential receiver as a function of the code-
word length Z. The values listed in Table 4.1 correspond to a non-differentially
encoded signal. Table 4.2 gives the results for the differentially encoded case.
The comparison is made for a SER=10"". In the following two tables (Table
4.3 and Table 4.4), we list the gains offered by the coded schemes (when

For coded systems, we consider as conventional differential receiver the Viterbi de-
coder [256] (optimal for coherent systems operating in an additive white Gaussian noise
environment) which processes the output of ayone-symbol delay differential detector. For
uncoded signals, the term conventional differential receiver refers to the one-symbol dif-
ferential detector.

7For values of SER below 10~4, the simulations have to either run for an unreasonably
long period of time in order to provide reliable results, or the estimated SER performance
value will be of small confidence. We have avoided displaying such low confidence results
in our figures,
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decoded by the block decoder) as compared to the uncoded differentially
detected signals of equal spectral efficiency.
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Table 4.1: Gains versus codeword length Z, offered by the Block Decoder.
The comparison is with the conventional differential receiver. Differential
encoding is not used. The reported gains correspond to SER=10"4.

GAINS (dB)
Code A | Code B | Code C
5 1.5 2.6 2.2
7 2.2 2.8 2.7
10 2.8 2.8 3
12 3 3.7 3

Table 4.2: Gains versus codeword length Z, offered by the Block Decoder.
The comparison is with the conventional differential receiver. Differential
encoding is used. The reported gains correspond to SER=10"4,

GAINS (dB)
Code A | Code B | Code C
5 2.2 2.8 0.5
7 25 2.8 0.8
10 2.8 3.5 1.7
12 3 3.9 1.3

106




Table 4.3: Gains versus codeword length Z, offered by the Block Decoder.
The comparison is with the differentially detected signal of equal spectral effi-
ciency (DBPSK for Code A, DQPSK for Codes B & C). Differential encoding
is not used.

GAINS (dB)
Code A | Code B | Code C
5 2.3 3.4 0.5
7 2.8 3.2 0.8
10 3.8 4 1.1
12 3.3 ~ 5.5 1.3

Table 4.4: Gains versus codeword length Z, offered by the Block Decoder.
The comparison is with the differentially detected signal of equal spectral effi-
ciency (DBPSK for Code A, DQPSK for Codes B & C). Differential encoding

is used.

GAINS (dB)
Code A | Code B | Code C
5 3.3 3.5 1.5
T 3.7 4.2 1.9
10 4 9 2.1
12 4.2 5.5 2.3
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The results plotted in the curves and summarized in the tables demon-
strate significant improvements. Compared to the conventional differential
receiver, the block decoder achieves improvements close to 4 dB. Compared
to the performance of an uncoded differentially detected signal of equal spec-
tral efficiency, the coded schemes, used with the block decoder, provide gains

higher than 5 dB.

ft is inleresting to notice that when the Codes A, B, & C are used with
conventional differential receivers, they have poor performance. All the coded
schemes are inferior to the differentially uncoded systems of equal spectral
efficiency for low values of Ey/N,. At higher Ey/N,, there is a crossover
between the curve of the coded and the uncoded system. As the Ey/N,
increases beyond the crossover point, the coded schemes show some minor
advantage as compared to the uncoded ones. For code A the crossover occurs
at a SER higher than 1072 and it is not shown in the curves displayed in Figs.
4.11, 4.12. For Code B, the crossover occurs at a SER between 10~2 and 10-3
(see Figs. 4.13, 4.14). Code C remains inferior compared to uncoded DQ@PSK
for SER as low as 104, It is expected that a crossover between the curves
will occur at a SER lower than 107°. Since these codes have asymptotic gains
of 3.9 dB (Code A) 3 dB (Code B) and 1.15 dB (Code C) when coherently
detected, it is obvious that the conventional differential receiver is the cause
of the poor performance. On the contrary, the results listed in Tables 4.3
and 4.4 demonstrate that the block decoder recovers the losses created by the
use of conventional differential detection and achieves practically the same
performance with the coherent system.

The performance degradations suffered by the conventional differential
receiver are due to the nature of the processing which the differential detec-
tor applies. The receiver applies a signal multiplication to generate the phase
differential between signal samples received one symbol period apart. This
introduces correlation between the noise components corrupting consecutive
outputs of the differential detector. This mechanism is known to generate
double errors (i.e two consecutive erroneous decisions) with uncoded differen-
tial systems®[199] [224] [235]. It is known that correlated signal impairments
are harmful to the performance of sequence estimators such as the Viterbi

8For a more detailed description of this mechanism please refer to subsection 4.8 of this
chapter.
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decoder. The noise correlation existing between noise components which cor-
rupt consecutive output samples of the differential detector, is the source of
the performance losses experienced by the conventional differential receiver.
The effect of this noise correlation is stronger at low E,/N, values. As the
Ey/N, increases, the effect of the noise correlation decreases. For uncoded
differential systems, this is seen as a reduction at the rate of double symbol
error occurrence. For the coded schemes, it is seen as an improvement in the
relative performance of the coded scheme as compared to the uncoded one.
This creates the crossover of the curves and finally gives the coded system
some small advantage over the uncoded one.
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Figure 4.11: SER curves of code A (QPSK constellation) without differen-
tial encoding. The channel is assumed ideal. The Nyaquist filter is equally
apportioned between transmitter-receiver.
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Z=10(DE)

Z=12(DE)
Con.Rec.

DBPSK

14

Eb/No (dB)

Figure 4.12: SER curves of code A (QPSK constellation) with differential
encoding. The channel is assumed ideal. The Nyquist filter is equally appor-
tioned between transmitter-receiver. .
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Z~7 (NDE)
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Z=12 (NDE)

Eb/No (dB)

14

Figure 4.13: SER curves of code B (8PSK constellation) without differen-
tial encoding. The channel is assumed ideal. The Nyquist filter is equally

apportioned between transmitter-receiver.
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Figure 4.14: SER curves of code B (8PSK constellation) with differential
encoding. The channel is assumed ideal. The Nyquist filter is equally appor-

tioned between transmitter-receiver.

113



e Con. Rec.
-  DQPSK
10°° \ —&—  Za5(NDE)
N ——  Z5(NDE)
» \ we—t—  Za7(NDE)
o 10 ‘|=——t— Za10(NDE)
= - =i Z=12 (NDE)
wm_s \
10
107
10°®
107°
107¢ — - : - -
7 9 11 13 15
Eb/No (dB)

Figure 4.15: SER curves of code C (8PSK constellation) without differen-
tial encoding. The channel is assumed ideal. The Nyquist filter is equally

apportioned between transmitter-receiver.
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Figure 4.16: SER curves of code C (8PSK constellation) with differential
encoding. The channel is assumed ideal. The Nyquist filter is equally appor-

tioned between transmitter-receiver.
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4.5.4 Comments and Observations On the Performance
of the Coded Non-Coherent Systems

The gains achieved by the trellis coded and non-coherent block decoded
achemes over the uncoded differentially detected systems (of same spectral
efficiency) are higher compared to the improvements offered by the same
codes (coherently detected) over the uncoded coherent systems. For exam-
ple, while Code A in the coherent case has an asymptotic gain of 3.98 dB
over the uncoded BPSK, the same code has a gain of 4.2 dB over differential
BPSK. Similarly, while Codes B & C have an asymptotic gain of 3 dB and
1.15 dB over coherent QPSK (CQPSK), their distance from DQPSK is 5.5
dB and 2.3 dB respectively (see Table 4.3). This increase in improvement
is due to the use of more sophisticated receivers. In addition to the coding
gain, the improvements offered by the block decoder (as compared to the
conventional differential detector) are added.

An interesting observation is that in all three cases, the differentially en-
coded schemes outperform the non-differentially encoded ones. Considering
that codes A and B are optimal (i.e. achieve the maximum Euclidean distance
for a given level of complexity) leads to the conclusion that the presently avail-
able trellis codes (designed under the mazimization of the Euclidean distance
criterion), do not constitute optimal solution for the considered non-coherent
schemes®. Instead, other codes designed on the principles of maximizing the
metric of Eq.(4.42) are needed.

In section 4.5.2 it was mentioned that when the condition described by
Eq.(4.47) is satisfied, the upper performance bound can be calculated by us-
ing the formula described by Eq.(4.48) rather than Eq.(4.46). The condition
of Eq.(4.47) is satisfied in coherent coded systems with linear convolutional
codes. The three codes examined in this work satisfy this condition when
used in coherent systems. However, we have found that all examined codes,
when non-coherently detected, do not satisfy this condition any more. This
has forced us to use Eq.(4.46) rather than the more computationally efficient
expression of Eq.(4.48). To understand the reason why this is happening,
we give the following example from Code A (non-differentially encoded) and

9The non-optimality of these codes is die to the non-linear processing applied by the
proposed non-coherent receivers.
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Z = 10. From all the sequences, members of Sedvy, the sequence which
gives the smallest distance with

CA)=[ ¢g=1, §=-1,&=j&§==1,¢! =1, =1,
cg=1, ¢f=-1l,¢§=7j,¢f =~1]

is the
CA)={ §=1, d=1d =1, = —j,cf =, =},
Cg_= j! Cg = _jvcg = _lscg = l]»
this distance being equal to D,c[, ¢ = 1.465. However, the sequence

C(A%) = [ =

1,6

L ¢ ]
1, &=-1,

=1§J4 ].,C
& =j,¢ = 1]

=2

czm c?m
]

forms minimum distance with the sequence

ClAY =] g=1, d=-1d=-jd= —jyca =—l,c8 = =1,
6 ==J, q=~jcg=-lg=1]

and DICEJE ,ﬂ = 2.765. There is no sequence C(A*) ¢ Sa(avy forming

distance D}y = ch[ucj = 1.465. Since D,c[yq, Dig(, are minimum

distances for C(A%), C(AY), they will dominate the error performance of

these two sequences. Since D}2y, 4 < D} v, ertors involving C(A*) will be

appearing more frequently than errors involving C{Af). Consequently, the

error probability of C(A) is higher than the error probability of C(A¢). This
violates the equality of Eq.(4.47).

In section 4.5.1.1 we mentioned that when the received signal samples y;
are free from ISI and the noise terms corrupting y; are uncorrelated, opposite
error events {C(A¢) — C(A")}, {C(A*) — C(A)} have equal distances and
probabilities of occurrence. However, when these conditions are not met,
even opposite error events can have different distances. This is an extra
reason for Eq.(4.47) not to hold.

An interesting point is that the distance ch.'[p N between two sequences
C(A*), C(A*) does not depend only on the symbols ¢, c}, where the two
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sequences happen to be in divergence (ci # cj), but on the entire sequence.
As an example, let us refer again to Code A (non-differentially encoded case)
and consider the sequences

CA)=[ =1, =L =L =1,..,c,=1),

C(A'\) = [c{}: laci\ = —lscé = —j,cé = -J‘,C;\ = -1!C2= 1,
g=lca=1c¢=1,.,c_ =1

The paths of these two sequences diverge initially at & = 1 and re-emerge
at & = 4. The expression of D}?C[“'_\} =2 —-|(Z -6)+2j|. For Z = 5,
D = 1.382 whereas for Z = 10, D}2. = 2.765. The distance Diop
changes with Z. The greater Z is, the larger the distance becomes (and the

“smaller the error probability of the error event becomes as well). On the
contrary, in coherent systems, the (Euclidean) distance depends only on the
segments where the two sequences have unequal symbols. The length of the
sequence has no effect on the performance (we always refer to coded schemes
where all the codewords initiate from a common state and end at a common
state). As a result of this behaviour, dominant error events do not depend
only on the code but also on the length of the codeword. As an example, we
consider code B (non-differentially encoded case). For Z = 31+ 1 (I integer,
1 £1 < 3) minimum distance is formed between the sequences

C(A") = [g=1,¢=1,c=1,..,¢5_, =1],

and

— e < R - o _ oI

Cs —er,...,cZ_e—- 2,62_5—.812,
= ¢ = ¢ _ GE ¢ 33
c%_4 =e-?4,cz_3_g-’:,cz_g_e-’z,cz__l_eh]

with DIZC[U,(] =(Z — |1 + £2jL + (L + 1)e*iT})|). In Fig. 4.17, the paths of
two such sequences are displayed (I = 1, Z = 4). On the various branches,
the phases of the symbols ¢, ¢} are also indicated.

When Z = 2/ + 2 (I integer, 1 <! < 3) minimum distance is formed
between the sequences :

ClA) ==L =1¢=1...,cz, =1],
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Gy O @) O O
CAY)
---------- C(A%)

Figure 4.17: Sequences forming a minimum distance error event when Code

B (NDE) is used and Z = 4 (I = 1).
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C§ =ngl,...,ccz_6=ej§,...ctz_~6=Cj;',C%_s:ej%,
ccz--t = e.i%‘c%_a = e_i%,c(z_z = ej$,ch_1 =1]

with Dfgy, o = (Z — |2 + {{£2] + e¥9%)|). In Fig. 4.18 we display the paths
corresponding to such an error event when Z =5 (I = 2),

Finally for Z = 31 4 3 (! integer, | <! < 3) minimum distance is formed
between the sequences

CA) =[d=1,&{ =1,y =T, = e/¥ ¥ = i, =1,...,¢5_, =1
and

C(AY) =]

Il
.
EUN
4

(K12 ]
TN
I
T
-4
&~
H
%,
[F]

wE

(2]
TS
[~

]

U X

with D%, = (Z — [2 £ 251 + (L + 1)e¥7¥|). The paths of such an error
event with 2 = 6 (I = 3) are displayed in Fig. 4.19.

When Z > 12, the patterns of the most dominant error events change
completely. Most dominant error events are formed by pairs of sequences

C(A®), C(AC) described as follows:
[ctC) = CS,C‘I: =0y, Cg...; = ¢y ci = cpe™ ", ci-}-l = Chyrre 'CCZ-I = cz_y]

(1 £k £ Z —1). The two sequences differ only in one symbol, and these un-
equal symbols have opposite polarity. The distance between such sequences
is D?C[v,(] = 2. In Fig. 4.20 we present the paths of two sequences forming
such an error event. In all transitions with the exception of one, the two paths
overlap with each other. For the transition where there is not overlapping,
the paths go through two branches parallel to each other.
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@ o—% .0—9% .o O —=Om=g==20
2 ™ //
G1 O ~\O\ O /’2
: \-\ '/TE/
Td4\\\\\ /"
Gy @) @] pe) O
Gy @) O O O
C(AY)
---------- C(AY)

Figure 4.18: Sequences forming a minimum distance error event when Code
B (NDE) is used and Z =5 ({ = 1).
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C(AY)

---------- cAY

Figure 4.19: Sequences forming a minimum distance error event when Code

B (NDE) is used and Z =6 (! = 1).
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LI I K )

Figure 4.20: Sequences forming a minimum distance error event when Code
B (NDE) is used and Z > 12 (I > 3).
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The previous example has shown us that with the change in Z, there is a
dramatic change in the patterns of pairs of sequences which form dominant
error evenls. Such behaviour is not encountered in coherent detection. In
coherently systems, the distance of the error event depends strictly on the
segments where the two sequences appear with unequal symbols.

To further demonstrate how strong the interaction between code and
length of codeword is, we give the following example. Up to this point, we
have restricted all codewords to re-emerge at the same stage. Now, we go one
step further and we consider the case where the various codewords, instead
of being forced to re-emerge at (Z —1)T', are forced to re-emerge at (Z-2)T.
Below we compare the performance between these two cases (re-emergence
at (Z —2)T and re-emergence at (Z —1)T). To distinguish between them, we
shall be calling the configuration having re-emergence at (Z — 2)T restricted
and the other re-emerging at (Z — 1)T unrestricted. :

In Figs. 4.21, 4.22 we display the curves corresponding to restricted
and unrestricted configurations of Code C with Z = 5,6,7. Both non-
differentially encoded (Fig. 4.21) and differentially encoded (Fig. 4.22) sys-
tems are considered. The curves of the restricted configurations are identified
in the figures as (Z= (NDE or DE)RES). For the unrestricted configurations
the various curves are identified as (Z= (NDE or DE)).

In Table 4.5 we summarize the improvements offered by the restricted
configurations as compared to the non-restricted ones. When differential
encoding is not present, the improvements become higher than 1.5 dB. For the
differentially encoded schemes, the restricted configurations remain superior,
however their advantage is quite small (0.2 dB).

The identification of dominant error events (i.e. those having the highest
probability to occur) has been proven useful in coherent detection. Since it
characterizes the performance for high E,/N,, it provides the opportunity to
have an easy and relatively reliable performance estimate without the need
to resort to more complex forms of analysis. We attempted to come up with
a systematic approach leading to the identification of dominant error events
for the examined non-coherently detected systems. Unfortunately, our effort
was not successful. The interaction between the memory of the coded signal
(created by the use of coding) and the memory of the block decoder (it is
equal to the codeword length) makes the task difficult. In order to identify
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Table 4.5: Gains offered by the restricted over the unrestricted configurations
versus the codeword length (Z) (Code C is used).

GAINS (dB)

(NDE) | (DE

5 13 | 02
Z[6] 15 | 02
T 15 | 02

dominant error events, we had to resort to computer searching techniques.
To make the performance estimation even more difficult, we found that even
knowledge of dominant error events is not adequate to allow reliable estima-
tion of the performance. Very frequently, the number of sequences forming
~dominant error events is small compared to the entire population of possi-
ble codewords (2(2-L<=1)7), Since in the union bound, the error probability
of every sequence is divided by the number of possible codewords (for large
values of 2(2=Lc=1P) their contribution in the error bound can be orders of
magnitude smaller from what it is projected by BIzC[u.CI‘ To clarify this point,
we provide the following example from Code C (non-differentially encoded
case). For Z = 7 this code has minimum distance equal to Dicpq = 0.5858
and the corresponding B, . at 15 dB is Bl = 1.58 x 1071°, However,
out of all the pairs formed between codewords, only four of them have this
distance value. The contribution of these error events in the error probability
performance equals to 2 B, o = 7.8107% x 1581071 = 1.23 x 10! (the
value given by the union bound is 2.54 x 10~'2). If the judgement was to be
based on the value of B, q = 1.58 x107"°, we would have ended up making
two orders of magnitude error in the value of SER. Equivalently, we would

have underestimated the performance of the system by (approximately) 1
dB.

Summarizing the main points of the above discussion, we state the fol-
lowing:

1. The trellis codes, designed for coherently detected signals and opti-
mized under the Euclidean distance criterion, do not constitute optimal
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solutions for the proposed non-coherent schemes. Instead, new coding
schemes are required. Their design should be based on the optimiza-
tion of the new distance expressions presented in the present section,
since they determine the performance of the proposed receivers.

. The improvements which the coded and block decoded schemes ob-
tain, over the uncoded differentially detected signals of equal spectral
efficiency, are higher in comparison to the gains provided by the same
codes (coherently detected) over their coherent uncoded counterparts.

. The probabilities of the pairwise error events strongly depend on the
size of the codewords. This behaviour is not met in coherent systems.
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Figure 4.21: SER curves of code C (without differential encoding) corre-
sponding to restricted and unrestricted configurations. The channel is as-
sumed ideal. The Nyquist filter is equally apportioned between transmitter-

receiver.
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Figure 4.22: SER curves of code C (with differential encoding) corresponding
to restricted and unrestricted configurations. The channel is assumed ideal.
The Nyquist filter is equally apportioned between transmitter-receiver.
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4.5.5 Performance of Uncoded Signals in Ideal
Channel and with Equal Nyquist Filter
Apportioning Systems

In Appendix C it has been shown that for uncoded MPSK signals, Eq.(:4.47)
holds. This allows the use of Eq.(4.48) for the calculation of the union bound
UBZ, instead of the (computationally complex) Eq.{4.46). In Appendix C it
has been proven that for the uncoded MPSK signals, the union bound has
the following expression: .

1 M-1M-1 M-1 Z-1

=2 2 20 (X @ T (iovinyevyiz)

Ta j|=0 i2=0 ':Z—l=q =1

———

Z -1

up?

B -

f1bizdo iz F0

1 ! 2r :
exp{—5—[Z -1 + Z expl—i=(h L@ @ W mod(An)] ]} (4.49)
26" k=1 M

with
T(io, i],.. . ,iz_.l) =
(1 for Y2!
exp{— & (io @+ D it)modan} =0
3
o2
2 V2 for ©270
VITZ) exp 35108 i) mou s}
\ exp{—j 2 (o @+ B tk)modan} 7 0
(4.50)
and
0 forz=0

(64(z) should not be confused with the delta function §(z) which is zero for
T # 0 and goes to infinity at z = 0).
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In Eqs.(4.49), (4.50) the (ip @, @ ... B ii}moa(ary symbolizes addition in
the modulo(M) sense (M is a positive integer). For BPSK, QPSK, 3PSk,

and 16PSK, X equals £ 2Ex 3B .44 -4—511 respectivel
s1 €4 No? No No Y-

The importance of easy ident:ﬁcahon o[ the dominant error events has
been discussed earlier. We also explained why for coded systems, this iden-
tification is a very tedious task. However, for uncoded signals the situation
is different. The uncoded signal does not have the memory present in the
coded case. This simplifies the problem, making the identification of such
events possible (for details see Appendix D) and leads to the development of
a simpler (and computationally more efficient) per[ormance bound (U Bapp
The full analysis leading to the derivation of #BZ,, is provided in Appendix
D. Here we present the final expression:

1
L{Bazpp = _12"12_1 NB M m)ppsf\(ﬁr’f m)

exp{—gg(Z = ||+ 3m3 —2m £ 202 — mimeos(25)} (452

with
(1 when M =2
= 2=1
ppsi(M,m) = { and m = £3
1 1 \/i
EV:_I; \/22+2m2_2zm+2(2_m)mc°3(%{!) elseWhere
{4.53)
and
(1 + 6;(loga( M) —1)]
zZ-2 A Z-2 _
[2m( m )+(2m—1)(m_l )] for m < [£1]
Nf(M, m) = <

[1 + ;(logs(M) — 1)
L(Z—l)[(2;2)+(f‘:f)1 for m > [Z51].
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(4.54)

( j = J—,((kfl;—)! and [z] represents the largest integer, smaller or equal to

z). A brief description on how the approximate bound has been derived,
follows.

Two sequences (for example C(A4%), C(AS)) of length Z can differ at
most at Z — 1 symbols. For the sequence C(A*), we generate Z — 1 different
sets GRZ* (1 < m £ Z —1). GR%” has as members all sequences C(A¢)
which happen to have m symbols ¢§ # ¢ (1 < k < Z —1). For each set
GRZ%" an upper bound for n ({C(A¢) « C(A*1}) is derived (see Eq.(D.16)).
This bound is represented as ni(m). Also, the minimum distance D[{.C] be-
tween the sequences, elements of GRZ* and C(A4*) is found (DZ,

Eq.(D.20)). All elements of GRZ", having distance D{ic] = DZ,

, See

GR,‘E;"

“a;;"’ form
the subset G”m,-ﬂRi'”. The pairwise error bound B[ic] of these elements (i.ethe
members of G, R%") together with n¥(m) are used to provide the approx-

imate upper bound 2/BZ, (see Eqgs.(D.21), (D.24)). It is worth mentioning

that the calculation of /BZ,, requires only ﬁé’a‘-_—f of the calculations needed
P

for UBZ. For large Z and M, this is quite a difference. From now on, in
order to distinguish #B? and UBZ,, , we shall be referring to them as ezact
and apprezimate bounds respectively.

In order to provide a clear picture of the accuracy offered by the ap-
proximate bound, we have plotted the SER versus E;/N, using both #/B?
and UBZ,, for BPSK (Figs. 4.23, 4.24), QPSK (Fige. 4.25, 4.26), 8PSK
(Figs. 4.27, 4.28) and 16PSK (Figs. 4.29, 4.30). The displayed curves corre-
spond to the conventional differential detector (DD) and the block decoder
with Z = 4 and Z = 7 (the curves are identified as (Z= , Ex.Bound) and
(Z= ,Ap.Bound)).

The Z = T case achieves practically the same performance as the coher-
ently detected system which uses perfect carrier phase reference. Comparison
between these curves, provides us with the followiag conclusions: i) U Bf‘;p, is
capable to very accurately characterize the SER performance for the symbol
error rates of interest (i.e., SER < 10~%). ii) Z=4 is adequate to achieve
practically all the available improvement. For the BPSK, the improvement
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Table 4.6: Gains offered by the Block Decoder as a function of the sequence
length Z. The comparison is with the conventional differential detector.

GAINS (dB)
BPSK | QPSK | SPSK | 16PSK
Z]4] 02 | 16 | 1.6 | L6
7 04 ) 3 2

is 0.2 dB, while for the QPSK, 8PSK and 16PSK it is close to 1.6 dB (com-
parison is between the conventional differential detector and the Z = 4 block
decoder). For Z = 7, this improvement becomes 2 dB.
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Figure 4.23: SER performance curves of BPSK in ideal channel with equal
Nyquist filter apportioning. The curves correspondmg to the block decoder
are based on the exact bound.
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Figure 4.24: SER performance curves of BPSK in ideal channel with equal
Nyquist filter apportioning. The curves corresponding to the block decoder
are based on the approximate bound.
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Figure 4.25: SER performance curves of QPSK in ideal channel with equal
Nyquist filter apportioning. The curves corresponding to the block decoder
are based on the exact bound.
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Figure 4.26: SER performance curves of QPSK in ideal channel with equal
Nyquist filter apportioning. The curves corresponding to the block decoder
are based on the approximate bound.
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Figure 4.27: SER performance curves of 8PSK in ideal channel with equal

Nyquist filter apportioning. The curves corresponding to the block decoder
are based on the exact bound.
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Figure 4.28: SER performance curves of 8PSK in ideal channel with equal
Nyquist filter apportioning. The curves corresponding to the block decoder

are based on the approximate bound.
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Figure 4.29: SER performance curves of 16PSK in ideal channel with equal
Nyquist filter apportioning. The curves corresponding to the block decoder
are based on the exact bound.

139

24



———tr— D
== Za=4, Ap.Bound
104‘5 “—@&— Za7.Ap.Bound
1
1054
-6
0°]
1073
108+
1094
10-10. - T ¥ T o T
16 18 20 22

Eb/No (dB)

Figure 4.30: SER performance curves of 16PSK in ideal channel with equal

Nyquist filter apportioning. The curves corresponding to the block decoder
are based on the approximate bound.
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4.5.6 Evaluation of PSK Signals with Unequally
Nyquist Filter Apportioned Systems

A raised cosine Nyquist I filter is used at the transmitter, whereas at the re-
ceiver, an ideal brickwall post detection filter is employed. The noise power
passing through the filter and the correlation properties of the noise corrupt-
ing the signal samples y; (processed by the block decoder) depend on the
excess bandwidth o and can be calculated from Eq.(4.17). The noise power
and noise correlation properties are needed for the calculation of B[%.C] (see
Appendix B). Below we provide results for an excess bandwidth a., = 0.5.

4.5.6.1 Coded Signals

We have evaluated Code A. The results are presented in Figs.(4.31) (nou-
differentially encoded) and (4.32) (differentially encoded). The displayed
curves correspond to bloclk lengths Z = 5,7, 10, 12. The presented curves are
labelled as (Z= (NDE-UA)) (non-differentiaily encoded case) and (Z= (DE-
UA)) (differentially encoded case). We also display the SER curves of the
conventional differential receiver used with the same code (Con.Rec.(UA))

and the DBPSK (DBPSK(UA)).

In Tables 4.7, 4.8 we have summarized the relative performance of the
block decoder versus Z as it compares to the conventional differential receiver
and the uncoded DBPSK. Comparing Figs. 4.31, 4.32 with Figs, 4.11, 4.12
which correspond to the equal apportioning case, leads us to the conclusion
that the configurations of the block decoder suffer a loss of 2 dB as compared
to the equal apportioning case. Its relative performance with the conventional
differential receiver remains in the same range. Compared to the uncoded
DBPSK, the advantage of the block decoder has been reduced by 0.5 dB
compared to the gains it achieved when the apportioning had been split
equally between transmitter-receiver.
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Table 4.7: Gains versus codeword length Z, offered by the Block Decoder.
The comparison is with the conventional differential receiver. The reported
gains correspond to SER=107%. The channel is assumed ideal and full ap-
portioning has beer put at the transmitter {a = 0.5).

GAINS (dB)
(NDE) | (DE)

501 2 | 25
Z{7 | 26 | 28
W[ 3 3.3
[ 33 | 33

Table 4.8: Gains versus codeword length Z, oftered by the Block Decoder.
The comparison is with DBPSK. The channel is assumed ideal and [ull ap-
portioning has been put at the transmitter {a. = 0.5).

GAINS (dB)
(NDE) | (DE)

51 21 | 28
Z(7 1 2.9 | 33
0 35 | 37
15T 37 | 37
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Figure 4.31: SER curves of code A (QPSK constellation) without differential
encoding. The channel is assumed ideal and full apportioning has been put
at the transmitter (a., = 0.5).
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Figure 4.32: SER curves of code A (QPSK constellation) with differential
encoding. The channel is assumed ideal and full apportioning has been put
at the transmitter (a. = 05)
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4.5.6.2 Uncoded Signals

The SER curves are presented in Figs. 4.33 (QPSK), 4.34(8PSK) and 4.35
(16PSK). In these figures, the curves of the conventional differential detector
(DD) and the Z = 4 block decoder are displayed for both, equal and unequal
apportioning. For the Z = 4 block decoder with non-equal apportioning,
two curves are provided. One represents values calculated through the use
of the exact bound, while the second is the outcome of the approximate
bound. The displayed curves show that the approximate bound is capable of
very accurately characterizing the performance of the system. These results
confirm the ability of the approximate bound to accurately characterize the
performance of the receivers even when the noise exhibits colored behaviour.
Regarding the performance of the differential detector and Z = 4 block
decoder as compared to the equal apportioning case, it seems that both of
them suffer approximately the same degradation (as result of using non-equal
apportioning) which is close to 2 dB. The relative distance in performance
between the two receivers (DD and Z = 4 BD) remains practically the same
as with equal apportioning which is a 1.6 dB superiority of the Z = 4 BD as
compared to DD.
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Figure 4.33: SER performance curves of QPSK with full apportioning at the
transmitter. The excess bandwidth a., = 0.5.
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Figure 4.34: SER performance curves of 8PSK with full apportioning at the
transmitter. The excess bandwidth ., = 0.5.
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Figure 4.35: SER performance curves of 16PSK with full apportioning at the
transmitter. The excess bandwidth a.; = 0.5.
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4.5.7 Block Decoding of PSK Signals in a Time
Dispersive Channel

We consider a two-ray multipath channel. The receiver is reached from the
main signal component and a delayed (due to a reflection) version of itself.
The received signal can be expressed as:

:L‘,-(t) = xtr(t) + Peztr(t - tD) + nw(t)
= [oa(CLAN1) + pee*0z5(CA),t ~ D)™ + nuft).

(4.55)

ip is the delay spread and p. regulates the strength of the delayed signal (a
positive real number). This is quite a common case in wireless communication
channels (i.e. cellular mobile radio, indoor wireless communications etc.) and
becomes a source of significant performance degradations. In our analysis,
we consider p. = 0.5 and tp = T. We also assume that mody(w.T) =
4+x(— e T = —1)1°. The premodulation filter Hr(w) is a square root
raised cosine with excess bandwidth ., = 0.3.

4.5.7.1 Uncoded Signals

The uncoded QPSK, 8PSK and 16PSK are evaluated. In Figs. 4.36, 4.37,
4.38, the curves for the following configurations are displayed: i) the exact
bounds of the Z = 7 and Z = 4 block decoders (Z= (IC.Eq.Ap.Ex.Bo.) and
the conventional differential detector

(DD(IC.Eq.Ap.)) under equal apportioning and ideal channel conditions; ii)
the approximate bounds of the Z = 18,7,4 decoders (Z= (Equal.Ap.Bo.})),
iii) the exact bound of the Z = 4 decoder (Z=4(Equal.Ex.Bo.)) and iv) the

10This section intends to provide the means for the analytical evaluation and access
the potential of the proposed receivers in a time dispersive environment. In order to
avoid unnecessary complexity, we use a relatively simple example of a time dispersive
channel. The material described in the rest of this section can be used to evaluate these
receivers with more accurate models of time dispersive wireless personal communication
channels, such as the channels we meet in cellular radio and indoor wireless communication
environments,
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differential detector (DD(Equal.)). The configurations listed under {ii), iii)
iv)} are used with zero forcing equalization. For the QPSK, the curves of
the Z = 4 block decoder (Z=4(Non-Equal.)) and the differential detector
(DD(Non-Equal.)} corresponding to a receiver without equalization (i.e. the
post detection filter is a square root raised cosine filter) are presented as well.
For 8PSK and 16PSK, these last curves are not displayed. The eye diagram
at the output of the post detection filter Hr(w) is closed and the performance
is very poor (outside the range of SER values displayed in the figurcs).

In Table 4.9 the improvements offered by the block decoder as compared
to the differential detector are summarized.

Table 4.9: Gains offered by the Block Decoder versus the sequence length 2.
The comparison is with the conventional differential detector.

GAINS (dB)
QPSK | 8PSK | 16PSK
4] 16 | 16 | 16
27| 24 | 27 | 2%
I8 2.7 | 34 | 34

The first conclusion drawn, by comparing the exact and approximate
bounds for the Z = 4 block decoder, is that the approximate bound is per-
fectly capable of very accurately estimating the performance of the proposed
sequence estimators. The curves of the two bounds are very close and for
high Ey/N, they practically overlap. Also, the approximate bound upper
bounds the exact bound.

Comparing the curves corresponding to the ideal and distorted channel
(with the use of equalizer at the receiver), we conclude that the degradations
suffered by the three MPSK schemes due to the time dispersive nature of the
channel are almost the same. The conventional differential detector loses 3.4
dB. This is the case for the Z = 4 block decoder as well. However, for higher
values of Z, the degradation becomes smaller. For Z = 7, the degradation
due to the distorted nature of the channel, becomes 2.8 dB and for Z = 18
2.2 dB. The Z = 18 decoder reaches the performance of the coherent receiver
which uses the same channel equalization strategy and has perfect knowledge
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of the carrier phase. The Z = 18 receiver achieves an improvement of 2.7
dB for QPSK and 3.4 dB for 8PSK, 16PSK, compared to the conventional
differential detector, For Z = 7, the improvements are 2.4 dB (QPSK) and
2.7dB (8PSK, 16PSK). A reminder, under ideal conditions, the improvement
offered by the Z = 7 decoder (compared to the conventional differential
detector) was 2 dB. Also, in the ideal channel, the distance between Z = 7
and Z = 4 decoders was only 0.4 dB. Now it becomes 1 dB (QPSK) and
1.4 dB (8PSK, 16PSK). We realize that use of block decoders, processing
larger blocks of symbols, provides higher improvements when the channel
experiences time dispersion.
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Figure 4.36: SER performance curves of non-coherently detected QPSK in
the time dispersive channel. The results correspond to the block decoder and
the one-symbol differential detector. When equalized, the receiver uses a zero
forcing equalizer to suppress the ISL. For reference, curves corresponding to

the ideal channel are displayed as well.
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Figure 4.37: SER performance curves of non-coherently detected 8PSK in
the time dispersive channel. The results correspond to the block decoder and
the one-symbol differential detector. When equalized, the receiver uses a zero
forcing equalizer to suppress the ISI. For reference, curves corresponding to
the ideal channel are displayed as well.
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Figure 4.38: SER performance curves of non-coherently detected 16PSK in
the time dispersive channel. The results correspond to the block decoder and
the one-symbol differential detector. When equalized, the receiver uses a zero
forcing equalizer to suppress the ISI. For reference, curves corresponding to
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4.5.7.2 Coded Signals

Code A has been evaluated for operation in the dispersive channel. At the
receiver, a zero forcing equalizer is used to compensate the ISI. The re-
sults are presented in Figs. 4.44 (no differential encoding), 4.45 (differen-
tial encoding). The displayed curves correspond to the block decoder with
Z =15,7,10,12 (Z= (NDE or DE)EQ.) the conventional differential receiver
(Con.Rec.(EQ.)) and the uncoded DBPSK (DBPSK(EQ.)). In Table 4.10 we
list the improvements offered by the block decoder when compared to the con-
ventional differential receiver. In Table 4.11 the block decoder is compared to
the uncoded DBPSK. The block decoder is capable of offering improvements
as high as 3.2 dB and 2.7 dB as compared to the conventional differential
receiver and uncoded DBPSK respectively. Comparing these gains with the
improvements the block decoder achieved in ideal channel (see tables 4.1 to
4.4), we find that they remain at the same levels in respect to the conventional
differential receiver (differential detector and Viterbi decoder); however, the
improvement regarding DBPSK has dropped 1.2 dB. Also, the distance in
the performance (of the block decoder) between the differentially and non-
differentially encoded cases for Z = 5 has been reduced from 0.7 dB to 0.2
dB.

Table 4.10: Gains offered by the Block Decoder versus the codeword length Z.
Code A is used. At the receiver, a zero forcing equalizer is used to eliminate
the ISI. The comparison is with the conventional differential receiver (the
comparison corresponds to SER=10"4).

GAINS (dB)
NDE | DE
5 22 | 25
7128 | 3
Z[T0[ 32 | 32
2132 | 32

155



Table 4.11: Gains offered by the block decoder versus the codeword length Z.
Code A is used. At the receiver, a zero forcing equalizer is used to eliminate
the ISI. The comparison is with the uncoded DBPSK.

GAINS (dB)
NDE | DE
3 1.8 2
7T 2.2 2.5
Z{10f 28 2.8
12 2.9 2.9
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Figure 4.39: SER performance curves of code A (non differentially encoded)
in the time dispersive channel. The results correspond to various non-

coherent receiver configurations. A zero forcing equalizer is used to suppress
the ISI.
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Figure 4.40: SER performance curves of code A {differentially encoded) in
the time dispersive channel. The results correspond to various non-coherent
receiver configurations. A zero forcing equalizer is used to suppress the ISI.
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4.6 PERFORMANCE ANALYSIS OF THE
NON-COHERENT ASYMPTOTICALLY
OPTIMAL DECODER WITH MPSK
SIGNALS

The union bound will be used to upper bound the performance of the asymp-
totically optimal block decoder. However, the bound of the pair wise error
event probability for the asymptotically optimal decoder is different. In the
following paragraphs, a brief description of this bound will be provided. Its
detailed description and derivation is given in Appendix F.

4.6.1 Upper Bound of the Pairwise Error Probability
for the Non-Coherent Asymptotically Optimal
Decoder

The upper bound B Ao[v¢) Of the error probability corresponding to the error

event {C(A¢) — C(A*)} (when the asymptotically optimal decoder is used)
is given by the following expression:

BEwiq for DF(R) 2 0
BFZMO[u.c] = S (4.56)
By + Q(&if.,h_wl) for DF*(R) < 0
with
1 e u?
Qz) = Wi exp{—}du, (4.57)
D*(R) = IST(h,C(AS)) - IST(R,C(A")). (4.58)
Also,

Z-12-1
EDi(ho, k) = Zho+ Y 3 [Re{huck(ci )"} + Re{huci(ch_))"}]  (4.59)

=1 k=l
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and

1 m e oz, o 1 ol = Bpwinel)?
BgW[v.C] = E[APW(C(A"),C(AC))] exp{——2 (GPW[ «l .BPH[ ,(]) } (4.60)

o 2
with
(1 " for QPWg = 0
_ 3¢ [ - Vpw = Vp¢ ] .
Apw(C(A"), C(A) = { ¥ ™ erwner—sosget (161)
1 fo ‘ ”
| \/ZW-;‘Z-I'-!PW[U,(]ﬁPW[u.C] or apwiv) # 0
and
{ apwivgl } _ 1 (lED::Z(hnsf'-)P + |EST 2 = 2Re{(ED,(ho, b)) E{ " yuc }
Bewivg Upp + Uy 1= |yucf?
ED.%(ho, B)|? — |E2)?
|ED, ¢ (ho, h)|* — | E¥| . (4.62)
\/1 = |ucl?
(4.63)
_ 2-1 Z-12-1
Bt =ho Yo ) +2 3 X hilel(cf) + ()] (4.64)
k=0 =1 k=l

(see Eqs.(F.6), (F.12), (F.17) to (F.19) in Appendix F).

For the definitions of v,., vy, V5, 75, see Eqs.(B.8), (B.9) and (B.12)
in Appendix B.

4.6.2 Upper Performance Bound of Symbol
Error Probability.

Following again the concept of the Union Bound, we have:
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1 1
HAO
N -y sy e = 2= D

C(Av)esE,,
2. ne({C(A%) — C(A")})Puao({C(AS) — C(A")})
C{AC)ESe av)
< UnaoB? (4.85)

where Py 40({C(A¢) « C(A")}) is the pairwise probability of the error event
{C(A®) « C(A*)} and PHA% is the overall symbol error probability when the
asymptotically optimal decoder (based on RESK (R, 7, C(A))) is used. Also,

1
UnaoB? = SZ-L=Tp Y. PuaoB®, (4.66)
{C{A)esE )}
with
v 1 A ¢ AV
PuaoB™ = ——2 3 n({C(A) ~ C(A)DBiopar

~ L otaessiam)

(4.67)

We remind the reader that $Zy represents the set which includes all the
possible sequences of length Z (a total of 2(Z“L=“)P) and Se(ivy is the
set which has as members all the elements of SZ; except C(A") Also,
n.({C(A¢) « C(A")}) is the number of symbols in error, associated with
the error event {C(A¢) — C(A*)}.

For the uncoded systems, the evaluation can be performed by using the
approximate bound described in Section 4.2.5 (detailed descnptlon of this
approach can be found in Appendix D).

The approximate bound U,0B% _ is calculated as follows:

app.

1
{C(4") e %y}
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with
E

PyaoBZy = "——( 2 2m| > B sopqll
m=1 {O(A) € c:rnz"}
+ (2m -1)] Z Buao[u.c]])
{C&¢) e GL;,R¥Y)
Z=1

+ (Z-1) Z [ > B soq)) (4.69)

m=[Zrl141 {C(AY) e GY, R%Y)

"’III'I

(for the definitions of G¥;, RZ", GL;.R%*, G2, .R®" see Appendix D). {-]
represents the largest integer, smaller or equal to {-}. As 1t wa.s mentioned in
subsection 4.5.2, the approximate bound requires only szl— of the process-

mg needed by the exact bound. For large Z and M, this is quite a difference
in computational complexity.

4.6.3 Performance Evaluation Results

We use the channel model described in Eq.(4.55). p. = 0.5, ip = T,

modz.(w.T") = +7 and the premodulation filter is a square root raised cosine
with excess bandwidth a., = 0.3.

4.6.3.1 Uncoded Signals

In Figs. 4.41, 4.42, 4.43, the following SER curves are displayed: i) the exact
bound of the Z = 7 block decoder used with an equally apportioned system
operating in ideal channel (Z=7(1C.Eq.Ap.Ex.Bo.)). Its performance is prac-
tically identical to the coherent system; ii) the Z=18 (approximate hound)
block decoder operating in the time dispersive channel, used with a receiver
applying zero forcing equalization (Z=18(Equal.Ap.Bo.)), iii) the Z = 18
(approximate bound), Z = 7 (approximate bound) and Z = 4 (approximate
bound) asymptotically optimal decoder (Z= (AOD.Ap.Bo.)); iv) the Z =4
(exact bound) asymptotically optimal decoder (Z=4(AOD.Ex.Bo.)); v) the
conventional differential detector used with a zero forcing equalized receiver

(DD(Equa.I ).
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In Table 4.12 we summarize the improvements offered by the asymp-
totically optimal decoder versus the sequence length Z. In Table 4.13 the
asymptotically optimal decoder and the block decoder are compared. The
comparison is done between receivers processing sequences of equal size (Z).

The curves drawn for the asymptotically optimal decoder with Z = 4
demonstrate the high accuracy of the approximate bound. Also, for Z = 18,
the asymptotically optimal decoder practically reaches the performance lev-
els of the coherent receiver (with perfect carrier phase reference) operating
in ideal channel'!. Comparison between the curves of the asymptotically op-
timal decoder and block decoder (used with equalization), demonstrates the
superiority of the asymptotically optimal receiver which for Z = 4 outper-
forms the block decoder by 1.6 dB, for Z = 7 by 2 dB and for Z = 18, 2.2 dB.
It is interesting to notice that the asymptotically optimal decoder with Z = 4
is more powerful than the block decoder with Z = 18 and at the same time
requires less processing as compared to the Z = 18 block decoder (roughly
24 times less). Compared to the performance of the conventional differential
receiver, the asymptotically optimal decoder provides improvements of 5.2
dB for QPSK and higher than 5.5 dB for 8PSK, 16PSK. The improvements
reported above become even higher when more severe distortion is present
at the channel. '

1A similar case is met in the case of Partial Response Signals [274] , where when
Viterbi decoding is used, the receiver is capable of recovering almost all the losses due to
ISI{114] and the performance becomes almost as good as that of the ideal Pulse Amplitude
Modulation Signals (PAM) [214].
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Table 4.12: Gains offered by the proposed Asymptotically Optimal Decoder

versus the sequence length Z. The comparison is with the conventional dif-
ferential detector.

GAINS (dB)
QPSK [ SPSK | 16PSK
1] 31 | 31 | 31
2T a4 | 47 | 47
B 49 | 55 | 55

Table 4.13: Gains offered by the Asymptotically Optimal Decoder as com-
pared to the Block Decoder, used with equalization. The comparison is
between decoders processing sequences of equal length (Z).

GAINS (dB)
QPSK | 8PSK [ 16PSK
$] 18 | 1.8 | 16
AN 2 2
18| 22 [22 | 29
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DID(Equal)
Z=4(A0D.ApBo.)

Z=4(AOD Ex.Bo.)
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Za18(Equal ApBo.)
Z=7(IC.Eq.Ap.Ex.Bo.)
Za18(AOD.ApBo.)

i

Figure 4.41: SER performance curves of non-coherently detected QPSK in
the time dispersive channel. The evaluated structures use either the asymp-
totically optimal decoder, the block decoder or the conventional one-symbol
delay differential detector, The last two are used with zero forcing equal-
ization. For reference, curves corresponding to the ideal channel/equal filter
apportioning are also included.
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10°8 =0 Za7(IC.Eq.Ap.Ex.Bo.)
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10°°
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Figure 4.42: SER performance curves of non-coherently detected 8PSK in
the time dispersive channel. The evaluated structures use either the asymp-
totically optimal decoder, the block decoder or the conventional one symbol
delay differential detector. The last two are used with zero forcing equal-
ization. For reference, curves corresponding to the ideal channel/equal filter
apportioning are also included. '
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DIXEqual)
Z=4(A0OD.ApBo.)
Z=4(A0D.Ex.Bo.)
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Eb/No (dB)

26

Figure 4.43: SER performance curves of non-coherently detected 16PSK in
the time dispersive channel. The evaluated structures use either the asymp-
totically optimal decoder, the block decoder or the conventional one symbol
delay differential detector. The last two are used with zero forcing equal-
ization. For reference, curves corresponding to the ideal channel/equal filter

apportioning are also included.
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4.6.3.2 Coded Signals

Code A has been evaluated for operation in the dispersive channel. The
results are presented in Figs. 4.44, 4.45. Fig. 4.44 provides results for the
non-differentially encoded case whereas the results of Fig. 4.45 correspond to
a differentially encoded system. The displayed curves are: i) the Z=5, 7, 10,
12 asymptotically optimal decoder (Z= (NDE or DE)AOD), ii) the Z=12
block decoder operating in ideal channel/equal Nyquist filter apportioning
(Z=12(NDE or DE)IC.Eq.Ap.), iii) the conventional differential receiver used
with a zero forcing equalizer (Con.Rec.{EQ.)) and the uncoded DBPSK also
used with a zero forcing equalization (DBPSK(EQ.)).

In Tables 4.14, 4.15 we list ihe improvements offered by the asymptot-
ically optimal decoder as compared to the conventional differential receiver
and the uncoded DBPSK respectively (both of the last two configurations
are used with a zero forcing equalizer). The results demonstrate that the
asymptotically optimal decoder offers improvements as high as 5.6 dB and
5.5 dB compared to conventional differential receiver and uncoded DBPSK
respectively. Note that the conventional differential receiver has worse per-
formance than the uncoded DBPSK. Comparing the improvements to the
gains achieved when operating in ideal channel, we find that its advantage
has increased by 2.5 dB.

Table 4.14: Gains offered by the Asymptotically Optimal Decoder versus the
codeword length Z. Code A is used. The comparison is with the conventional
differential receiver (the comparison corresponds to a SER=10"1).

GAINS (dB)
NDE [ DE
5 || 4.6 5
ZI7 5 5.2
0y 55 | 5.6
12 56 | 5.6

In Table 4.16 we summarize the improvements offered by the asymptoti-
cally optimal decoder as compared to the block decoder of equal length (Z).
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Table 4.15: Gains offered by the Asymptotically Optimal Decoder versus the
codeword length Z. Code A is used.” The comparison is with the uncoded
DBPSK.

GAINS (dB)

NDE [ DE

5 4.2 | 4.6
27 [ 4.5 5
10 52 | 5.2 |
12755 | 55 |

We see that there is a more than 2 dB improvement between the two receivers.
Notice that the Z = § asymptotically optimal decoder has a superiority of
1.2dB (NDE}) and 1.7 dB (DE) compared to the Z = 12 block decoder (NDE
or DE). Keeping in mind that at the same time the Z = 5 asymptotically
optimal decoder has a complexity in processing load (roughly) 27 times lower
than the Z = 12 block decoder, we realize how powerful the asymptotically
optimal decoder can be in a severely distorted channel.

Table 4.16: Gains offered by the Asymptotically Optimal Decoder as com-
pared to the Block Decoder, used with equalization. The comparison is
between decoders processing codewords of equal length (Z).

GAINS (dB)
NDE | DE
51 25 | 25
T 21 | 23
Z[10] 23 | 23
2 23 | 23
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One interesting point is that for the uncoded schemes the asymptotically
optimal decoder was capable of recovering all the performance loss created
by the time dispersive nature of the channel (and practically reach identical
performance as that of the coherent receiver operating in an ideal AWGN
channel); however, this did not happen in the case of coded signals. There is
a 1 dB distance between what the asymptotically optimal decoder achieved in
the distorted channel and the performance in the ideal channel. The reason
for this loss is the following. In the distorted channel case, the ISI present
in the channel, acts as an additional encoding mechanism, superimposed on
the original code. This modifies the distance metrics. The signal carries
the “coding” applied by cascading the convolutional encoder, the differential
encoder (if present) and the ISL. The “code” resulting from the cascading of
these three encoding processes (we call it super code) has minimum distances
(Euclidean for the coherent systems, DF 40[w¢) for the asymptotically optimal
decoder and D[z‘,‘c for the block decoder) which are smaller as compared to the
ideal channel case. This results in inferior performance. In order to regain the
lost performance, the design of new codes matching the dispersive behaviour
of the channel and the non-coherent nature of the receiver are needed. Their
design should be based on the mazimization of the distance metrics D[i.cl (for

the block decoder) and D% 401, (for the asymptotically optimal decoder).
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DBPSK(EQ.)
Z=5(NDE)AQD
Z=7(NDE)ACD
Za10(NDE)ACD

10 Za12(NDE)EQ.
-4 Z=12(NDE)AQOD
Eg Con.Rec.(EQ.)

Z=12 (NDE)IC.Eq.Ap.

10'71
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107! .
16 18

B

Eb/No (dB)

Figure 4.44: SER performance curves of code A (non differentially encoded)
in the time dispersive channel. The results correspond to various non-
coherent receiver configurations.
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Figure 4.45: SER performance curves of code A (differentially encoded) in
the time dispersive channel. The results correspond to various non-coherent

receiver configurations.
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4.7 PERFORMANCE ANALYSIS OF
LINEAR MODULATIONS WITH
MULTI-AMPLITUDE /PHASE SIGNAL
CONSTELLATIONS

In the present section, we shall limit ourselves to the evaluation of uncoded
systems, however, the analysis to be described applies to coded systems as
well. An upper bound of the pairwise error event probability is needed. This
is used with the union bound to upper bound the overall performance. In
the following paragraphs, a brief description of the basic steps leading to the
analytical evaluation of the non-coherently detected multi-amplitude/phase
signals will be given. '

4.7.1 Pairwise Error Bound for the
Multi-Amplitude/Phase Signal

The error probability PIMADIHAC of 5 multi-amplitude/phase signal can be
upper bounded by UfAP BZ (i.e. PIMADIHAC < i MADBZY where

1 . Y
u'#kngz = m _2 PfﬁAO‘DBZ' . (4.70)
{C(Av)esEy}
with
1 Ar A a2l
Piiio B® = 7L -1 Y n{C(A%) « C(ADNMBE sop.)-
¢ {C(AC)eSe avy}

(4.71)

MBE Aof) is the upper bound of the pairwise error probability correspond-
ing to the error event {C(A¢) — C(A¥)} and equal to

MB’z:w[u'(] for MD%u(ho, E) 2 0
MBIZ:TAO[::,{] =
MBEyt,q + QR for MDY (ho,B) < 0
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(4.72)
with
MD (ho,R) = (M ST(ho, C(AY)) + IST(h,C(A%)))
—(MST(ho,C(A*)) + IST(2,C(A*))).  (4.73)

Z=1f ry2 Z=1 Z2-1
e = AEIL LS RS S con a0
=1 =

(4.74)
Ji = |ei| and A®](k) = {Arg[ct] © Arglci_]}.
We remind the reader that p} = 5,;‘—“(:‘—0?. Ry (7) is the noise autocorrelation
function at the output of the post detection filter. o2 = R, (0).

Also,

AU I h v == - YleY )
MED, ¢(ho, k) = ?0“‘3“2 + 1P+ 2 3 (Re{hief(cfr)"} + Refhuck(chr)"}]
=1 k=l

(4.75)
and
1 e 1 a2, — BMAD |2
MByi,q = 5IMAPw (C(A"), C(AS))] exp{—— —dl 2RIy,
(4.76)
with
(1 for ety =0
! uMAD_yMAD
Mhpw(C(A),C(A)) = 1~ Ggirte oy iy o

for aﬁ‘,‘w‘{'ﬂ(] # 0.

1
MAD MAD
| et R EiRa
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(4.77)

enia b oL (MEDu(he P 4 [MECP
BhWin VIIAD 4 pgAD 1= |nef?
(2Re{(%:;;(ho, k) ME" y/44P)
L—ppd®F
[METD(ho, k)| — [ME(? I
V1 = hid4np2 ’
(4.78)
. Z=12-1 0
ME" = :Z ;[Re{hzck(ck_:)'HRe{h:ci(c}:_:)'}] .
=0 k=
(4.79)
Also,
MAD Z-1 Z-1  2-1
Vo T = ;:lcz|2+kz:p;:§(|crc?_k|+|c;'cr_k|)cosm<1>z(z)),
=0 =1 =
(4.80)
(7 € {»,(}),
¢ L HAGS()-AY . (I-k ¢ H(ABY (1)-ASE , (1—k
UMA‘D[U(]=[kZ ok 2 llefef g ON AR 4 (ol | |emiORO-a2L(-R))
=0 I=k
(4.81)
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and

T?AD -;)34 AD[W:]AD
v M
i +oid™)

(4.82)

vAAP, vfv appe Tepresent the normalized variance and covariance respec-
tively. When E{ngnj;} =0 V 1 # 0 (i.e. when the ni noise terms

happen to be uncorrelated with each other) then v}#4?, v2447 and v§, ADl)
become

VAP = by Z lek |, (4.83)

k=0

v}AP = by 2 |52 (4.84)

k=0
and

Z-1

Vimapi = ho 3 Eleh)". (4.85)
k=0

The distance metric for the multi-amplitude/phase signals is equal to

o2 "
2

The analysis leading to Eqs.(4.72) to (4.86) is identical to what is presented

in Appendix F for PSK signals. The only difference is that the simplifications

associated with (jcx|? = 1) can not be applied due to the multi-amplitude

nature of the signal. Following the steps described in Appendix F, the deriva-
tion of the material presented in this section is straight-forward.

Dfy = (4.86)

4.7.2 Performance Evaluation Results
The asymptotically optimal decoder has been evaluated for a 1L6QAM signal

and operation in an ideal channel perturbed by additive white Gaussian noise.
The results are presented in Fig. 4.46 for various values of Z, together with
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the curves of coherent 16PSK (C16PSK) with ideal carrier synchronization
and differential 16PSK(D16PSK). In Table 4.17 the improvements achieved
by the non-coherent 16QAM scheme (NC-16QAM) as compared to C16PSK
16DPSK are summarized. From the curves we realize that the non-coherent
decoder outperforms the C16PSK by more than 3.5 dB. It also outperforms
D16PSK by about 6 dB. These improvements demonstrate the potential of
the proposed receiver.

Table 4.17: Gains offered by Non-Coherent 16QAM compared to coherent
(C16PSK) and differential (D16PSK) 16PSK versus the sequence length Z.

GAINS (dB)

DI6PSK | CI16PSK
2 03 2.6
5 3.2 12
210 48 26
5 58 3.7
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Figure 4.46: SER performance curves of D16PSK, C16PSK and Non-

Coherent 16QAM (NC-16QAM).
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4.8 PERFORMANCE IN FADING
ENVIRONMENTS

This section will deal with the performance of the block decoder in a (Rician
and Rayleigh) faded environment.

4.8.1 Performance Analysis

The detailed derivation of the pairwise error event probability P;({C(A¢) —
C(A¥)}) for a PSK signal in a (Rayleigh or Rician) faded channel is presented
in Appendix G. Here we shall give the final expression, it being the

PAC(A) = O = QuEanq -fua)

T Vit = Vfg)
25 [(vspn + vpa)? = 4vspql]
1 1 1 fefq+ Blug

I °(a_na”""] Zﬂ![u.(]) exp(— -7 5 )

N

(4.87)

(we remind the reader that Q (-, -} is the Marcum’s Q function [242, p. 585])
and

{ Qflng] } - 1 |E:{v|2 + IE:{( > - 2Re{(E.{,u)-Eic7:{c
Briva) Vs + Vg 1— |2
|BL 12— |EL P

i (4.88
V1=l ) )

i 291 )
T (st + V5

(4.89)

The definitions of Ef E;,'r ¢ Yipe)r Vitvs] and vy can be found in Ap-
pendix G.
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For a strong Rician fading channel (Rician fading factor A, = 10log{ K¢} >
5dB), the expression of Eq.(4.87) can be tightly upper bounded by the fol-
lowing expression:

PA{C(A) = CA))) < BFEq = 5Ar(C(A"), C(A)

1 (o = Brwa)? )
a2 2

exp{— (4.90)

with :
1 for agq =0

A duy Ay EC [1 — bt 4 C10) bt (709 ]
AF(C(A )!C(A )) =3 {("fluu|+U_|'[v(|)="‘||"f|.,cll=]}
1
| /2 e nmalm

for ayjug #0.

(4.91)

For a Rayleigh fading channel (X5 — —oo dB) the pairwise error probability
is reduced to

Py({C(A) — G(A)}) = =[1- {2 k7

2 [(wsn) + 211q))* — 4[”?[.41 RE

(4.92)

In previous sections where the results for an AWGN channel were re-
ported, we used the union bound to eftectively upper bound the overall
performance. However, for the (slow) faded channel case, we have found
that such an approach is not effective. The results provided by the union
bound are quite loose and they do not effectively provide information for the
performance of the system.

To understand the reason behind this, we should recall the “Double Sym-
bol Error” behaviour of the differential detector [176], [199], [224], [235]. The
differential detector has the tendency to produce errors in pairs (i.e. if 2 sym-
bol g, has been decided incorrectly by the differential detector, there is 2 high
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probability that gy4, will be decided incorrectly as well). The mechanism cre-
ating the appearance of errors in pairs comes from the differential detection
process itself. The differential detector makes these decisions by comparing
the phases of (or equivalently generating the difference of the phases by mul-
tiplying) two consecutive received signal samples (see Fig. 2.4 in Chapter 2).
In the decision of gi, the samples received at kT, (k —1)T are involved. The
decision of g4, is based on the samples received at (k+ 1)T, kT. As we see,
the sample at T is involved in both decisions. If this sample happens to be
corrupted by strong noise, it is capable of forcing both decisions to the wrong
side. In [199] [224] [235] this double symbol error mechanism of the signal
has been verified (analytically as well as experimentally and by simulation
means). In these works it has also been shown that as the operating E,/N,
increases, the probability of double errors occurring is reduced.

In a faded channel, the signal envelope fluctuates randomly between zero
and high values. As a result, even when the average E,/N, has high values,
there is a finite probability that the instantaneous E}/N, will reside in low
levels. This i) raises the double symbol error probability and ii) the reduction
of the double symbol error probability with the increase in (average) E,/N,
is lower as compared to the Gaussian noise case [168].

Similar behaviour with the one described above is experienced by the
multiple differential detector. For an AWGN channel, the probability of
multiple symbol error events decreases relatively quickly with the increase
in Ey/N,, leaving the single error events to dominate the performance. This
makes the results given by the union bound tight enough and close to the
actual performance of the system. However, for slow fading channels, the
decrease in multiple symbol error probability is slower. By including all the
possible error events in the union bound, its value becomes considerably
higher from the actual performance of the system.

To overcome this problem, in our work, we have followed an alternative
approach. In Appendix H we have reasoned that a more appropriate bound-
ing approach is to include in the union bound only the error events which
are defined as follows:

{O(‘i() = C’(ﬁ")} = {[CSa vy Ci ejﬂ:gﬂwa v J’%-l]} - {[051 . A clé-l]}
(4.93)
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where | € k < (Z —1). These error events consist of sequences which
differ only in one symbol. As well, the difference between the phases of
these unequal symbols is £3%. In the following paragraphs, the performance
of BPSK, QPSK, 8PSK with multiple differential detection in the fading
channel is examined. The union bound, which includes only the {dominant)
error events described by Eq.(4.93), will be called from now on lower union
bound (LB) in order to be distinguished from cases where all the error events
are used (see Eq.(4.46)). To make the distinction clear in the present and
following sections, we shall be calling the latter upper vnion bound (UB).

4.8.2 Performance Results
4.8.2.1 Rayleigh Faded Channels

In the present section, performance evaluation results for BPSK, QPSK and
8PSK used with the block decoder will be provided. The results to be re-
ported consider that the fading process follows the mobile radio fading model
[174]. The spectrum of the considered fading process is described by the fol-
lowing expression:

2_B2)-t fo B
S(f) = (f #) r |f| £ Br (1.94)

0 elsewhere
where Br represents the fading bandwidth.

In Figs. 4.47, 4.48, 4.49 we provide the results for BPSK, QPSK and
8PSK in a static Rayleigh faded channel (B¢T = 0)!*. We are addressing
non-differentially encoded® and differentially encoded signals. In these fig-
ures, we display curves corresponding to the conventional differential detector

12The term siatic fading channel describes a multipath fading channel whose fading
process is slow enough not to change over the period where the block of the received signal
samples (processes by the decoder) are collected. This occurs when the fading bandwidth
is very small, i.e. when BT = (.

13For practical purposes, all the information symbols can be differentiaily encoded with
reference to the first transmitted symbol in the processed block. Assume that the received
signal samples ¥, Y41, - - -» Ye4+2—-1 are to be processed by the block decoder and the g4,
Gk42y -+ Jk+2-1 information symbols are to be decided. According to the differential
encoding strategy described earlier in the third and fourth chapters, the gi4i information
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(DD) and the block decoder with Z = 3,4,5,10 (Z= (NDE or DE)). For
these results, the lower union bound has been used.

In Tables 4.18, 4.19 the relative performance between the block decoder
and the differential detector is displayed, for various values of sequence length
Z. Table 4.18 summarizes results for non-differentially encoded signals. Table
4.19 refers to differentially encoded signals.

Table 4.18: Gains offered by the block decoder versus the sequence length
Z. The information sequence is not differentially encoded. The comparison
is with the conventional differential detector.

GAINS (dB)
BPSK (NDE) [ QPSK (NDE) | 8PSK [NDE)
3 1.25 1.3 1.3
1 1.7 1.8 18
75 | 22 2.3 23
10 3 3 3

We observe that when the transmitted information has not been differen-
tially encoded, the block decoder is always superior as compared to the dif-
ferential detector. The improvements range between 1.25 dB (Z=3(NDE)) to
3 dB (Z=10(NDE)). The Z=10(NDE) configuration achieves practically the
same performance with the coherent detector (with perfect carrier reference)
operating in the static Rayleigh channel [214, p. 718]. On the contrary,
when differential encoding is used, the performance of the block decoder

symbol (1 £ i < Z - 1) is differentially encoded with reference to the c;4,_, transmitted
symbol and produces ci4;. In the approach which we suggest here, all the information
symbols gx4; are encoded with reference to the ¢; symbol (first symbol in the [ck, cxq1, -+ o
ck+z-1} block of transmitted symbols). ¢; can be the last transmitted symbol from the
previous block of information processed by the block decoder. In the previous block, the
SBMPples Yi—z41, Ye-Z+2, - - - Yk-1, Y& have been processed, and the gi—z42, gk243, - - -
k-1, gi information symbols have becn decided. This method does not require knowledge
of the value of the first transmitted symbol in every processed block. Consequently, these
symbols are part of the information carrying process rather than being used to only provide
some initial symbol reference to the block decoder. As a result, useful resources are not
wasted and the capacity of the system is not reduced.
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Table 4.19: Gains offered by the block decoder versus the sequence length 2.
The information sequence is differentially encoded. The comparison is with
the conventional differential detector.

GAINS (dB)
BPSK (DE) | QPSK (DE) | 8PSK (DE)
3 -0.65 -0.64 -0.64
1 03 0.%5 0.25
AR 01 0.1 01
10 0 0 0

becomes inferior. The disadvantage of the block decoder ranges from 0.64
dB(Z=3(DE)) to 0 dB (Z=10(DE)).

To understand why there is such a change in behaviour between the non-
differentially and differentially encoded cases, we have to look at the mech-
anism of the differential encoding itself and how it is reflected in the error
patterns appearing at the output of the block decoder. In a differentially
encoded sequence, one wrong decision regarding the transmitted symbol ¢
generates two information symbol errors (g, gr+1)- Only in the case where
the error appears at the end of the sequence, i.e. at cz_, the system suffers
only one {instead of two) information symbol error (gz_,). On the contrary,
the differential detector produces one error since it processes and decides only
on one information symbol at a time.

When differential encoding is absent, a wrong decision regarding the
transmitted symbol ¢; always creates only one information symbol error (gi).
This reduces the number of occurring errors in half (compared to the errors
occurring when differentially encoding is used) and provides a performance
superior to the differential detector.

Such behaviour is not new in faded channels. For high E,/N,, the error
probability PS°hNDE) of the coherent detector (for a BPSK signal, using
perfect carrier reference for demodulation) operating in a static Rayleigh
faded channel and processing a non-differentially encoded signal can be ap-
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proximated as [214]

1
Coh{NDE) .,
P 2 __4(E5/No)' (4.95)

The error probability PP? of the differential detector under the same
conditions is approximated by :

pp., _ 1

Fo~smmy (4.96)
The coherent detector produces half the errors of the differential detector
for the same E,/N,. Equivalently, to achieve the same performance levels,
the differential detector needs double the energy of the coherent detector
(i.e. 3 dB additional E,/N,). However, when the coherent detector processes
differentially encoded information, it produces double the errors generated by
the non-differentially encoded case, since every error appearing at its output
generates two information symbol errors after differential decoding. This
reduces its error probability to

1
PEMDEY oy 4.97

¢ 2(Eb/ N, o) ( )
which is identical to the error probability of the differential detector. The
doubling in errors costs 3 dB loss in E;/N,.

As mentioned previously, the performance of the Z = 10 block decoder
(either non-differentially or differentially encoded), is practically equal to the
performance of the coherent detector (non-differentially encoded or differen-
tially encoded). When differential encoding is absent, the Z=10(NDE) de-
coder has a 3 dB superiority compared to the differential detector. However,
when differential encoding is present, the decoder loses its 3 dB advantage
(due to the doubling of errors, its performance is pushed back to the per-
formance of the differential detector). The same effect appears in all the
other configurations of the block decoder examined and results in inferior
performance when differential encoding is present. '

An alternative way to achieve superior performance in the slow fading
channel, even with signals differentially encoded according to Eq.(3.27), is to
apply a combination of sequence estimation and symbol-by-symbol detection.
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This can be done as follows, Let us assume that the yy, Yk+1y oy YhtZe1
samples are processed by the block decoder. The most possible sequence
of information symbols gri1, gkt+2y ++v graz—1 is chosen according to the
sequence estimation strategy which has been described for the block decoder.
However, instead of providing the decisions for all the giy1, graay + - Grrz—1
symbols, the decoder outputs the decision of first symbol (gx41) only. The
following symbol (gi42) will be decided by following the same steps, but this
time processing the yr41, Ye+2, + .., Yr4z samples. By avoiding to decide on
more than one symbol each time, we avoid the occurrence of double error
patterns. The performance of a system following this detection approach is
identical to the performance we achieve by not differentially encoding the
transmitted information sequence (see Figs. 4.47 to 4.49). However, the
processing of the receiver becomes (Z — 1) times heavier as compared to

when the entire block of symbols is decided (rather than only one symbol
each time).
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Figure 4.47: SER performance curves of non-coherently detected BPSK in 2
slow Rayleigh faded channel (B¢T = 0).
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Figure 4.48: SER performance curves of non-coherently detected QPSK in a
slow Rayleigh faded channel (BrT = 0).
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Figure 4.49: SER performance curves of non-coherently detected 8PSK in a
slow Rayleigh faded channel (BrT =~ 0).
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4.8.2.2 Rician Faded Channels

In this section SER results for BPSK and QPSK (both of them differentially
encoded) operating in a Rician faded channel will be provided. We have
used the land mobile fading model described in Eq.(4.94). The evaluations
have been carried out for Rician fading factor Kr = 10dB, 15dB and fading
bandwidth-symbol period products BrT = 0.1,0.2,0.4.

The material to be covered in the following paragraphs, will be sectioned
as follows. First we shall provide results based on the upper union bound and
for different faded channel scenarios. The objective is to make a comparative
study and show how the block decoder {used with various levels of complex-
ity) behaves under different channel conditions. Afterwards, we shall present
simulation results together with the curves provided by the upper and lower
union bounds to provide a clear picture of its strengths and weaknesses.

Study Based on the Upper Union Bound

In Figs. 4.50 to 4.55 (BPSK) and Figs. 4.56 to 4.61 (QPSK) we provide
SER curves for block decoders of different size (2} (Z = (K,/BrT))). For
BPSK we have used Z = 3,4,5,6 and for QPSK Z = 3,4,5,6,8. The curves
in each figure correspond to the same value of K, and BrT and display
results which are calculated by using the upper union bound. We include
in the figures the curve of the differential detector operating under the same
channel conditions (DD(K,/BrT))).

The results presented in these figures lead to the realization that in the
fading channel, an increase in the length of the processed sequence does not
always mean an improvement in performance. On the contrary, the upper
union bound results show that in some cases the differential detector has
superior performance and that increase in the size of the sequence processed
by the decoder, might result in loss of performance instead of improvement,

The curves displayed in Figs. 4.50 to 4.72 show error floors. The figures
reporting results for the Rayleigh fading channel do not show the presence
of error floors. The error floors appearing in the Rician fading channel re-
sults, occur due to the relative large values of fading bandwidth we have used
(BrT = 0.1,0.2,0.4). Both the amplitude and especially the phase fluctua-
tions which impair the transmitted signal, change quite rapidly and as result,
they generate the irreducible error rates we see in the figures. The results
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reported for the Rayleigh fading channel are for very slow fading processes.
The amplitude and phase distortions (introduced to the signal by the fading)

remain unchanged during the transmission of the entire sequence of symbols
(BFT = 0).

In Tables 4.20 (K, = 10 4B, BPSK) , 4.21 (K, = 15 dB, BPSK), 4.22
(K. =10 dB, QPSK), 4.23 (K, = 15 dB, QPSK), we have ordered the vari-
ous configurations of the block decoder and the differential detector, accord-
ing to their relative performance for BpT = 0.1,0.2,0.4. In every column,
the weakest receiver is first and the strongest is last; this order is based on
the results provided by the upper union bound.

Table 4.20: Relative Performance of the Block Decoder and differential de-
tector for various BT products. The channel is Rician with K, = 10 dB.
The signal is BPSK.

BrT
| 01 | 02 ] o4
| DD DD DD

7=3 (BD) | Z=3 (BD) | Z=3 (BD)
=1 (BD) | Z=4 (BD) | 2=4 (BD)
7=5 (BD) | Z=5 (BD) | Z=5 (BD)
7=6 (BD) | Z=6 (BD) | Z=6 (BD)

For BPSK, in most cases an increase in the length of the processed se-
quence (Z) results with an improvement in performance (exception is the
[K. = 15dB, BpT = (.1] case, where the Z = 4 block decoder outperforms
all the other configurations). The same holds for QPSK when BrT = 04.
However, for BpT' = 0.2 there is dramatic change in the order of relative
performance between the various configurations. The order of relative per-
formance is different even for the two different K, factors we have used. The
differential detector is rated as the best. However, there is 2 complete mix up
in the performance order of the various configurations of the block decoder.
For K, = 10 dB the Z = 8 block decoder is the second strongest, followed
by the Z = 3. For K, = 15 dB the Z = 8 still remains the strongest {after
the DD); however, now the Z = 6 becomes the second strongest. One should
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Table 4.21: Relative Performance of Block Decoder and differential detector
for various BpT products. The channel is Rician with K, = 15 dB. The

signal is BPSK.

BT

0.1 I 0.2

DD

[ 0.4

DD

DD

Z=3 (BD)

Z=3 (BD)

7=3 (BD)

Z=5 (BD)

7=1 (BD)

"Z=4 (BD)

7=6 (BD)

7=5 (BD)

7=5 (BD)

7=4 (BD)

Z=6 (BD)

Z=6 (BD)

Table 4.22: Relative Performance of Block Decoder and differential detector
for various BrT products. The channel is Rician with X, = 10 dB. The

signal is QPSK.

BrT

01| 02 | 04
7Z=8 (BD) | Z=5 (BD) DD
Z=6 (BD) | Z=4 (BD) | Z=3 (BD)
Z=>5 (BD) | Z=6 (BD) | Z=4 (BD)
Z=4 (BD) | Z=3 (BD) | Z=5 (BD)
Z=3 (BD) | Z=8 (BD) | Z=6 (BD)

DD DD Z=8 (BD)
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Table 4.23: Relative Performance of Block Decoder and differential detector
for various BrT products. The channel is Rician with K. = 15 dB. The

signal is QPSK.

BT

0.1 0.2 0.4

=8 (BD) | Z=4 (BD) DD
Z=6 (BD) | Z=5 (BD) | Z=3 (BD)
Z=5 (BD) | 2=3 (BD) | Z=4 (BD)
Z=3 (BD) | Z=6 (BD) | Z=5 (BD)
DD Z=8 (BD) | Z=6 (BD)
Z=4 (BD) DD Z=8 (BD)

observe that the Z = 4 and Z = 5 decoders exchange the order in which
they appear, as we move from K, = 10 dB to K, = 15 dB. For BpT = 0.1
there is a pattern indicating deterioration in performance with increase in
Z. The only exception is again the Z = 4 decoder where for K,= 15 dB
becomes the strongest (recall that exactly the same behaviour is observed
in BPSK). Additional results for 8PSK, not presented in this document, in-
dicate that this “anarchy” in order of performance becomes even stronger
for 8PSK. This suggests that the task of drawing rules characterizing and
predicting the performance of the block decoder in the fast Rician channel
becomes more and more difficult as we move to denser PSK constellations.
An explanation for the reason leading to this behaviour follows.

A PSK signal becomes more vulnerable to random phase fluctuations as
its constellation becomes denser, simply because the (phase) distance be-
tween adjacent points becomes smaller. For a BPSK, the phase distance
between adjacent points is 180°, for QPSK 90° and for 8PSK 45°. The large
phase distance of BPSK (between its constellation points}, gives it an invul-
nerability to phase fluctuations. For the BPSK signal and for a large range
of the Ey/N, scale, the main source of performance degradation is the signal
envelope fluctuations introduced by the fading. The correctness of this state-
ment can be verified by observing Fig. 4.68. As we see, the performance of
the differential detector is practically independent from the value of the BpT'
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product. For the same K, the curves corresponding to BgT = 0.1,0.2,0.4
practically overlap'?. In this case, the block decoder has an unquestionable
advantage over the differential detector, since by processing a large number of
signal samples it is capable of gathering more signal energy before it makes a
decision. This gives a performance superiority and {almost) a constant trend
in performance improvement as Z becomes higher.

On the contrary, QPSK, by having smaller distance between its constel-
lation points, is more vulnerable to phase fluctuations. This makes the phase
fluctuation factor capable of taking over the performance, becoming the dom-
inant source of degradation at earlier values of Ey/N, (compare Figs. 4.68
and 4.73), generating higher error floors for the system. As the distance
between signal samples increases, the coherence between phase fluctuations
corrupting these samples is reduced. The conventional differential detector
processes the signal samples yi, yx—, which due to the short distance in
time (one symbol period), they have quite a high degree of coherence be-
tween their randomly fluctuating phases when BpT is relatively small. On
the contrary, the block decoder processes a block of samples. If this block
is quite large, the block decoder is bound to process signal samples having
small correlation between their randomly fluctuating phases. This generates
losses in the performance of the block decoder. When the fading bandwidth
increases and even consecutive signal samples lose their phase coherence (be-
tween their random phase fluctuation values), the differential detector loses
the mechanism which gave it some advantage over the block decoder. As a
result, its performance deteriorates. At the same time, the block decoder, by
accurnulating higher energy levels though its block processing nature, makes
it possible to provide more accurate decisions.

Based on the above results, it is quite difficult to predict the performance
of the block decoder in the faded channel through accurate and reliable rules.
We can say that for a fast faded process (large BrT'), decoders with large
values of Z provide some improvement. However, as we move to lower BT
products, the situation becomes unclear. For small BrT products it seems
that by increasing Z, the performance deteriorates. These comments are

140ne more reason leading to this behaviour is the fact that the BPSK constellation
has only two points, them being opposite to each other. Phase fluctuations generate only
eye closure at the eye diagram but they do not introduce crosstalk between inphase and
quadrature channels.
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supported by Figs. 4.68 to 4.72 which correspond to QPSK. We see that
while the Z = 3 block decoder performs better in slower fading channels
(i.e. channels with smaller BrT, see Fig. 4.68), the Z = 8 decoder performs
better in fast faded ones (see Fig. 4.72). The rest of the decoders have a
behaviour in the middle (for example the Z = 5 decoder performs better for
[Kr =10 dB, B¢T = 0.4] than [K, = 10 dB, B¢T = 0.2] but performs the
best for [K, = 10 dB, BT = 0.1) (see Fig. 4.70). By observing these figures
we can see a tendency of the block decoder to favour operation in faster
faded channels as Z increases. However, these rules are very loose. There
is a very strong (and non-linear) relation between Z and the parameters
defining the fading channel (K,, BT, fading model). Every case has to
be looked independently if a decision for the choice of a system is to be
made. The characteristics of the channel have a very strong effect on the
performance especially for block decoders with large values of Z. For a

different fading channel model we can see quite a change in the behaviour of
the block decoder.

It was mentioned earlier that block decoders which process large blocks -
of received samples (Z large) seem to behave better in fast faded channels
whereas their performance deteriorates as the bandwidth of the fading pro-
cess is reduced (for example, compare the Z = 6 block decoder with BPSK
in Figs. 4.51, 4.52 and the Z = 8 block decoder with QPSK in Figs. 4.57,
4.58). A heuristic explanation for this behaviour is the following. Reduction
of the fading bandwidth makes the fading slower and increases the memory
of the fading process. Since the block decoder is a sequence estimator, it
is affected by the correlation properties of the channel impairments. Gener-
ally speaking, the more correlated the impairment is, the more degradation
causes to the system. However, when the fading bandwidth increases, the
fading becomes more and more uncorrelated and its memory is reduced (for
large values of fading bandwidth, the diffused signal component appears as
AWGN which corrupts the direct signal component). Without correlation in
the fading process, the mechanism impairing the performance of the block
decoder disappears and the performance of the block decoder bounces back
to lower error rates.
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Figure 4.50: SER performance curves of non-coherently detected BPSK in
a2 Rician faded channel with K, = 10 dB and BpT = 0.1. The displayed
curves for the block decoder are based on the upper union bound.
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Figure 4.51: SER performance curves of non-coherently detected BPSK in
a Rician faded channel with K, = 10 dB and B¢T = 0.2. The displayed
curves correspond to the upper union bound.
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Figure 4.52: SER performance curves of non-coherenf.ly detected BPSK in
a Rician faded channel with K, = 10 dB and BrT = 0.4. The displayed
curves for the block decoder are based on the upper union bound.
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Figure 4.53: SER performance curves of non-coherently detected BPSK in
a Rician faded channel with K, = 15 dB and BrT = 0.1. The displayed
curves for the block decoder are based on the upper union bound.
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Figure 4.54: SER performance curves of non-coherently detected BPSK in
a Rician faded channel with K, = 15 dB and BrT = 0.2. The displayed
curves for the block decoder are based on the upper union bound.
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Figure 4.55: SER performance curves of non-coherently detected BPSK in
a Rician faded channel with K, = 15 dB and BrT = 0.4. The displayed
curves for the block decoder are based on the upper union bound.
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Figure 4.56: SER performance curves of non-coherently detected QPSK in
a Rician faded channel with K, = 10 dB and BrT = 0.1. The displayed
curves for the block decoder are based on the upper union bound.
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Figure 4.57: SER performance curves of non-coherently detected QPSK in
a Rician faded channel with K, = 10 dB and BT = (.2. The displayed
curves for the block decoder are based on the upper union bound.
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Figure 4.58: SER performance curves of non-coherently detected QPSK in
2 Rician faded channel with K, = 10 dB and BT = 0.4. The displayed
curves for the block decoder are based on the upper union bound.
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Figure 4.59: SER performance curves of non-coherently detected QPSK in
a Rician faded channel with K, = 15 dB and BrT = 0.1. The displayed
curves for the block decoder are based on the upper union bound.
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Figure 4.60: SER performance curves of non-coherently detected QPSK in
a Rician faded channel with K, = 15 dB and BpT = 0.2. The displayed
curves for the block decoder are based on the upper union bound.
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Figure 4.61: SER performance curves of non-coherently detected QPSK in
a Rician faded channel with K, = 15 dB and BrT = 0.4. The displayed
curves for the block decoder are based on the upper union bound.
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Figure 4.62: SER performance curves of the differential detector (DD) for a
BPSK signal in Rician faded channels with K, = 10 dB,15 dB and BrT =
0.1,0.2,0.4.
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Figure 4.63: SER performance curves of the block decoder (BD) with Z=3
for a BPSK signal in Rician faded channels with K, = 10 dB,15 dB and

BrT = 0.1,0.2,0.4. The displayed curves correspond to the upper union
bound.
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Figure 4.64: SER performance curves of the block decoder (BD) with Z=4
for a BPSK signal in Rician faded channels with K, = 10 dB,15 dB and
BrT = 0.1,0.2,04. The displayed curves correspond to the upper union
bound.
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Figure 4.65: SER performance curves of the block decoder (BD) with Z=5

for a BPSK signal in Rician faded channels with K, = 10 dB,15 dB and

BrT = 0.1,0.2,0.4. The displayed curves correspond to the upper union
bound.
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Figure 4.66: SER performance curves of the block decoder (BD) with Z=6
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Figure 4.67: SER performance curves of the différential detector (DD) for a
QPSK signal in Rician faded channels with K, = 10 dB, 15 dB and BT =
0.1,0.2,04. '
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Figure 4.68: SER performance curves of the block decoder (BD) with Z=3
for a QPSK signal in Rician faded channels with K, = 10 dB,15 dB and

BrT = 0.1,0.2,0.4. The displayed curves correspond to the upper union
bound.

. 214



10°!
102
1073
1074
»n10°S
1078
107
10°8
109
107!
107!
107!
107!
107!
107!

——
——
——
—p—
e,
Y

Z=4(10DBN.1)
Z=4(10DBN.2)
Z=4(10DBN0.4)
Z=4(15DBN0.1)
Z=4(15DBN.2)
Z=4(15DBN.4)

IKr=10 dB

Krz15 dB

10 12

14 16 18 20 22 24
Eb/No (dB)

Figure 4.69: SER performance curves of the block decoder (BD) with Z=4
for a QPSK signa! in Rician faded channels with K, =10 dB,15 dB and
BrT = 0.1,0.2,0.4. The displayed curves correspond to the upper union
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Figure 4.70: SER performance curves of the block decoder (BD) with Z=5
for a QPSK signal in Rician faded channels with K, = 10 dB,15 dB and
BrT = 0.1,0.2,0.4. The displayed curves correspond to the upper union

bound.
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Figure 4.71: SER performance curves of the block decoder (BD) with Z=6
for a QPSK signal in Rician faded channels with K, = 10 dB,15 dB and

BrT = 0.1,0.2,0.4. The displayed curves correspond to the upper union

bound.
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Figure 4.72: SER performance curves of the block decoder (BD) with Z=8
for a QPSK signal in Rician faded channels with K, = 10 dB,15 dB and
BrT = 0.1,0.2,0.4. The displayed curves correspond to the upper union

bound.
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Study Based on the Upper/Lower Union Bounds and on Simula-
tions

Up to this point, we have presented the analysis and studied the behaviour
of the block decoder based on results of the upper union bound. However, in
section 4.8.2, we have mentioned that for slowly faded channels, the upper
union bound might be giving quite pessimistic results for the performance
of the block decoder. Even though the Rician faded channels examined in
this section are much faster compared to the static Rayleigh channel which
we dealt in the previous subsection, they might still be slow enough that
the lower union bound could provide results closer to the actual system’s
performance. For example, the BpT = 0.1 channel has a correlation be-
tween the fading terms corrupting adjacent signal samples equal to 0.912; for
BpT = 0.2,0.4 this correlation becomes 0.671 and -0.04 respectively. The
objective of the material covered in the rest of this section is to make a com-
parative study between the accuracy of upper and lower union bounds by
comparing them with Monte Carlo computer simulations!®. This will also
provide an accurate picture of the performance levels achieved by the block
decoder, as compared to the differential detector.

In Figs. 4.73 to 4.84 we display the upper (Z= (K,/BrT)UB) and lower
(Z= (K,/BfrT)LB) bounds of the block decoder together with simulation
results (Z= (X,/BrT)SIM.). We also irclude the curve of the differential
detector to make the comparisons easier (DD(K,/BrT)). The curves cor-
respond to all the channel scenarios with K, = 10 dB examined previously

and they are carried out for QPSK. The block decoders examined are the
Z=13,4,5,6.

In Tables 4.24, 4.25 we list the improvements offered by the block de-
coder as compared to the differential detector for various combinations of Z
and BpT. The values summarized in Table 4.24 correspond to a SER=10"2
whereas Table 4.25 gives values for SER=10"3. Wherever an Error Floor in-
dication appears, it means that one of the two compared systems experiences

'“For BER or SER in the range of 10~* and higher, the Monte Carlo simulations re-
ported in this thesis have been run until at least 100 errors were counted. This gives high
confidence in the simulation results. For BER or SER, below 10~*, the simulations had
to be terminated prior to the counting of 100 errors, due to the long time required to
complete the simulation. The simulation curves displayed in the various figures present
the average curves which pass through the simulation points.
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error floor higher than the SER value.

Table 4.24: Gains achieved by the Block Decoder versus the sequence length
Z and the BrT product. The channel is Rician faded with X, = 10 dB. The
signal is QPSK. The comparisons are made with the conventional differential
detector and correspond to a SER=10"2. For the comparisons, the Monte
Carlo simulation results (we refer to the block decoder) are used.

GAINS (dB)
BrT =01 BrT =02 BrT =04
3 1.4 1.5 4
4 0.8 1.5 6
Z ?ﬂ 0.5 0.5 6.5
6 | 1 1 7.5

Table 4.25: Gains achieved by the Block Decoder versus the sequence length
Z and the BrT product. The chanrel is Rician faded with K, = 10 dB. The
signal is QPSK. The comparisons are made with the conventional differential
detector and are referred to a SER=10"3. For the comparisons, the Monte
Carlo simulation results (we refer to the block decoder) are used.

GAINS (dB)
BT =01 | BFT =02 | BrT =04
3 1 Error Floor | Error Floor
4 0.5 Error Floor | Error Floor
Z15 -2.5 Error Floor | Error Floor
6 || Error Floor | Error Floor | Error Floor

The results summarized through the two tables and displayed in the form
of curves in Figs. 4.73 to 4.84, demonstrate that the performance projec-
tions provided by the upper union bound improve as the fading bandwidth
increases. We see that for BT = 0.4, the simulation curves are very close
to the upper bound results. For BpT = 0.1 the simulation results seem to
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be roughly in the middle between upper and lower bound (at least for the
lower E,/N, area). We also see that the upper bound gives a more accurate
picture regarding the level of the error floor and the range of Ey/N, values
where the error floor starts to appear.

Tables 4.24, 4.25 show that for high values of BrT, the block decoder
is superior compared to the conventional differential detector'®. The gains
improve as the block length (Z) increases. From Table 4.24 we see that for
BpT = 0.4 and at a SER=10"2, the block decoder with Z = 6 outperforms
the differential detector 7.5 dB. Also, Fig. 4.84 shows that the Z = 6 block
decoder has an error floor almost one order of magnitude lower from the error
floor of the differential detector. At lower values of BT (i.e. BpT = 0.1),
the block decoder seems to have a small advantage for SER in the range of
10~? and higher. This advantage decreases at lower SER.In several cases,
the error floor of the block decoder is higher from the error floor of the
differential detector. Another observation is that for BFT = 0.1, the block
decoder seems to achieve the best performance when the block length Z = 3.
Further increase in the size of the block length penalizes the performance and
eventually, the block decoder becomes inferior to the conventional differential
detector.

1Two applications where we meet channels corrupted by fast multipath fading are the
acronautical communications and EHF personal communications. Both communication
services can be benefited from the proposed non-coherent technology.
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Figure 4.73: SER performance curves of the block decoder (BD) with Z=3 for
a QPSK signal in 2 Rician faded channel with K, = 10 dB and B¢T =0.1.
The displayed curves correspond to the upper (UB) and lower (LB) union
bounds and to Monte Carlo simulations. We also display the curve of the
differential detector under the same channel conditions.
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Figure 4.74: SER performance curves of the block decoder (BD) with Z=3 for
a QPSK signal in a Rician faded channel with K, = 10 dB and BT =0.2.
The displayed curves correspond to the upper (UB) and lower (LB) union
bounds and to Monte Carlo simulations. We also display the curve of the
differential detector under the same channel conditions.
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Figure 4.75: SER performance curves of the block decoder (BD) with Z=3 for
a QPSK signal in a Rician faded channel with K, = 10 dB and BrT =0.4.
The displayed curves correspond to the upper (UB) and lower (LB) union
bounds and to Monte Carlo simulations. We also display the curve of the
differential detector under the same channel conditions.
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Figure 4.76: SER performance curves of the block decoder (BD) with Z=4 for
a QPSK signal in a Rician faded channel with K, = 10 dB and BT =0.1.
The displayed curves correspond to the upper (UB) and lower (LB) union
bounds and to Monte Carlo simulations. We also display the curve of the
differential detector under the same channel conditions.
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Figure 4.77: SER performance curves of the block decoder (BD) with Z=4 for
a QPSK signal in a Rician faded channel with K, = 10 dB and BT =0.2,
The displayed curves correspond to the upper (UB) and lower (LB) union
bounds and to Monte Carlo simulations. We also display the curve of the
differential detector under the same channel conditions.
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Figure 4.78: SER performance curves of the block decoder (BD) with Z=4 for
a QPSK signal in a Rician faded channel with K, = 10 dB and BT = 0.4.
The displayed curves correspond to the upper (UB) and lower (LB) union
bounds and to Monte Carlo simulations. We also display the curve of the
differential detector under the same channel conditions.
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Figure 4.79: SER performance curves of the block decoder (BD) with Z=5 for
a QPSK signal in a Rician faded channel with K, = 10 dB and BT =0.1.
The displayed curves correspond to the upper (UB) and lower (LB) union
bounds and to Monte Carlo simulations. We also display the curve of the
differential detector under the same channel conditions.
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Figure 4.80: SER performance curves of the block decoder (BD) with Z=5 for
a QPSK signal in a Rician faded channel with K, = 10 dB and BrT = 0.2.
The displayed curves correspond to the upper (UB) and lower (LB) union
bounds and to Monte Catlo simulations. We also display the curve of the
differential detector under the same channel conditions.
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Figure 4.81: SER performance curves of the block decoder (BD) with Z=5 for
a QPSK signal in a Rician faded channel with K, =10 dB and BrT = 0.4.
The displayed curves correspond to the upper (UB) and lower (LB) union
bounds and to Monte Carlo simulations, We also display the curve of the
differential detector under the same chanrel conditions.
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Figure 4.82: SER performance curves of the block decoder (BD) with Z=6 for
2 QPSK signal in a Rician faded channel with K, = 10 dB and BrT = 0.1.
The displayed curves correspond to the upper (UB) and lower (LB) union
bounds and to Monte Carlo simulations. We also display the curve of the
differential detector under the same channel conditions.
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Figure 4.83: SER performance curves of the block decoder (BD) with Z=6 for
a QPSK signal in a Rician faded channel with K, =10 dB and BT = 0.2.
The displayed curves correspond to the upper (UB) and lower (LB) union
bounds and to Monte Carlo simulations. We also display the curve of the
differential detector under the same channel conditions, ‘
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Figure 4.84: SER performance curves of the block decoder (BD) with Z=6 for
a QPSK signal in a Rician faded channel with K, = 10 dB and BsT = 0.4.
The displayed curves correspond to the upper (UB) and lower (LB) union
bounds and to Monte Carlo simulations. We also display the curve of the
differential detector under the same channel conditions.
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4.9 REDUCED COMPLEXITY RECEIVERS
FOR LONG DATA SEQUENCES

The receivers described up to this point, have one drawback. Their complex-
ity increases exponentially with the size of the transmitted sequence Z. The
objective of this section is to indicate simple ways to overcome this prob-
lem. Below, two different approaches are described: one is based on block
decoding, the other on multiple differential detection. The use of differential
encoding is mandatory for both receivers.

4.9.1 A Sliding Window Implementation of the
Non-Coherent Receiver

Let us consider the trellis diagram of Fig. 4.85. In the diagram various
diverging and re-emerging paths are indicated. Let us assume at this point
that we wish to process in the decoder only the samples received between
kT and (k+ L)T (a total of L y samples with L < (Z — k — 1), Z being
the length of the transmitted sequence). Since the trellis diagram extends
outside the area we are considering to use for detection, we realize that
there are several possible error events which might have started before kT
and others remaining in divergence after (k + L)T. Due to the truncation
applied, the diverging paths of these error events are not allowed to grow
to their full extent. As a result, the distances associated with these error
events are reduced and the probabilities of erroneous decisions increase. The
consequence is that symbols close to the beginning and end of the (kT, (k +
L)T) interval have greater chances of being decoded erroneously.

For high Ey/N,, most of the errors are associated with divergences cor-
responding to the most dominant (i.e. having the smallest distance) error
events. Consequently, if we ensure that all the possible error events influ-
encing decision have at least the distance of the most dominant error event,
we should not expect considerable losses in terms of performance by apply-
ing the truncation. In order to achieve this, we do not decide the first
and last lyg symbols (l integer, s < L) ie. only decisions regarding the
Gk+lygs Gkebloa+1s * * * y Gkt L-lpg+1 Symbols are provided. The chosen value of
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has to be large enough in order to ensure that no error events initialized before
kT can re-emerge, having accumulated distance less than the (non-coherent)
minimum distance of the code. For this reason, lyy should be greater or at
least equal to the length of the most dominant error events. In the next de-
coding round, the decoder should start processing the y; in the time interval
((k+ L ~hq+1)T,(k+2L —24;)T) and the decisions which will be provided
concern the symbols geir41,, up t0 Grs2p—20441-

In uncoded MPSK the lack of memory (due to the absence of coding)
and the fact that the trellis diagram has transitions from every state towards
every state (see Appendix C and Fig. C.1) creates dominant {(i.e. mini-
mum distance) error events with a length equal to 1. In this case, ly; = 1.
Consequently, when the symbols g, gkst41,- -, gk+r are to be decided, we
have to process the samples yx_y, Yiy... ¥r+z. At the next interaction, the

Yk+Ly Ykt Li1s -+ o2 YeaaL41 are processed and the Gippyr, Geersa - s Grsara
are decided.
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4.9.2 A SEMDD Receiver Based on a Truncation
Strategy

4.9.2.1 Structure of the Receiver

In section 4.4.2, where the SEMDD structure was presented, it was men-
tioned that a total of (Z ~ 1) differential detectors are needed to implement
the receiver. Our approach towards providing reduced complexity receivers
with SEMDD is to truncate the number of differential detectors used to a
maximum of A, where A is an integer and 1 < A € Z — 1. In this case, the
metric 2P(§, C(A)) is approximated by

Z-1 w .‘
PP (0,3, C(A)) = 30 Ti Y Tu-ild] (k) cos(AO(k)) + d (k) sin(AO(K))]

k=1 =1

(4.98)
where

{k for1<k<A
w=

A fork> M. (4.99)

For PSK signals, (Jx = 1). The value of A regula.tes the complexity and
performance of the receiver. An equivalent expression for t.he =2(3,C(A))
presented in Eq.(4.34), is the following:

pa PP (A, Z T Re{yi( Zyk Teie?d®E)Y - (4.100)

i=1

Replacing =P (7,C(A)), (EP(7,C(A))) with the approximate expressions
pMPP (A, 5,C(A)) (pMPP(X,§,C(A))) respectively in the formulas of the

metrics presented in Eqgs. (4.28) to (4.31) we get the following expressions:

Qo 1, CB) = el 5 T2 +(E 5 GcaRe(hie )

k=1 I=1
[=5(y )+2soMDD(A,y, C(A)]E
I N )
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(4.101)

Z-1 Z-1 o )
Q;”AL(IIO! E?ga C'(A)) = _%-9' E JJ? - Z JkZﬁ_lRe{h;eJAe'(H}

k=0 k=1 =k
+ ([E5(5) +20MPP(A, §,C(A))E.

(4.102)

For PSK signals, the metrics corresponding to Eqs.(4.30)-(4.32) are:
Z-1 w
QP (R, 3,C(A) = exp{-5-I(Y 3 Re{hieitou))
2 k=1l=1
%) + 2020, 5, CANIE
N,

Io(

(4.103)

Z2=1 w
QK (2, 5,C(A)) = —X 3 Re{hei2®h)

k=1 i=k
+ EE@) +20MPP(), 5, C(A))3,

(4.104)

(A, 7,C(A)) = p}PP(A,7,C(A)) (4.105)

with £ being either 1 or 2. It should be noticed that in Eqs.(4.101) to (4.104)
the term associated with the presence of ISI, has been changed as well, in

order to account for the truncation applied on the multiple differential de-
tectors. '

The maximization of Q¥AL(ke,k, 7, C(A)) (QPK(R,5,C(A))) is quite
inappropriate to be implemented in a recursive way, due to its structure
(the problem being the presence of the Bessel function term). However,
QfAL(k,5,C(A)), QF¥(R,§,C(A)) and Qs(),5,C(A)) have expressions
which permit carrying out the maximization process recursively. To give
an idea of the structure and complexity level of the required algorithm,
we present the recursive algorithm carrying out the maximization of the
Q3(), §, C(A)) in the following section. For Q¥4L(1, 7, C(A)), QPSK (), 3,C(4))
the algorithms' described in [149] can be used. '
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4.9.2.2 Description of the Recursive Algorithm

The implementation of the receiver, requires a decoder with a total number

of
Npr =N .VB2('\*1) (1.106)

states where N represents the number of states, in the trellis diagram of the
original code and Np the number of branches diverging from (or equivalently

reemerging to) the states of the code. The states are represented as G; with
1 <1< Ny

The choice between p}/P2(X,5,C(A)) and pMPP(\,7,C(A)) to imple-
ment the MDD algorithm, influences the implementation of the receiver. In

the following paragraphs, algorithms based on both metric expressions will
be presented and the levels of their complexity will be examined.

Algorithmi kased on pMPD() §, C(A))

The operation of the decoder, requires the execution of four different
steps in each (recursive) interaction. The tasks executed by these functions
are the recursive updating of the required metric quantity, the decision of the
survivors and the decoding of the transmitted information by tracing back

the strongest (i.e most possible) survivor path. A more detailed description
of the four steps follows:

Step 1

The survivor metrics Mg, (k) are calculated for all the states G, (1 <
# < Nr). The calculation starts by determining the value of the quantity

WE, (k) = maz[¥5 (k) + Mg,(k — 1)) (4.107)

where G; € {X4,}. Xg, is the set which includes as members all the states
with transitions towards G,. Also,

Vg, c,(k) = di(k) cos(AUFH ) + dR (k) sin(AUS%) . (4.108)
‘ AUf“'G‘ depends on the transition from G; to G,. Its value is equal to the

value A@,(k) has when the transmitted information sequence A is such that
the path of the transmitted sequence transits from G; to G,, at k7.
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After W (k) has been calculated, the path whose metric has been chosen
as W, (k) becomes the survivor path going through G,.

Step 2
The path metrics Mg, (k) are updated as follows:
Mg, (k) = Q};“(k) + Wén(k) (4.109)
with
A=1 G
Q& (k) = Y (df (k) cos(AV,*) + d? (k) sin(AV)) . (4.110)
=t

The value of AV,G“ (1 <1 <(X—1)) depends only on the state G,,. Its value
is equal to the value AG{k) has, if the path of the transmitted sequence
passes through G, at kT

Step 3

The quantity T(k) which corresponds to the metric of the most possible
survivor, based on information accumulated up to time kT, is selected as
follows:

T(k) = maz[Mg,(k)] where 1 <1 < Nr. (4.111)

Step 4

The path, whose metric has been selected as Y(k), is traced back DL
steps (DL being a positive integer) and the information symbol gr_pr is
decided. DL corresponds to the decoding depth. The process is repeated
for the next time instant kT + T, and so on. It is to be noticed that when
A =1 (i.e. only one differential detector with delay element equal to the
symbol period is used), the decoder described above becomes identical to the
conventional Viterbi decoder. In this case, step 2 is not performed.

When the df(k), d?(k) (1 <! < )) are provided by a bank of A dif-
ferential detectors, the processor has to execute in each recursive interac-
tion (2Np +2A) Ny multiplications, (2Np + A) N additions/subtractions and
(Ng — 1)N7 4+ 1 comparisons.

Algorithm based on p}MPD(), 3, C(A)):
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The recursive operation of this decoder requires the execution of four
steps as well. The two algorithms differ only in the first two steps, whereas

the last two are identical for both cases. Hence, only the two first steps of
this algorithm are described below.

Step 1
For each stage G, , calculate the path metrics
Wé,.c.(k) = U, 6.(K) + Mo, (k ~ 1) (4.112)
with
UE, 6. (k) = Re{yés, 6. (k) (4.113)
and

E6Gi (k) = Yot + [Eau(k — 1) — gror e OULNGONT) | (4114)

Step 2

After W& . (k) have been calculated, the Mg, (k) is chosen as follows:

Mg, (k) = maz[W§ (k)] for 1<i<Np. (4.115)

The path whose metric has been decided as being the Mg, (%), is cho-
sen as the survivor which passes through G, at kT. Afterwards, the value of
€6,.6.(k) corresponding to the survivor path is decided as Egu(k), and is used
in the next step as indicated by Egs.(4.114), (4.115). The interaction con-

tinues by executing the two last steps (3™ and 4**) described in the previous
algorithm.

The implementation of the algorithm in its present form, requires the
execution of 8 Ng Ny of multiplications, 9Ng Nr additions/subtractions and
(NB — 1){Nr + 1) comparisons in each recursive step. Comparing the pro-
cessing load required by the two approaches, we realize that the first one
definitely has an advantage when the number of differential detectors, (i.e.
) is less than 3Ng(A < 3Np). However, it requires higher load of IF pro-
cessing. There is not a clear distinction as to which of the two approaches
is more proper. The choice should be based on the special features of the
particular application and the environment where the system will operate.
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4.9.3 Performance Evaluation of the Truncated Mul-
tiple Differential Receiver

In Appendix I, the detailed analysis leading to the evaluation of the truncated
multiple differential detection sequence estimator is given. Briefly described,
the method works as follows. First, the error probabilities of the pairwise er-
ror events are upper and lower bounded. The upper and lower bounds of the
pairwise error event probabilities are used with the union bound to provide
upper and lower bounds for the performance of the receiver. To avoid unnec-
essary complication of the text, we shall limit the rest of this section to the
presentation of the performance evaluation results. However, the interested
reader can find a detailed description of the analysis in Appendix I. Below,
we shall report results for Code A as well us the uncoded QPSK and 8PSK.

Fig. 4.86 provides SER curves for Code A'". The following curves are dis-
played. The upper and lower bounds of the truncated MDD sequence estima-
tor for A = 4 ((lamda=4,UB), (lamda=4,LB)). The curves of the truncated
MDD receiver operating in an ideal channel for A = 2,3,4 based on Monte
Carlo simulations (lamda= ,5im.AWGN). The curve of the truncated MDD
receiver for A = 2 operating in a Rician faded channel with K, = 10 dB
and BrT = 0.1 (lamda=2,Sim.Fading) based also on Monte Carlo simula-
tions. Again the land mobile fading model is used. For comparison, we also
include the curves of the conventional receiver (Viterbi decoder processing
the outputs of the one symbol differential detector) operating in the ideal
(Con.Rec.{(AWGN)) and faded (Con.Rec.(Fading)} channel. Both curves of

the conventional receiver are based o.. fonte Carlo simulation results.

As we see from the curves, the simulation results fall within the area
predicted by the upper and lower bounds. We also realize that the MDD
receiver achieves improvements as high as 2 dB. In the fading channel, the
improvement becomes even higher. While the A = 2 MDD receivers give
an improvement of 1.3 dB in ideal channel, in the Rician faded channel the
improvement becomes 2.45 dB (zall the above comparisons are made for a
SER=10"*). A major factor responsible for the improvements in the fading
channels is an increase in the time diversity of a coded sequence, when it is

'7Results for Codes B, C decoded by the multiple differential detection (recursive) al-
gorithm can be found in [147).
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decoded by the MDD sequence estimator. Use of the MDD receiver increases
the length of divergence between paths traveling through the trellis diagram,
which have been formed by different sequences. The larger the number of
differential detectors used (1) is, the larger the length of divergence becomes.
This increases the time diversity of the decoded sequence, which is quite
beneficial in faded channels [135]. We shall see similar behaviour when the
MDD algorithm is applied with CPM signals in the following chapter.

To make a judgement regarding the tightness of the proposed upper and
lower bounds of the MDD receiver, we present in Fig . 4.87 the ones corre-
sponding to A = 4 and A = 6. For A = 4 the distance between upper and
lower bound is 0.8 dB and for A = 6, 0.3 dB. For higher values of A the
distance becomes even smaller.

In Figs. 4.88 4.89 we display SER curves for uncoded QPSK and 8PSK
respectively. We present the upper and lower bounds for A = 3 (lamda =3,
UB, lamda =3, LB) along with simulation curves for A = 2,3 (lamda=
Sim.AWGN). For comparison we include the curve of the differential de-
tector (DD(AWGN)). In Fig. 4.88 (QPSK) we include simulation results
of the MDD receiver with A = 3 operating in Rician faded channel with
K, = 10dB and BrT = 0.1,0.2,0.4 (lamda=3,Sim.Fad.BfT= ). To make
a clear and easy comparison we include the curves of the differential de-
tector under the same faded channel conditions (DD(Fad.BfT= )). The
DD(Fad.BfT=0.4) curve can be barely seen at the upper left corner of Fig.
4.88; under such channel conditions the differential detector experiences an
error floor at SER=10"2,

From the displayed curves we see that the simulated results fall within the
area predicted by the bounds. We also realize that use of the MDD receiver
in the ideal channel provides improvements as high as 1.5 dB. For the faded
channel case, and at SER=10"%, the MDD receiver provides improvements of
1.6 dB (BT = 0.1) 2dB (BrT = 0.2) and 9.2 dB (BT = 0.4). However, for
BrT =10.1,0.2 the MDD receiver reaches the error floor before the differential
detector. Comparing the uncoded with the coded case, the advantages offered
by the MDD receiver in faded channels appear to be poorer. The reason for
this is that the algorithm does not have the time diversity which appears
when the signal is coded.
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Figure 4.86: Upper/Lower bounds and simulation curves of the truncated
MDD receiver for operation in ideal and Rician faded (K, = 10dB, BpT =
0.1) channels. Code A (differentially encoded) is used.
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Figure 4.87: Upper/Lower bounds of the truncated MDD receiver for A = 4

and A = 6.
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Figure 4.88: Upper/Lower bounds and simulation curves of the truncated
MDD receiver for operation in ideal and Rician faded (K, = 10dB, BrT =
0.1) channels. QPSK (differentially encoded) is used.

246



SER

N
1073 RN —0—  (lamds=3,UB)
\\ = (lamda=3.LB)
\ =8 (lamda=2.5im.AWGN)
10 N ——  (lamds=3 SimAWGN)
8 DDAWGN)
10°°
10°6
107
108
10°°
10°1% . r . . : i _ .
10 12 14 16 18

Eb/No (dB)

Figure 4.89: Upper/Lower bounds and simulation curves of the truncated
MDD receiver for operation in ideal channel. 8PSK (differentially encoded)
is used.
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4.10 SYMBOL-BY-SYMBOL DETECTION

Up to this point, the present chapter has dealt with sequence estimation.
In the rest of this chapter, the symbol-by-symbol detection concept will be
examined.

The general structure of the optimal non-coherent symbol-by-symbol re-
ceiver has been presented in Eq.(3.58). The case of ideal channel/equal
Nyquist filter apportioning is given in Eq.(3.59). The formulas are sums of
modified zero order Bessel functions or sums of products between Bessel and
exponential functions. In the form presented in Eq.(3.58), the decision laws
are of small use for implementation. In the following section, through proper
mathematical manipulations, simpler structures will be derived. The struc-
tures will be dealing with the two limiting cases. Operation under low E, /N,
and high Ey/N, conditions.

4.10.1 Asymptotically Optimal Symbol-By-Symbol Re-
ceivers ‘

4.10.2 Low E,/N,

Using the Taylor series expansion of the exponential and modified Bessel
functions (see Eqgs.(4.1), (4.2)) in Eq.(3.58) and retaining only the terms
where h—‘,; appears with power smaller or equal to 2, we end up with the
following formula :

=5 =M { X [-UST(CA)
C(Av)eed (k)
+[IST2(71,C'(A”))]
2N,
| Zrco vk (k)2
+ AN, 1}. (4.116)

Processing Eq.(4.116) furthermore, the decision law is reduced to

B= 5 R (oo o A sADE)) + (R AD(S)),
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(4.117)

Eq. (4.117) is valid for symmetric’® MPSK constellations. The decision
metric for low Ey/N, depends on two terms. The second term is the sum
of products between the inphase and quadrature outputs of the conventional
(one-symbol delay) differential detector with the cosine and sine functions of
the phase A®(S5;). A®(S;) represents the value the information phase ¢; has
when the bit combination S; is transmitted at (IT) (i.e. & = §;). The term
is scaled with respect to the inverse of the noise power density N,. The first
term is the product between the value of the impulse response k; and e/4%(5),
Notice that as IV, increases, the second term becomes weaker and weaker. For
the limiting case where N, — oo (i.e. 1'%:' — 0 ), the second term disappears
from the decision law, leaving only the first. Under these conditions, (i.e.
for low E,/N,), the decision is dominated by the intersymbol interference
controlled term. Again, this is a fundamental difference as compared to the
coherent detection, where such domination of the ISI controlled component
and virtual disappearance of the terms which depend on the received signal'®
does not exist. For non-time dispersive channels h;, = 0. This leaves only
the second term to base the decision, in which case, the decision law is
equivalently expressed as
1<ISM,

& = 5 = az’  {d!(k)cos(AB(5))) + d?(K)sin(A®(5))} . (4.118)

This is the conventional symbol-by-symbol detection based on the one-symbol

differential detector. In order for k; to be equal to 0, the following condition
has to be satisfied :

1

L] . 1 00
—_— 2_JuwT —— 2 —0. -
hy = o f_m |Hp(w){*e™" dw ﬂ_L |HEe(w)) cos(wT)Qw 0. (4.119)

Summarizing the present section, we conclude our findings as follows :
For operation in low E,/N,:

*8Let us assume a two-dimensional signal-space with axes x, y. The x and y axes intersect
at the [x=0, y=0) point. We define as symmetric constellations the constellations where
the symmetric of every constellation point in respect to the [x=0, y=0) is a constellation
point as well. ‘

19To the best of our knowledge, this behaviour of the non-coherent symbol-by-symbol
receiver is reported for the first time in the open literature.
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1. When Eq. (4.119) is satisfied, the optimal non-coherent symbol-by-
symbol receiver is the simple differential detector with one-symbol de-
lay element.

2. When Eq. (4.119) is not satisfied the decision is totally independent
from the received signal. The receiver always chooses the symbol 5
which (happens to) minimizes Re{h,e/2%(50} |

4.10.3 High E,/N,

For high ,—%,

G(jv)ec___g_l(k) ° o

ClA)ecd (¥

z
~  max [exp{—NLOIST(fz, C{A* )W o( |2k

—o k()"
°N: 5 ). (4.120)

The meaning of Eq. (4.120) is that the value of the summation is very close
to the largest value of all the terms present in the summation. Incorporating
Eq. (4.120) in the decision law of Eq.(3.58), we get :

— . C(A¥)eck(k) - = =
G =5 = T { mas  [exp{—IST(k,C(A")}
Z_—l &)
Io(lzk_ojvyk( k) I)]}]}
0

(4.121)

Incorporating the result of Appendix F in Eq.(4.121), we are given the fol-
lowing expression of the decision law:

- i CAv)ec k) L 2-1
& =5 = 'for { mas { [-IST(R,C(A) +| 3 wle)"}}-

k=0

(4.122)
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Under ideal channel/equal Nyquist filter apportioning conditions, IST(k, C(A*)) =
0 and Eq.(4.121) becomes:

=S & 1M C(A")egs(k) -1 )
=S=> maz’ { maz {2 u(c) I} (4.123)

k=0

Replacmg the |):k_0 yi(ck)*| term in Eqs.(4.122), {4.123) with the ex-
pression of R3q(7,C(A)) of Eq. (4 33), we can express the decision laws of
the symbol-by-symbol receivers in a muitiple differential detection form.

4.10.4 Performance Evaluation of the
Symbol-by-Symbol Receiver

The present section deals with the performance of the asymptotically optimal
symbol-by-symbol receiver (for high E,/N,). The decoder will be evaluated
for an ideal (equal/non-equal Nyquist filter apportioning) as well as a time
dispersive channel. Results for a (non-differentially encoded) QPSK signal
will be provided. However, before we continue with the presentation of the
performance results, we shall describe first the analytical frame work we
followed to acquire these results.

4.10.4.1 Performance Analysis

Let us assume that the sequence C(A*) € Cg‘( k) has been transmitted. The
receiver will make a wrong decision only if it chooses a sequence C(AC) which

does not belong to the Qg‘(k) set (C(A) ¢ Qg' (k); ¢ represents is not member
of). We can upper bound the probability of making a wrong decision when
C(A") has been transmitted (PSZ5(C(A"))), by the using the union, i.e.:

PPBS(C(A)) < X P{C(AY) ~C(A"))}
C(Ac)gc (k)

< X Bluopg (4.124)
S(A9getk)

(fOI’ 'BETAO[U.C] see Eq.(4.56)).
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The overall symbol error probability PeZgzs can be upper bounded by
averaging over all sequences C(A4*) € Qg‘(k), ie.

1
Pelos SUPB=3my 3 2. Biiopg  (4.125)
C(Av)ecd (k) CLAOECT (k)

When the channel is ideal, the following equality holds:

2 Big= ¥ By (4.126)
CLAS)ECS () CAmecH k) -

V. C(A*),C(A%) € C3(k) (for BE see Eq.(4.44)). This leads to simplifica-
tions in the upper union bound expression which now becomes:

Pelps <USPB= Y. BZ, (4.127)
CA)ECS (k)

C(A") can be any sequence, member of Q_g_'(k).

4.10.5 Performance Results

In Fig. 4.90 we display the SER curves of the symbol-by-symbol receiver for
operation in ideal channel. Values of Z used are Z = 4,7. The curves are
calculated by using the union bound approach described by Eq.(4.127). The
curves are labelled as [(Z= (S-B-S)]. We also include the SER curve of the
differential detector (DD). For Z = 4 the results indicate an improvement of
1.5 dB and for Z =7 2 dB.

In Fig. 4.91 the curves of the asymptotically optimal symbol-by-symbol
receiver operating in a distorted channel are presented. We have used the
channel model described by Eq.(4.55). p. = 0.5 and tp = T'and modae(w.T) =
#w. The evaluated configurations use Z = 4,7,18 and they are labelled
in the figure as [(Z= (A0.S-B-S)). To make comparisons easier, we also
include in the figure the SER curves of the equalized differential detector
[((DD(Equal.)] (a zero forcing equalizer is used) and the Z=7 asymptotically
optimal non-coherent symbol-by-symbol receiver operating in an ideal chan-
nel [(Z=7(S-B-S)IC)] (it has a performance which is practically identical to
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the coherent detector with perfect carrier reference operating in ideal chan-
nel conditions). The displayed curves indicate the following improvements
of the asymptotically optimal symbol-by-symbol receiver configurations: for
Z=4 3dB,forZ=T7 4.4. dBandfor Z =18 5dB. The Z = 13 decoder
has practically identical performance with the coherent receiver.

Table 4.26: Improvements offered by the asymptotically optimal symbol-by-
symbol receiver as a function of the sequence length. Z. The comparison is
with the conventional differential detector.

GAINS (dB)
[ Ideal Channel | Distorted Channel
I 15 3
YA 2 4.4
18 2 5

The results are summarized in Table 4.26. From the figures and the table,
the superiority of the asymptotically optimal symbol-by-symbol receiver as
compared to the differential detector is made clear.
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Figure 4.90: SER curves of the Asymptotically Optimal Symbol-By-Symbol
receiver operating in ideal channel. QPSK is used.
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Figure 4.91: SER curves of the Asymptotically Optimal Symbol-By-Symbol
receiver operating in a time dispersive channel. QPSK is used.
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4.11 REDUCED COMPLEXITY
SYMBOL-BY-SYMBOL
RECEIVERS BASED ON SIGNAL
COMBINING AND DECISION
FEEDBACK

The asymptotically optimal symbol-by-symbol receivers examined in section
4.10 have the disadvantage that their complexity increases exponentially with
the length of the processed sequence. In order to overcome complexity lim-
itations, in this section we shall propose simpler receivers based on decision
feedback and signal combining techniques.

In the following paragraphs, first a set of assumptions will be presented.
Afterwards, based on these assumptions, the decision laws of the reduced
complexity structures will be given.

Assumptions

Let us assume that the information word Ef has to be decided. Also, let
us assume that for the decision of &, the following information is available :

1. The signal samples Yeyip, .oy Ye1, Yoo Ye=1, oy Yemip—1- (iF, ip are inte-
gers).

2. The decisions regarding the following symbols : By oy ovors Bpupi pabl =1
and @_,, .oy Bgmip—ipsy

ir, tp are the number of signal samples which are processed by the receiver

and which have been received after and before ¢T (I, Ip are non-negative

integers with Ip < ip, lp < ip). I1s1 is the memory (in symbol periods) of the

cascaded premodulation filter-channel-post detection filter impulse response.

The assumptions made above imply that for the decision of ag, a num-
ber of signal samples (some of them received before (¢1'} and some after)
are processed. These samples carry information and they are affected by
other symbols transmitted before (&}_;,...,8¢-ip-1,5,) and some after az
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(8F41s+ -1 8 4ipprys,)- From these symbols, the ones listed at the second part
of the assumption, are considered known. The rest remain to be used as vari-
ables in the detection process. We realize that for i F+ st — 1> Ip, we are
assuming knowledge of some information words transmitted after the under

decision one (i.e. Fig. 4.92 (a)). In order to realize this receiver, two-stages
of detection are needed.

The model of a two-stage receiver used in the past with various applica-
tions, is presented in Fig. 4.92 (a). The first stage of the receiver performs
some decisions. Then, these decisions are communicated to the second stage
where they are used together with decisions made by the second stage itself
to provide more accurate estimates of the transmitted symbols. The single
hat (*) indicates decisions made in the first detection stage, whereas triple

hat (:), decisions provided by the second stage. A problem with the struc-
ture described above is the following. When the first stage makes an error, it
transfers it to the second stage and initiates a process which can end up with
an error propagation. These wrong decisions are re-used by the second stage
itself at a later time and re-initiate another sequence of propagated errors.
In one way, the error initiated in the first stage, responsible for initializing
an error propagation in the second stage, is recycled and creates another
set of errors for a second time. This (amplified) effect of error propagation
penalizes the performance.

In order to avoid this double error propagation effect, we propose the
following configuration. The first stage of detection is formed not by one but
by two receivers (see Fig. 4.92 (b)). One receiver makes forward decisions (i.e.
decides the symbols in the sequence that have been transmitted &%, &2, .
@7_,), whereas the second receiver decides them backwards (&%_,, @%_,, ...,
aj). In Fig.4.92 (b), the decisions made by the forward receiver of the first
stage are represented as ("). Decisions provided by the receiver performing
backward decisions are marked with a (*). Both receivers communicate their
decisions to the second stage where they are used to provide a better estimate.
Notice that in this configuration, the second stage does not use its own
decisions. The advantages of using the second configuration as compared
to the first are the following. First, the fact that we use two independently
deciding first stage receivers helps to avoid the initialization of errors in the
second stage, or even if it does happen, a recovery back to correct decisions

rey
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is usually faster. The reason for this is simple. Chances are that the two
receivers will not be making simultaneous errors most of the time. Even if
one receiver makes an error, the correct decision of the other one is capable of
protecting the second stage from making an erroneous decision. At the same
time by not allowing the second stage to use its own decisions, it protects
the system from recycling the errors appearing in the first stage and does not
allow them to affect the performance of the second stage twice. For these
two reasons, the second configuration of two-stage detection is expected to
perform better than the first.

Coming back to the derivation of the decision law, based on the above
assumptions , the optimal maximum likelihood symbol-by-symbol receiver is
described by the following equation:

Z = 5="0 { T (ewl-3ISTE AN
C(Av)ecs! (k) °
| Tis, wr(ch)]
Iﬂ( Na )}
(4.128)
where

———
———

C(&*) = [DAc(~lp, ~ip — list), DA(~lp + L,1r — 1), DAcllr, ip + lysr)]

(4.129)
and
DAg(k,n) = [8844r T pys voes By (4.130)
mf(k’ '7) = [ag-{»-ka ag+k+h seeey &?-1-“], (4°131)
_D-Z;(k, n) = [az-i-k: ----E§+.,] (4.132)
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Figure 4.92: Two different scenarios for the implementation of the two-stage
receiver: (a) the second stage uses its own decisions in the detection process;
(b) the first stage consists of a forward and a backward deciding detector,
also the second stage does not use its own decisions in the detection process.
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(k < 7). v represents the v** of the 2?("~*} combinations which can be con-
structed by the n—k different information words @, ...., a%.,. Following the
approach described in subsection 4.10.4.1, we find the following expression
as asymptotically optimal decision law for high E;/N,:

= Slavyees! (k) o
& =8 = e’ { mar [-IST(R,C(A%))
iF
+ 2w} (4.133)
k=—ip

In the following paragr2phs, two specific structures of receivers (the first
using one and the second using two stages of detection) will be examined. For
simplicity, we shall assume that the channel is ideal and an equal apportioning
filtering strategy is followed.

4.11.1 One Stage Receiver

For the decision of @, the following information is available:

1. the samples y¢, ¥e-1, ..., ¥¢—ip (where ip can go as low as £).

2. @f_y,85.gy. Gg;, (they are assumed correct).

The optimal decoding metric can be derived from Eq.(4.128), by setting
ir=0,lp=0,l;s; =0, and Ip = 1. This gives the following expression:

-~ 1<IEM, LA
ag = 5= maz {|lyeci + 3 ve—i&il} (4.134)
i=1
Using Eqs.(3.27) in Eq.(4.134) allows us to express the decision law in the
following form:

jor} o 1<ISM, - ip=1an & ip=lam
af = 5 = maz’ {lyee BCN(IIE; "Gem) + 2 9e-i(THET 57, | (4.135)

i=1

where §; is the decision of the information symbol g; (g is the information
symbol which corresponds to the information word af). Carrying out the
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maximization of squares rather than absolute values and eliminating terms
independent from the under decision information word we arrive at the fol-
lowing equivalent expression (to be maximized):

@ =5 = T (LI Releedi) + dR(E)Im{cedty)] =

i=1

S5 {dH(€) cos(AB(S) © AB(T) & ... @ AB(EE)}

=1

+d2(6) sin(AB(5) @ AB(F_,) B ... ® AB(EL_))) (4.136)

In Eq.(4.134), Eqs.(4.24), (4.28) have been used. We remind the reader
that A®(5;) represents the value the information phase ¢e has when at (T
the transmitted information word a = Si. The multiple differential detection
nature of the decoder is obvious. The number ()) of differential detectors
used by the receiver is A = {p. We also realize that the outputs of the multiple
differential detectors are combined in a way controlled by already available
decisions. For this reason, we call this receiver Multiple Differential De-
tection with Combining and Decision Feedback (MDD/CWF).

For the implementation of the multiple differential receiver, we can choose
either a baseband or an IF approach (depending on the application to be used
with). Also, the logic described by Eq.(4.136) can be implemented quite
easily and inexpensively. Let us consider for example the case of 2 QPSK
signal and a MDD/CWF receiver with ir = 0, ip = 1. The decision logic for
this case is the following (see [145], [146]):

i) if &é_l =land @, =1
ag = hlm{d](¢) + d3(6)})
&; = hlm{d? () + 43 (£)}
i)ifé}_, =0and &, =1
&g = him{d}(€) — d3(€)}
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ai = him{d7 () + dj(£))
iii) if &_, = 0 and ai_, =0

ag = him{d{(€) - 43(¢)}

& = him{dD(¢) - 4§ (¢))

iv)ifa}_, =1andal, =0

ag = him{d{(€) + d7 (§)}

& = him{d{(€) - d}(¢)} (4.137)
where
1 forz>0
him{z} = { (4.138)
0 elsewhere.

In Fig. 4.93 we present a conceptual block diagram of the receiver.

The combining and the controlling logic which will provide the decisions
described in Eq.(4.137) can be easily implemented using analog amplifiers
and basic binary logic circuits (OR, AND, NOT, XOR).

Except for the form presented in Eq.(4.136), another formulation of the
decision law (which might be more suitable for implementations based on dig-
ital signal processing) is possible. The alternative approach is administered
through presentation of the metric of Eq.(4.134) in the following form:

par-] o 15ieM, ~ » & R
g =S => maz’ {|e-allyec; + Y ve-i&5-0)"1} (4.139)

=1

Since |¢-1| = 1 Eq.(4.139) is equivalent to Eq.(4.134). Use of |&1||e2] = |€1€2]
(€1, €2 are complex numbers) with Eq.(4.139), gives the following expression:
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= = 1<I<M, i P — o
ag = S‘ == ma‘rp {lyfe jaes) + DH{ (yE—l! sy Yemips ag-—h e ?ag—l'r-+l)}

(4.140)
where
DHE Yemr- s Yemipr By ooy 8l 1) =
ip-1 it
Weo1 + 3 Yemimae ™ (Ehna A0@oiaall)e)
=1
(4.141)

263



—{—11/4 LPF -
d,Qk)
Q
= T g
\CRE
=1 n/4 M LPF /™
2 | &
x(t) 5
—1 BPF g
2
—t A
= /4 LeF —= S | &’
Ik)
-1 2T ) g -
~—1d,k)

Figure 4.93: Block Diagram of the Multiple Differential Symbol-by-Symbol
receiver using Combining with Feedback (MDD/CWF) for QPSK. The re-
ceiver uses the 1 and 2-symbol delay differential detectors.
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with Feedback

4.11.2 Two-Stage Receiver
For the two-stage receiver, the assumptions stand as follows :

L. Yeqips Yetip—1s oy Yi-ip are available for the decision.

&P

. v s AP
2. The following decisions can be used: af'h'r’ cen ,ae,,_,,a:_,, ....,a'g_,.,,.

Starting from Eq. (4.128) and following the approach' presented for the
one stage detector, we end up with the foilowing decision law:

3= 5 = ' { i[d!(fﬂ) cos(AD(E,) © .o ® (AR(5))
+d2(€ + i) cos(AB(E 1) @ oo ® (AB(5))]
+ _i[d! (€) cos(AD(5) © AB(EE_,) @ ... ® AB(EE_,))
+:1§1(§) cos(A%(S)) @ AS(E) © ... ® AB(E_ )]}

(4.142)

A receiver implemented on the form expressed by Eq.(4.142) makes use of
multiple differential detection.

An equivalent formulation of the decision law is the following :

2p - )
@ = S = e {|yee—2%)
ip=1 —
+ Yer + S: Yei-1€™ (Tuco A8EE--)]
=1
ip=-1 '(Zz-' A@(&”z
+ lyerr + (X gepimre™ okmo A%Cam )}
i=1

(4.143)

This formulation provides an implementation based on block processing.
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4.11.3 Performance Evaluation of One-Stage Receivers

The receivers described in the present section are based on the use of deci-
sion feedback. Consequently, the probability of making a correct decision is
directly related to the correctness of the previous decisions. This implies the
presence of error propagation which affects all the decision feedback systems.

In order to provide performance results where the error propagation effect
is include, we used Monte Carlo simulations. However, in Appendix J, we
provide an analytical framework which gives the opportunity to calculate the
performance of the receiver under the assumption that the previous decisions
-used by the receiver to decide the present symbol- are correct?®.

In Fig. 4.94 we present the SER curves of the one-stage detector for a
QPSK signal and for three receiver configurations. The first uses the 1 and
2 symbol detectors (S-B-S/CWF(lamda=2)), the second uses the 1, 2 and 3
symbol detectors (S-B-S/CWF(lamda=3)) and the third uses the one, two,
three and four symbol detectors (S-B-S/CWF(lamda=4)). We also include
the curve of the differential detector for reference.

The SER curves show that the (S-B-S§/CWF(lamda=2)) receiver has an
advantage of 0.8 dB as compared to the differential detector. The (S-B-
S/CWF(lamda=3)) 1.1 dB and (S-B-S/CWF(lamda=4)) 1.3 dB. These re-
sults are summarized in Table 4.27

Table 4.27: Improvements achieved by the symbol-by-symbol receivers based
on multiple differential detection and the use of combining with feedback.
The signal is QPSK.

*The material of Appendix J can be used, together with Marcov chains theory [59] to
provide a complete analytical performance evaluation of the receiver (with the effect of
error propagation included).
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Figure 4.94: SER curves of the non-coherent receiver based on multiple dif-
ferential detection and the use of signal combining controlled by decision

feedback (MDD/CWF) . The results correspond to a QPSK signal.
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4.12 CONCLUSIONS

The present chapter has introduced non-coherent receivers for linear mod-
ulation systems. The proposed structures have demonstrated good perfor-
mances. At the same time, their complexity levels remain in reasonable

levels, making their implementation with today’s technology possible. These
receivers are:

1. The block decoder.

2. The asymptotically optimal decoder for time dispersive channels and/or
multi-amplitude/phase signals.

3. The multiple differential sequence estimator.

4. The multiple differential symbol-by-symbol receiver using signal com-
bining controlled by decision feedback.

The analysis leading to the derivation of these structures has been pre-
sented. We have also provided the analytical framework for the evaluation
of these schemes. New tight upper bounds have been derived and they have
been presented in this chapter. The evaluation has covered Gaussian (ideal
or time dispersive) and faded channels. Evaluations have been carried out for
both uncoded as well as coded signals. The evaluation results have verified
the superiority of the proposed receivers which in some cases achieve perfor-
mance practically identical to the coherent receiver operating with perfect
carrier synchronization (the best performance possible). Some of the pro-
posed configurations actually reach these levels of performance levels with
relatively low complexity. The receivers have demonstrated high robustness
to channel imnerfections and exceptional performance when used with coded
signals (with coded signals the conventional differential receiver suffers con-
siderable losses in performance). For the Gaussian channel we have reported
improvements higher than 5 dB (for example see Tables 4.4, 4.12 and Figs.
4.14, 4.42). For the faded channel the gains exceeded 7 dB (see Table 4.24).
Also, the proposed non-coherent receivers reduced the error floors by almost
one order of magnitude (see Fig. 4.84).
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Chapter 5

NON-COHERENT
RECEIVERS FOR CPM
SIGNALS

5.1 INTRODUCTION

The present chapter extends our work to Continuous Phase Modulation sig-
nals. Our aim remains the same, that is, to provide improved non-coherent
receivers with reasonable complexity.

In the past few years, CPM signals have gained considerable popularity.
This is mainly due to their good spectral behaviour and their constant enve-
lope nature. By properly smoothing the modulating signal (usually through
filtering with properly chosen premodulation filters), we are able to provide
CPM signals with low power content in the sidelobes. This keeps the levels of
adjacent channel interference low and allows for close packing of carriers. At
the same time, their constant envelope nature, allows the use of cost efficient
class-C power amplifiers -to be operated in saturation- without the signal
suffering from non-linear distortions or sidelobe regrowth. Sidelobe regrowth
increases the interference levels between adjacent channels, deteriorates the
performance and reduces the capacity of the network. Today, CPM signals
have already been applied to crucial applications of the WPDCS. Two ex-
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amples are the European cellular radio (GSM) [81) [170] (it uses GMSK and
a transmission rate of 270.833 Kbits/sec.), the Second Generation Cordless
Telephone standard (CT2) [81] [243] (it uses binary FSK, with transmission
rate 72 Kbits/sec. and applies time division doublex transmission -user and
base station share the same frequency channel) and the improved Digital
European Cordless Telephone (DECT) system (81] [201] (uses GMSK with 3
dB bandwidth of the premodulation filter B,T = 0.5 and a transmission rate
1.152 Mbits/sec.).

Even though CPM signals have some very positive characteristics, they
also have some weak aspects. Carrier recovery is quite a challenge with CPM
signals. This is due to their continuous phase nature, which makes carrier
recovery through non-linear processing on the received signal difficult. Such
discrete tones are needed by the carrier recovery circuit to locally generate
the carrier reference. This fact makes clear how important non-coherent
detection techniques are to CPM signals.

When optimal non-coherent detection processing is applied to the CPM
signal, good levels of performance are achieved [12], [13]. However, the re-
quired filtering is very complex and worsens as the bandwidth efficiency of
the CPM signal increases. As a result, such a non-coherent receiver is of no
practical use. On the other side, when conventional non-coherent detection
techniques are used (i.e. differential or discriminator detection) the perfor-
mance becomes quite poor. It deteriorates as we move from less to more
bandwidth efficient systems and in some cases becomes unacceptable for any
practical system [230], [160].

The potential of CPM signals to WPDCS, the weaknesses existing with
their coherent detection and the inefficiency of low complexity non-coherent
receivers to provide high performance levels when used with bandwidth eff-

cient CPM systems led us to decide to extend our work towards the direction
of CPM signals.

In section 3.4 of Chapter 3, we presented the structures of the optimal
non-coherent CPM receiver. In our work, we addressed both ideal and dis-
torted channels. Also, the derivations are general enough to addiess the cases
of single or multi-amplitude CPM signals. The derived structures require a
filter bank to process the received.signal. The size of the filter bank and
complexity of the individual filters forming it, increase as the spectral effi-
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ciency of the CPM signal improves. In addition, the processing required for
the calculation of the metrics needed to decide the transmitted information
involves the use of exponential and Bessel functions and requires knowledge
of the operating Ey/N,. The consequence of the high complexity is that these
structures are far from being able to be used in any practical application.

In order to reduce the high filtering complexity levels, in section 3.5 of
Chapter 3 we have used the AMP signal decomposition approach [125]. The
receivers derived through this approach had lower filtering complexity; how-
ever, the load and complexity of the processing required for the calculation
of the metrics remained in high levels.

In Chapter 4, we came up with some new and relatively simple receivers
for linear signals, by applying approximation on the metrics of the optimal
receivers derived in Chapter 3. The results in terms of improvements offered
by these receivers were quite impressive. Encouraged by the positive results
of Chapter 4, we decided to pursue the same approach with CPM signals as
well. The outcome of this work, which is reported in the present chapter,
has proven our effort worth of being taken.

The remainder of this chapter is presented as follows. Sections 5.2 to
5.6 deal with sequence estimation. In section 5.2 we apply approximations
on the optimal metrics of Chapter 3 and come up with asymptotically op-
timal sequence estimators for high and low E,/N,. In the previous parts
of the present work, we included in our formulations time dispersion in our
channel model and have considered the case of multi-amplitude signals. The
same approach has been followed in the present chapter as well. We have
formulated the derived receiver both, in the form of block decoders and mul-
tiple differential detectors. We also examine and highlight some fundamental
differences existing between the receivers for the CPM signals and the struc-
tures of Chapter 4 for linear systems. The source of these differences is the
phase continuity of the CPM signal. Through the results of this chapter, the
presence of coding existing in the CPM signal and its use in the non-coherent
detection processes become clear.

In order to achieve reduction in the filtering complexity, we have applied
the same methodology discussed in the previous paragraph with the AMP
decomposition approach. The outcome was to reach receivers having compa-
rable levels of filtering and processing complexity with those we met in linear
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systems. As a matter of fact, the AMP decomposition has led to receivers
practically identical to those presented in Chapter 4 for the linear signals.

One drawback of the receivers designed through the AMP decomposi-
tion, is that they require the use of filters with time limited and sometimes
complex impulse responses. Design of such filters is possible when the im-
plementation and use of these filters is done in baseband form. However,
if they have to be implemented as IF filters, there is quite a level of diffi-
culty involved. In subsection 4.4.3 of the 4** Chapter, we have commented
on the advantages of the IF implementations for the proposed non-coherent
receivers. In order to provide practical IF non-coherent receivers for CPM
signals, we replace the complex filters indicated by the AMP decomposi-
tion with simple commercially available and low cost ones (i.e. Gaussian,
Butterworth etc.). The design and evaluation of these reduced complexity
systems is the topic covered in section 5.6. We have evaluated these simpli-
fied receivers for MSK, TFM and GMSK. The results are impressive. Simple
multiple differential detection receivers (using either 2 or 3 differential de-
tectors) are able to provide considerable improvements both in Gaussian as
well as faded channels. They have also demonstrated the superiority of the
proposed receivers when operating on signals suffering from ISI or severe
fading. For MSK the evaluations have indicated improvements higher than
3 dB. For TFM and Gaussian MSK operating in a Gaussian channel the
results verified improvements higher than 9 dB and 7 dB respectively.
Impressive is the performance of the multiple differential receivers in a fast
faded environment where they were able to provide a reduction in error floors
more than 3 orders of magnitude.

Sections 5.7 to 5.10 deal with receivers deciding on a symbol-by-symbol
basis. In section 5.7, the asymptotically optimal non-coherent detection con-
cept -examined in section 5.2 in the sense of sequence estimation- is now
applied to the symbol-by-symbol detection concept. In section 5.9 we use
the AMP signal decomposition approach in the asymptotically optimal non-
coherent symbol-by-symbol detection concept in order to derive receivers
with reduced filtering requirements. In section 5.10, in order to further sim-
plify the complexity of the symbol-by-symbol receivers and provide configu-
rations feasible for implementation in the IF multiple differential detection
form we proposed schemes based on the use of commercially available low
cost filters. In order to reduce the complexity further, we introduce decision
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feedback in the receiver structure. The design analysis carried out for the de-
sign of these simplified symbol-by-symbol receivers resulted in the invention
of a new ISI cancellation technique for narrowband CPM signals which we
have named Data Aided Phase Correction (see publications [160] to [169}]).
The technique opens the eye diagram at the output of the differential de-
tector by using the previous decisions to cancel the ISI present in the phase
of the narrowband (spectrally efficient) CPM signal. This way, a stronger
and “cleaner” signal (i.e. less corrupted by the presence of ISI) is used to
make the new decision. In section 5.10.1, a detailed analysis leading to this
technique is given. The resulting receiver structure, apart from DAPC, it
also uses the Combining with Feedback technique (CWF). We introduced
this technique in section 4.11 of Chapter 4, where it was used with linear
modulation. Now, we see its extension to CPM signals.

These symbol-by-symbol receiver concepts have been evaluated for MSK,
TFM and GMSK, using low complexity configurations. The results demon-
strated improvements higher than 1.3 dB, 5.5 dB and 4.5 dB as compared
to the conventional differential detectors.

Considering the poor performance, the conventional differential detection
techniques experience when used with spectrally efficient CPM signals [230},
{162), [161], we feel it is no exaggeration to say that through the proposed
recetver structures, the use of differential detection with narrowband CPM
signals has been made possible.
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5.2 ASYMPTOTICALLY OPTIMAL CPM
SEQUENCE ESTIMATORS IN A TIME
DISPERSIVE CHANNEL

The approximations described in Eqs.(4.1), (4.2), (low Ey[N,), (4.5) (high
Ey/N,) in section 4.2 of Chapter 4 can be used with the expression of
REEMP(C(A), he,(t),1)) (see Eq.(3.90) in Chapter 3) in order to derive
asymptotically optimal sequence estimators for the CPM signals. The steps
to be followed are identical to those described in section 4.2. To avoid un-
necessary duplications, here we shall limit ourselves to the presentation of
the final metric expressions.

5.2.1 Low E,/N,

For low Ey/N,, the metric expression is the following:
Rggg{D(C‘(A)v f[cz"f‘go]s'hc.B(t)) t)) =
—IMSTcpu(C(A), hep(t),t) + ISTcpa(C(A), he.p(t), t)]

MSTopu(C(A), hep(t), t) + ISTopm(C(A), he(t), t))?

(
+ IN,

4 im0 Ful@e(t), -4 (C(A)))eim @ (CAN2
4N, :

The MSTCPM(G(A),hc'B(t),t), ISTCPM(C'(A),hc,B(t),t) have been defined
in Eqs.(3.91) and (3.92) respectively. From Eq.(5.1) it can be seen that as
% — 0, the strength of the two terms appearing in the expression with
power of 2 vanishes to zero, leaving only the (M STepm(C(A), ke p(t), 1) +
IS8Tepp(C(A), b p(t),t)) component to dominate the decision. This term is
independent from the received signal z,(t). Exactly the same behaviour has

been observed for the linear systems as well (see subsection 4.2.1 in Chapter
4).

(5.1)
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5.2.2 High Ep/N,

For high E;/N,, the asymptotically optimal metric expression (to be maxi-
mized) is the: .

- Z-l 12zl &
RFho D(C(A), FEEMg hep(8), 1)) = —{ 3 = |Jk0|2+3 >
k=0 2 = k=1 =1
[e—imﬁ.(k.a:_,(cm))) Jig + ejAuB](k.ﬁ,‘_‘(CM))}J‘:“]}
+1 32 Fulen(t) 6 n( CA eI iy
k=0
(5.2)
or equivalently
RGA0 C(C(A), FG s hes(),8)) = —{MSTepm(C(A), hep(t),t)
. Z-1 ) e o
+HISTopa(C(A), hep(t) O} + | . Fulap(t), Ghopaa (CLA))em e ™ CAN|
k=0
(5.3)
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5.3 CPM SEQUENCE ESTIMATORS IN
IDEAL CHANNEL

The metric of the maximum likelihood sequence estimator for an ideal chan-
nel has been described in Eq.(3.93) (see subsection 3.4.1). Applying to it the
approximations of Eq.(4.1) , (4.2), (low Ey/N,), (4.5) (high E;/N,) we end
up with the following asymptotically optimal metric expressions:

For low E/Ng:

RELS (C(A), FG2Vp hep(t), 1)) = —(M STepm(C(A), hep(t), t)+

+(MSTCPM(C*(A), he,(t),t))?
2N,

L1258 Ao (0,8 1 (C(A))Jeimtet ™ Clin

N (5.4)

(CPMI stands for Continuous Phase (modulation), Multi-amplitude (signal),
Ideal (channel)).

For high E,,/N,:

Z~1
NGEMH(C(A), FGPY, has(t), b =—{1[220Ak1}
Z-1 ket x
| Y AcF(ar(t), GF_ 11 (C(A)))e A& CAN),
k=0

(5.5)

When the CPM signal is single amplitude (A = 1), the exponential term
in Eq.(3.93) does not carry any information regarding C(A), consequently it
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can be removed from the metric expression.This leaves only the maximization
of the Bessel function term, or equivalently the maximization of its argument

. Z2-1 . ke
Roprc(C(A), FGEYG D) = | 2 Filzo(t), B 11 (C(A))e P Ot
k=0

(5.6)

In section 4.4 of Chapter 4, we have shown how the various improved
non-coherent receivers could be implemented in the form of processors using
the outputs of squared envelope and multiple differential detectors (SEMDD)
to provide the decision. In the following section, we shall propose and study
similar structures for the non-coherent CPM receivers,
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5.4 CPM SEQUENCE ESTIMATORS
BASED ON SQUARED ENVELOPE
AND MULTIPLE DIFFERENTIAL

DETECTION

The development of multiple differential detection receivers for the CPM
signals, starts with the formulation of the square of R¢p;c(C(A), Zotop )

(Ng?;,c(é(fi), ‘F[%f?,’olv t) ie.

Z=1
[RG21c(C(A), FERL N2 = X |Fe(zo(t), 851 (C(A))?

k=0
2-12-1
+23° 3 (Re{Fi(ar(t), @41 (C(A))) Fii(m:(t), BrL 111 (C(A))}

=1 k=t
cos{ABy (k, piHC(A)))}

+Fm{Fy@r(8), B2 (CCAN) el (2), 8514 (C(AN)
sin{Aufs(k, 2} (C(AN))):

(5.7)

The term at the right side of the equation resembles multiple differential and
squared envelope detection. Entering these terms in Eq.(5.2), provides the
following metric expression:

Z-1 ,
RGRHP(C(A), FGP Yoy hei(8),1)) = — (- Wral CLA M+

k=0

2-12-1 _
+2 z Z Re{(e-jmﬂ.(k.ﬁ:_,(G{A)))Jk,}

=1 k=l

Z=12-1

Z-1
H{ 2 1Filzr(t), Gkoraa (CCANPE +2 3 3

k=0 =1 k=i
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(Re{Fi(x (1), 855:-[.+1 (C’(ﬂ)))F;_,(a:,.(t), ﬁt:‘l.—m (C‘(Fi))}
cos{ABy(k, ok =HC(AN}+
Im{Fi(z (), - p4r (COAN)Fp_y (2 (2), 8574 i (CLAN))

sin{ABi (k, pE=HE(A)N) )3 (5.8)

If the signal is single-amplitude and the channel does not experience any time
dispersion, the metric to be maximized is the one presented in Eq.(5.7).

Recalling the case of PSK signals examined in Chapter 4, we found that
the squared envelope terms are not needed in the detection process when
the channel is ideal. However, examining Eq.(5.7), we see the presence of
terms resembling squared envelope detection (|Fi(z.(t), B, (C(AN)?).
The explanation for this difference between PSK and CPM signals follows.

In PSK (and generally linear) signals, the information regarding a sym-
bol {ck) is put at a specific instant in the time domain (kT). At the receiver
(considering that the channel does not experience time dispersion), the infor-
mation regarding the symbol (c;) appears on a single sample of the received
signal (y). Since PSK uses single amplitude symbols, the |y;|? does not con-
vey any special information about ¢x and can be eliminated. On the contrary,
the phase continuity of continuous phase modulation introduces memory to
the CPM signal. This memory spreads the information about the symbol
(k) in the entire time interval, starting from the moment ¢; appears for
transmission (at kT) up to the end of the signal transmission. As a result,
the |Fi(z,(2), 5§ _£+1(C(A)))|? terms contain information not only about ¢,
but also all the symbols transmitted prior to ¢,. This is useful information
for the detection and keeps the squared envelope terms in the detection pro-
cess. What we described is ¢ fundamental difference between linear and CPM
systems. It brings out the presence of memory and coding which are created
from the phase continuity of the continuous phase modulation and shows the
different nature of linear continuous phase modulation.
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5.4.1 Truncated Squared Envelope and Muitiple
Differential Detection for CPM Signals

Similarly to the linear systems {examined in section 4.9), by limiting the
number of differential detectors used, we can provide reduced complexity
structures. The two (truncated) metrics corresponding to Egs.(5.7), (5.13)
are the following:

QCPM(C(A) [z—no]: cB(t) t) =

Z-1 w

-_(Z |Jkol? + [Z Z Re{e"A‘B‘“‘ pk—l(c(j)an )
=0

k=1 I=1

{Z |Fe(ae(2), BE_£.41(C(A)))?

k=0
Z-1 w
+2 kZ IZE(Re{Fk 20 (t), Bk-141(C(A)) Fi_(r (t), B h 14 (C(A))}

cos{Afi (K, pkZH(C(A))}+

Im{Fk(xr(t)v ﬁﬁ—LH(é( )))Fk—-t(mr( )s 552:1.’..—-!-&1(0(&)))}

sin{Aub(k, o=} (C(A))) N} (5.9)
and
Z=-1
§PM(C(A), FGEM, 1) g|Fk(mr(t),@t_m(c“r(ﬁ)m*+
Z=-1w

22 D (Re{Filz:(), B (CLA))) Fiy(2-(8), 8575141 (C(A))}

k=0 |=1
cos{AiBy(k, Bi_HC(A)))} +
Hm{Fi(z.(t), B5_ 11 (COAN) Fo_i(=. (1), o5 wa(C(A))}
sin{AB(k, g~} (C(A)))
(5.10)
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with

w-_-{k fort <k <A
A fork> ).

A is the number of differential detectors used.

(5.11)

In section 4.9, a reduced complexity block decoder using a “processing by
a window approach” has been proposed. The method is applicable to CPM
signals as well, however we shall not elaborate furthermore on this matter.

The metrics of the asymptotically optimal sequence estimators examined
in sections 5.2 to 5.4 definitely require simpler processing to decide the infor-
mation sequence, as compared to the optimal structures presented in Chapter
3. There is no need to include in the processing use of exponential, Bessel
functions or scaling according to the operating E,/N, point. However, the
filter complexity of these asymptotically optimal structures is-as high as their
optimal counterparts. In Chapter 3 it was explained that the CPM receiver,
requires the use of a complex filter-bank in order to supply the processing
units with the needed information for the calculation of the metric quantities.
It was also mentioned that the complexity of the filtering process needed in-
creases with the increase in spectral efficiency of the CPM signal. Both, the
number of the filters required to be used becomes high and their shaping is
complex, difficult and costly for implementation. Implementation of these
receivers in IF multiple differential detection form is a very challenging task
in this case, due to the complex shaping the IF filter should have.

The above discussion makes clear that the only way to achieve our target
(i.e. provide practical non-coherent, spectrally/power efficient CPM systems
appropriate for use in WPDCS) is by reducing the filtering requirements of
these non-coherent receivers.

In Chapter 3 we have shown that by using the AMP signal decomposition,
it is possible to design optimal non-coherent receivers for CPM signals, having
lower filtering complexity from the structures described in the previous and
present section of this chapter. In the following sections we shall extend
the AMP decomposition approach and use it in the asymptotically optimal
non-coherent detection concept. :
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5.5 SEQUENCE ESTIMATORS BASED ON
THE AMP SIGNAL DECOMPOSITION

The advantage of the AMP decomposition is that it can very closely approx-
imate the CPM signal by using a small number of AMP pulses. The profit
for the non-coherent receiver is that it can acquire the information needed by
the processing units (which calculate the values of the metric expression cor-
responding to the various possible sequences and provide a decision through
comparison of these values) by filtering the received signal with only a small
number of filters matched to these AMP pulses. For some popular CPM
schemes only one pulse is enough to approximate the signal, in which case
only one filter is required at the recetver.

The metric expression of the optimal non-coherent receiver for the general
case (more than one AMP filters are used to represent the signal) has been
given in Eq.(3.114) of Chapter 3. When only one AMP pulse is used, the
metric is provided in Eq.(3.117). Following identical steps to those presented
in the previous section, we can derive asymptotically optimal decoders for
low and high E,/N,. The metrics of these decoders are presented below.

5.5.1 Low Ey/N,

REROED (REN G- REMA RANE, .. REME  DHMP L DEMP C(A)) =

-1

(HE A S 3 adMP(adkPyRa? (o)

k=0 i1 =0nz=0
Z=12-1

+ 303 AvAi Z Z e G ity
I=1 k={ ni=0nz=0

E{gl}:.ﬂ:](l) + afﬁcf (aiﬁcp).( [nl.ng]( ) ]]}

5 3 agr(amiry: Ry 21 (0)

n1=0ny=0

2N
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2-12-1

+30 3 Al E Z [an P ff o)

I=1 k=i n1=0nz=0
sE.Ea'’l.\[’if'lf‘.ﬂ.3](l) + a;‘QALPI( i‘l\'”’) (mg“[i};n:](l))‘]l}‘z

N Thog Ax Thlo Vab P (aahP) P
iN, '

(5.12)

When the CPM signal is approximated by only one AMP pulse (i.e. A" = 0)
the metric becomes:

Z=1
RERSD (RENeq) Yo, C(A)) = —{[ 3 (A RANG(0)

k=0

2-12-1
+ 37 2 Aedi-ilop (o i) REN G (D) + ao ki (eg Py (RER (O]}

=1 k=l

1 42!

3 (Ae)*REMR(0)
2No kz_% E[IJO]
Z-12-1 p MPre
+:Z kz; AxAr_ilogy P (@b REERD) + af B (of ¥ Py
=1 k=
EZ;IA yAMP MP -
(RGO ]]2+| k=0 "4N ooy ) |. (5.13)

In the above equations, the Jef}/F|2 = 1 has been used.
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5.5.2 High E,/N,

For high E,/N,, the metric of the asymptotically optimal sequence estimator
based on the AMP decomposition is the following:

gigf::pr(w E.j00]»" w IOM’ h}{};]’ Tt Mﬁi}:ﬂ’ 5)0‘ o ’5)”’ C_'(A')) =

1 Z-1 Z=12-1

—5[20 (A)’ Z Z ap M (MY REYP (0 -2 T Al

k—O ny=0nz=0 =1 k=l

Z Z[Re{a:;‘,“i” Cpkt) RE T (1) }]]+I2Ak Yok (e P)l.

(ag.k
ny=0ng=0 k=0

(5.14)
For N =0
- 1.2-1
?f’;&‘:ﬁ(w‘}{){;},ym A = IkZ -Ak AMP ag'tlp |" —[kE Ak 2§RA.[0 01(0)]
=0 =0
Z-12-1
~[22 2 AcAii[Re{(ag P ) af M RAME (1)), (5.15)

=1 k=l
There is a strong similarity between the expression of Eq. (5.15) and the

metric expression of the asymptotically optimal sequence estimator for linear

signals (see Eq.(4.6) in Chapter 4). As a matter of fact, if we perform the
following replacements in Eq.(4.6)

N
Y — JJ"MP
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h — Rl

AMP

o — Arog (5.16)

Eq.(5.15) results.

The block diagram of the sequence estimator implementing the non-
coherent receiver described by Eq.(5.15) can be generated from the the block
diagram of the asymptotically optimal decoder for linear systems (see Fig.
4.1 in Chapter 4), by performing the replacement of parameters described in
Eq.(5.16). Also, in this case, the post detection filter Hp(w) should have an
impulse response equal to

hp(t) = RgMP(t) @ hep(t). (5.17)

We remind the reader that h§MF(t) is the first AMP pulse, hop(t) is the
baseband equivalent of the channel impulse response and @ represents the
convolution operation. Similarly, the block diagram of the processing unit

carrying on the calculation of the metric RFRYD (REME, b, C(A)) can be

generated by Fig. 4.2 of Chapter 4 (block diagram of the processing unit for
the asymptotically optimal decoder of linear signals) by performing the same

replacements.
For single amplitude signals (A, = 1) the metric becomes:

Z-1
R 00 (RETo J0. C(A)) = | 3 VAMP (addPyr|

Z=1Z2-1

(2 D [Re{(o6i") ed T REGG(D]) (5.18)

=1 k=l

Finally, if E,[o,o](l) =0 V [ # 0 (this is the case for ideal channels}, the
metric is furthermore reduced to the maximization of

REPICappr (RE 02 Yo, C(A)) = | Z VAMP (adMPye. (5.19)
k=0

R?Iﬁ%?pw( g‘%};]v yO: C(A)) and chfcuppr(sRE (002 yOs C(A)) can be also gen-
erated from the metric expressions 853K (R, 7, C(A)) (asymptotically opti-
mal decoder for a PSK signal in a time dispersive channel, see Eq.(4.11))
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and R;c(§, C(A)) (block decoder for a PSK signal see Eq.(4.10)) by going
through the replacement of parameters. Also, the receivers can be described
by the block diagrams of Figs. 4.1, 4.2 and 4.3, 4.4 applying the same re-
placements.

The above discussion leads to the conclusion that for CPM signals accu-
rately approximated by a single AMP pulse, the design of relatively simple
improved non-coherent receivers is possible. The non-coherent receivers for
this case have comparable levels of complexity with the structures examined
in Chapter 4 for linear signals.

In subsection 4.4 we presented a non-coherent sequence estimator for
linear systems, based on squared envelope and multiple differential detection.
These receiver structures can also be extended to the examined case of CPM
signal, by applying the replacement of parameters as described by Eq. (5.16).
Also in this case, an additional replacement has to be done, it being the
following:

AO (k) = Arg{adMP(af¥P)}
cos(AO(k)) — Re{adMP(aiMP) )

sin(AG(k)) ~ Im{agt!P(afdMF)} : (5.20)

These expressions are:

Ria0umer (REN ) T, C(A)) =

' 1 Z-1 Z-12-1 Z-1
(G2, A+ 2 3 Re(RERG(adt " (@dlD ) + (X Dbul AL
=0 =1 k= =0

Z-1 k 1
+23 Ae Y Ap-id] (k) Re{od P (gD Y} + d (k) Im{afMP (afMP) Y)F |
k=1 i=1
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R?{i‘g?ppr ( &g:‘lcflg] L] b\ (A) ) =

Z-12-1

Z-t
-(!Z ;,2. Re{RENG(Neod (s} + [T Do+
=1 k= k=0
Z-1 k
2?2 ;ld{“ )Re{ag k! P(ogl)" 1) + dR (k) Im{agMP(afMEY )t .
=1 {=
(5.22)
k
Ng??tc( 212[‘1: Re{a'wp(aé\ 2’-‘:) }
k=1 i=1
+d? (k) Im{ag P (et F)")] -
(5.23)

We bring to the reader’s attention that in this case,

di(k) = Youdok-ts  di (k) = Re{(Qoadsp-)}s P (k) = Ln{(Dondiict)}s

(5.24)

In subsection 4.9.2 of Chapter 4 we have shown how a truncation can

be applied on the number of differential detectors used, in order to reduce

the complexity of the receiver for long sequences. The same strategy can

be applied in the presented CPM receivers and the equivalent metrics can

be derived by those metrics presented in the above mentioned section (for

linear systems) going again through the replacements described previously.
To avoid unnecessary repetition, we shall not give these expressions here.

5.5.3 Performance Evaluation of MSK

In the present section, a2 popular CPM signal, the MSK, will be evaluated
with the proposed sequence estimators. The premodulation filter of the MSK
signal has the following impulse response:

1 for0<t<T
he(t) = { (5.25)

0 elsewhere.
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The MSK signal can be constructed by using only one AMP pulse, it
being equal to [125):

sin(#) for0 <t <2T
REMP(}) = (5.26)
0 elsewhere,
Also
oo tF = jogM e, (5.27)

where ¢, = 1.

We shall evaluate the MSK under ideal channel conditiozls. For t_he Qetgc-
tion of the transmitted information, either, the Ncp[capp,.(%%g],yo,C(A))

(see Eq.(5.19.)) or Reprc(C(A), t))(see Eq.(5.6)) can be used. '

To find an upper bound of the SER probability, an upper bound for the
pairwise probability of an error event formed between two sequences (A*)
C(A%) ({C(AC) « C(A")}) is needed. The derivation of the pairwise error
event bounds can be performed by following exactly the same methodology
and steps as those described in sections 4.5, 4.6 and in more detail in Ap-
pendixes B to F. The bounds of the pairwise error events are used in the
union bound to provide the upper bound of the overall performance (see
sections 4.5, (Eq.(4.46)), 4.6 (Eq.(4.65)) in Chapter 4). To avoid unneces-
sary repetition, we shall not elaborate any further and Limit ourselves to the
presentation of the results.

In Fig. 5.1 the curves of the differential detector, as well as the proposed
sequence estimator with length Z = 4,7 are displayed. We realize that there
is some improvement; however, this is quite minimal (practically zero for
Z =4 and 0.2 dB for Z = 7). This behaviour is similar to BPSK examined
in subsection 4.5.6 of Chapter 4.
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Figure 5.1: SER curves of non-coherent receivers for MSK. The channel is
assumed ideal.
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5.6 PRACTICAL NON-COHERENT CPM
SEQUENCE ESTIMATORS FOR SPEC-
TRALLY EFFICIENT CPM SIGNALS

According to the analysis presented in section 5.5.3, the AMP decomposition
has helped considerably in reducing the complexity of the improved non-
coherent receivers for CPM signals. The simplification extends both in the
filtering requirements and the processing needed to calculate the metrics for
the estimator. For CPM signals which can be accurately represented by a
single AMP pulse, the complexity (in numbers of filters needed and processing
load to carry out the calculations), is identical to the complexity of the
receivers proposed for linear systems. However there remains one question
yet unanswered. How simple and cost efficient is the implementation of a
filter matching the pulse h3MP(2)?

In section 3.5 of Chapter 3 it was mentioned that all the AMP pulses
hAMP(t) are of limited time duration. This creates a problem since the
implementation of filters with time limited impulse response is quite difficult
and costly. As the spectral efficiency of the CPM signal increases, the shaping
of h§MP (t) becomes more and more complex.

In subsection 4.4.3 of Chapter 4, we have commented on the advantages
the communication system would have, if the proposed non-coherent receivers
are implemented in IF multiple differential detection form. Such advantages
are low cost, fast synchronization, simplicity, better performance in impaired
(i.e. faded e.t.c.) channels, even higher capacity for the network. However,
implementation of filters in IF is more difficult compared to baseband and
definitely, a challenge for filters like those indicated by the AMP decomposi-
tion. Consequently, in order to be able to provide improved CPM receivers
having the advantages mentioned above, it is necessary to further simplify the
filter further. A simple way to resolve the problem is to make use of cost effi-
cient, simple and commercially available filters (i.e. Gaussian, Butterworth,
Raised Cosine) instead of those indicated by the AMP decomposition. To-
day, there are already WPDCS systems making use of the CPM technology
[55], (81], [82], [170], [201] and receivers using simple commercially available
filters. :
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Research conducted in the past has shown that even though low complex-
ity non-coherent receivers -using commercially available filters and classical
non-coherent detection techniques- perform quite well with CPM signals of
low spectral efficiency, they lose a great deal of performance when applied
to spectrally efficient signals (i.e. TFM, GMSK with narrow Gaussian pre-
modulation filters etc.} [33], (34], (230], [162], [161]. As we shall see later
on, the degradations are so severe, that they make use of simple differential
receivers with these signals impossible. One question that arises, is how the
proposed structures will perform when used with some simple commercially
available filters. This question will be answered in the present section. As
a matter of fact, it will be shown that the proposed algorithms behave ex-
ceptionally well even when they are applied with bandwidth efficient CPM
signals and receivers which use simple practical filters instead of the complex

optimal ones. With the same filters, the conventional differential schemes
demonstrate poor performance.

5.6.1 Receiver Structure

To start the analysis, in Fig. 5.2 we provide a conceptual block diagram
of the simplified CPM receiver. In the figure, we have adopted a baseband
implementation of the receiver (i.e. the received signal is first demodulated
before further processing is applied to it). However, this approach does not
have to be followed in practice. As we shall see, the simplified receiver will
be able to be implemented with IF multiple differential detection which was
examined in previous sections and chapters. The block in the figure indicated
as “Decision Unit” is the part of the receiver processing the samples of the
received signal in order to provide a decision. Its structure will be defined
later on, through the analysis that follows.

The incoming signal is first down converted (lock in frequency of the in-
coming carrier is only assumed) and afterwards filtered by the post detection
filter HSPM(w). HEPM(w) is assumed to be wide enough in order to allow
the information carrying signal to pass through it without any significant dis-
tortion. The signal y°"M(t) present at the output of H§PM(w), is sampled
at kT. The samples y{PM are equal to

YEPM = 2,,5(C(A), KT)e +nfPM = (T CUN) L nOPM (5 98)
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Figure 5.2: Conceptual block diagram of the receiver.

with n{PM = nCPM(LT) nCPM(4) s the Gaussian noise corrupting y©FM(t),

The correlation properties between the ngPM terms are determined by the -
shaping of H§PM(w), however, when HGPM (w) is relatively wide E{nfFMnlFM}
0 V 13 0. This condition will be assumed from now on in our analysis.

Let as assume that the impulse response of the premodulation filter Az(t)
satisfies the following equation:

kT #0 forl<k<L,
j he(t)dt { (5.29)
kT-T

=0 elsewhere.

where L, is a positive integer. We are assuming that transmission takes place
in the time period [0, (Z + £,)T).

The most possible sequence C(A) (to be the transmitted one) is the se-
quence which maximizes the probability density function (pdf) f (T2 g/ C(A)),
where §EAY o = [W§TM,yFPM, ... ,ySPM]. Following steps similar to those
described in Chapter 3 and in section 4.3 of Chapter 4 (but this time ap-
plying them on a discrete rather than a continuous signal) we find that the

maximization of this pdf is equivalent to the maximization of

. | Zf:f‘ yCPM g=iby (es~* (0(-4')))|
0( No

(5.30)
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which is reduced to the maximization of

) o Z+C, i pakmt A
RECM (975 C(A))) = | 3 ySPM et 101 (5.31)
k=0

Eq.(5.31) has the form of the block decoder, introduced first with PSK
signals in Chapter 4. We met the block decoder again, this time applied on
CPM signals in subsection 5.5.3 of the present chapter!.

Squaring REEM(FAY. o), C(A))) and eliminating terms independent from

C(A))), we end up with the following (equivalent) metric expression (to be
maximized):

. Z4Le k o
Roo(FFe o C(A) = kE ;Z[d{(k)cos(A:ﬁx(k,sat_,_cm(cm))))
=1 =1

+dP (k) sin(A(k, 5E_(C(A)))] -

(5.32)

where

Ay (k, Pizll—cen (é(;l))

il

bl (C(A))) - Bulpt™ =S (C(A))

! Cetl
= Yoadi+ Y, andl, (5.33)
r=1 v=i+1

(see also Eq.(3.80) in Chapter 3). In the rest of the present chapter,

di(k) = yg "M (yZEM Y,
di (k) = Re{yZ"M(yZRM)"},

dR(k) = In {y§PM (sCEMY}. (5.34)

1As . a matter o ©oof
fact, RGEM (ﬂﬁ,’_"_ﬂg“ol,C(A))) can be derived from ch,c,,,,(azgi{,f;],yo.C(A)). simply

by replacing Yo with §ZEY o\, Yo, with y£PM and ofMF with e=if:(E;™ (AN,
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It is easy to identify the multiple differential detection nature of the receiver
described by Eq.(5.34). As a matter of fact, comparing Rf,%"‘g(y&{;"gho], _C(fi))
with the multiple differential detection metric for PSK signals (X2 (7,C(A)),
(see Eq.(4.33)) makes us realize that the two metric expressions are identical.

As it was discussed in section 4.4.3, the multiple differential receiver can
be implemented either in baseband or IF form. In the same section, we
have provided block diagrams of the two different implementations (see Figs.
4.5, 4.6) and have commented on the advantages and disadvantages of each
approach.

Truncating the number of differential detectors used to a maximum of A,
the metric expression becomes:

Z4+Ly w

QriobFE 0, C(A) = ,‘Zl ;[d:'(k) cos(Aufu (k, BE_i(C(A))))
+d7 (k) sin(ABi(k, BF_,(C(A))))]
(5.35)
where
_Jk forl1<k<i
w—{/\ fork>A. (5.36)
Equivalently, Eq.(5.35) can be expressed as
o Z+Le
fo%%(.’?g?ﬁ-ﬁ.op C(A)) = kz: U?(Dok ) {ck! Chalr:1vy Ck-—t-l.'.e])
=1
(5.37)

where
OF (DO, [cks Chmty - - -y Chtc,]) = ‘i[d{(k) cos(AB(k, g_i(C(A))))
=1 ‘
+d7 (k) sin( A (k, g5 (C(A))]
and _
DO, = [dl(k), d(k), di(k), d2(k), .., dL(k),dQ(K).  (5.39)
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UF(DO,, [eky Ck=1y- - - r Ckmi-c.)) is the increment in the value of the metric as
the decoder moves to process the information received at the next sampling
instant.

The maximization of QFfL (5™, C(A))) can be carried out recursively,

by using either one of the two recursive algorithms described in subscction
4.9.2.2.

Below, we provide performance evaluation resuits of the truncated MDD
sequence estimator for MSK as well as TFM [103] and GMSK [191]. The
results to be reported are based on Monte Carlo simulations; however, ana-
lytical evaluation is possible by following exactly the same steps with those
described in section 4.9.3. We have chosen the simulation approach in order
to access the effects of the post modulation and post detection filtering on
the performance. The reason for asplying post modulation filtering to the
transmitted signal is to reduce the levels of adjacent channel interference
and allow close packing of carriers in a Frequency Division Multiple Access
(FDMA) environment. At the receiver, a simple filter is used, whose main
purpose is to reduce the noise levels. The bandwidth of this filter should not
be chosen too wide because a large amount of noise will enter and deterio-
rate the performance. At the same time if chosen too narrow, it will distort
the information signal through its filtering effect which also deteriorates the
performance. The optimal value of the bandwidth the filter should have de-
pends on the transmitted CPM signal and the type of filter used (Gaussian,
Butterworth etc.).

The performance of the non-coherent receiver (implemented either in the
block decoding or multiple differential detection form) will be affected both
by the signal distortion created by the pre-modulation filter and pre- or
post-detection filtering (it appears as ISI) as well as the power levels and the
autocorrelation properties (i.e. the autocorrelation function) of the noise at
the output of the receiver filter. We remind the reader that the combined
effect of ISI and noise correlation has been considered in the case of linear
signals through analytical evaluations (see section 4.5.7 in Chapter 4, also
Appendix B). In principle, the analysis applied for the linear systems on this
matter can be extended and used in the present case. However, the complex
nature of the CPM signal and the filters used create somewhat complicated
expressions and require a relatively high amount of computational processing.
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Instead, we decided to resort to Monte Carlo simulations.

5.6.2 Performance Evaluation of the MDD Receiver
with CPM Signals

5.6.2.1 Minimum Shift Keying
For the MSX signal, £, = 1. Also,

! T
Ak, i (CAN) = (X ck~i§)(mod2w)- (5.40)

=0

In Figs. 5.3, 5.4, SER curves of the MSK signal (corresponding to different
non-coherent receivers) are presented. We consider an IF implementation of
the differential detection. The results presented in Fig. 5.3 correspond to
an unfiltered MSK signal (no post modulation filtering is applied). Fig.
9.4 provides results for a post modulation filtered MSK signal. As a post
modulation filter we have used a 4** order Butterworth with BT = 1.0. In
both cases, at the receiver a 4** order Butterworth with B,T = 1.1 has been
used. The value of B, T has been chosen because it gives the best performance
when applied with the post modulation filtered signal [40]. The optimization
in performance refers to the performance of the conventional 1-bit differential
detector.

The curves displayed correspond to the conventional differential detector
(DD), a receiver based on the non-redundant error correction (NEC) [172]
with single error correction capability (the 1 and 2-bit differential detectors
are used) and a 4-state muitiple differential detection decoder (see Eq.(5.32))
with A =2 (i.e. the 1 and 2-bit differential detectors are used) (MDD).

In Tables 5.1, 5.3 we summarize the improvements offered by the non-
redundant error correction and muitiple differential detection receiver as com-
pared to the conventional differential detector. We realize that the MDD
decoder always outperforms the other two schemes (DD and NEC). We also
realize that the MDD receiver is less sensitive to filtering effects. As a mat-
ter of fact, its gains (as compared to DD and NEC) are increased when the
transmitted signal becomes distorted due to filtering. In the non-filtered
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case, the MDD receiver has a superiority of 1.7 and 0.5 dB as compared to
DD and NEC (SER=10"%). However for the filtered case and for SER=10-3,
the improvements become 2.7 dB and 1.1 dB. For SER=10"* they increase
even more, becoming 3.1 dB and 1.4 dB.

Table 5.1: Improvements offered by non-redundant error correction (NEC)
and multiple differential detection (MDD) (both use the 1 and 2-bit differen-
tial detectors) as compared to the conventional (1-bit) differential detector

(DD) . The transmitted MSK signal is unfiltered. The reported gains corre-
spond to a SER==10"".

GAINS (dB)
NEC | MDD

[11 ] 17 |

Table 5.2: Improvements offered by the non-redundant error correction
(NEC) and multiple differential detection {MDD) (both use the 1 and 2-
bit differential detectors) as compared to the conventional (1-bit) differential
detector (DD). Post modulation filtering has been applied to the transmit-
ted MSK signal. As a post-modulation filter, a 4** order Butterworth with
BT = 1.0 has been used.

GAINS (dB)
NEC | MDD
SER| 103 16 | 2.7
107° | 1.7 3.1
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Figure 5.3: SER performance curves of MSK corresponding to various non-
coherent receivers. The transmitted signal is unfiltered. At the receiver, a
predetection 4" order Butterworth filter with B,T = 1.1 is used.
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Figure 5.4: SER performance curves of MSK with various non-coherent re.
ceivers. The transmitted signal has been filtered with a (post-modulation)
4** order Butterworth filter having BT = 1.0. At the receiver, a predetection
4** order Butterworth filter with B,T = 1.1 is used.
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5.6.2.2 Tamed Frequency Modulation

TFM belongs to the family of Correlative Encoded CPM signals (CECPM)
[12], [240). The premodulation filter hz(t) for a TFM signal can be described
as follows:

1 1 1
hr{t) = ghws(t) + Thna(t = T) + Sh(t ~ 2T) (5.41)

where hpn3(t) represents the impulse response of a filter satisfying the 37
Nyquist criterion [206], i.e.:

kT 1 fork=1
j hna(t)dt = { (5.42)
kT=-T

0 elsewhere.
For the TFM, A,8,(k, pf=}(C(A))) is equal to:

¢ I

50k + FCk-1 + FCr_2 fori=1

‘ o %Ck + %’lck_l + ‘38_”Ck—2 + %Ck—S for [ =2
Arbr(k, piZ1 (C(A))) = 4 (5.43)

x 3r -2 r
36k + 5tk + 327 FCh—im

L +3—;—ck_1 + %Ck-—l—l for I > 2.

In Figs. 5.5, 5.6, the SER performance curves of the TFM in an AWGN
(Fig. 5.5) and a Rician faded channel (Fig. 5.6) are presented. The received
signal is filtered with a 4** order Butterworth filter, having B,.T = 0.8. For
the Rician fading channel, we are assuming a Rician fading factor K,=10
dB and BrT = 0.2. The fading process simulated uses the land mobile
model (its power spectral density has been described in Eq.(4.94)). The
evaluated receiver configurations are the: i) 2-bit differential detector? (2-bit
DD), ii) a 4-state decoder using the multiple differential detection algorithm

2[160] shows that for the TFM signal, all the differential detectors using delay elements
m-bit are completely closed when m is odd. They have an open and symmetric eye when
m is even; however, they require the use of differentjal encoding in order to allow binary
decisions according to the signal polarity. Since the m = 2 case requires the simplest
differential encoding process, it is the most appropriate to be used for detection.
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with A = 1 (i.e. only the 1-bit detector is used, (1)-bit MDD), iii) an 8-
state decoder using the multiple differential detection algorithm with A =2
(the 1 and 2-bit detectors are used, (1+2)-bit MDD)), iv) a 16-state decoder
using the multiple differential detection algorithm with A = 3 (the 1, 2 and
3-bit detectors are used, (1+2+3)-bit MDD)) and v) the coherent detector
(CD) (the SER curve of the CD has been taken from [103], [34]). From
the presented figures the superiority of the multiple differential detection
receivers is obvious, since they provide improvements higher than 9
dB, being less than 1 dB away from the coherent receiver. In Table 5.3 the
improvements offcred by the MDD reccivers are summarized.

Table 5.3: Improvements offered by the multiple differential receivo;rs (as
compared to the conventional 2-bit dilferential detector) lor a TFM signal in
an AWGN channel. The reported gains correspond to a SER=10""*.

GAINS (dB)
(1)-bit MDD | (1+2)-bit MDD | (1+2+3)-bit MDD
6.5 8.6 93

Interesting and impressive is the performance of the multiple differential
detection receivers in the fading channel, where they reduce the error
floors more than three orders of magnitude. This demonstrates a
strong resistance of the MDD receivers to fading. The reasons for this re-

sistance and robustness in performance when operating in faded channels
follow. :

First of all, the MDD receivers use for detection both, the inphase and
quadrature channels, whereas the 2-bit DD makes use of only one (the inphase
channel). The use of both channels act as as a diversity mechanism against
fading. The fading distortion corrupting the signal at a particular time does
not usually appear with the same strength in both channels. Most of the
time, one of them suffers less. Use of both of them provides a prolection
and keeps the performance in high levels. The second reason is associated
with the nature of the multiple differential detection. The MDD receivers,
introduce time diversity in the detection process. The conventional 2-bit DD
bases its decision only on one signal sample. However, for the (1)-bit MDD,
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the shortest possible error events have the length of a 3-bit interval. One
such error event is displayed in Fig. 5.7 (where the trellis diagram of the 1-
bit MDD decoder is shown) and corresponds to the pair formed between the
paths passing from the states [G1, G, G1,G)] and [Gy, G, G3,Gy). In order
for the decoder to choose one between the two of them, it has to use three
signal samples. This provides the chance that even if one or two of them are
hit by severe fading, the third signal sample might not and its effect might
keep the decision on the correct side. As the number of differential detectors
(used by the algorithm) increases, the length of the shortest error events
increases as well and with it the time diversity and resistivity to fading. For
the (1+2)-bit MDD receiver, the minimum length increases from 3 to 4 (see
paths [Gy,G1,G1, Gy, G1] and [Gy, Gy, G3,Gs,Gy] in Fig. 5.8) whereas for
the (14-2+3)-bit MDD receiver it becomes 5 bit intervals. The beneficial
nature of time diversity in fading environments has also been highlighted in
[135). |

One conclusion arising out of our evaluations is that the value of the
decoding depth, required to obtain almost all of the improvement, is smaller
in the fading case compared to the Gaussian channel. Similar conclusions
have been reached in [180] for the trellis coded and differentially detected
MPSK signal. '
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Figure 5.5: SER performance curves of multiple differential detection de-
coders used with TFM in an AWGN channel. The curve of the 2-bit differ-
ential detector is displayed as well.
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Figure 5.6: SER performance curves of multiple differential detection de-
coders used with TFM in a Rician faded channel (K, = 10dB, BT = 0.2).
The curve of the 2-bit differential detector is displayed as well.
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Figure 5.7: Trellis diagram of the multiple differential detection decoder
(using the 1-bit differential detector) for a TFM signal. The values indicated
on the transition branches correspond to the values of A1y (k, {cry Ch1, Ck=2])
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Figure 5.8: Trellis diagré.m of the multiple differential detection decoder
(using the 1 and 2-bit differential detectors) for a TFM signal. The

values indicated on the transition branches correspond to the values of
Aof(k, [er, o, Cho2, ck-3]),
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Catastrophic Behaviour of the TFM Receivers

When multiple differential detection sequence estimation is used, it is

important to make sure that the decoder does not experience catastrophic
behaviour.

Let us assume that two sequences C(A*), C(A¢) diverge for the firsl time
at (mT) and after that they remain in divergence until the end of transmis-
sion ((Z —1)T). The decoder chooses between the two sequences by compar-
ing the values of of the metrics QFFL(55LY, o, C(A"))), QUG o C(A)))
(see Eq.(5.37)). If after (n:T) (0 <m < (q2 < (Z = 1))

UF (DO, [¢f, cfoys - - - ck-1~¢,]) and U7 (DO, [ci, Ci--—lv s CE-—!-C.])

(see Eq.(5.38)) are always equal, there is no way that the value of difference
between QM (GERY 1 C(A*))) and QGRAL(FEEY. o C(A))) can change
after (n2T). If one of the two sequences has been transmitted and the de-
‘coder up to (7;T") has erroneously chosen the other, there is no way to reverse
its decision at a later time. The result is that endless number of errors will
occur (up to the end of the transmission). Pairs of sequences having this
behaviour form a catastrophic error event. The presence of catastrophic be-
haviour is a serious threat to the communication system, since, due to their
large number the presence of these errors can not be detected even if error
control coding is added. Consequently there is a chance for the destination
receiver to provide its user with a large amount of incorrect information.

The MDD receivers for TFM experience such behaviour. For example let
us consider the 4-state (1)-bit MDD receiver. Its trellis diagram is presented
in Fig. 5.7. On the various branches, we indicate the values of the differential
phases A, (k, [ck, Ck-1,¢k-2]), corresponding to these transitions. In the
figure, a pair of paths diverging from the same stage (G, corresponding to
¢k = —1,¢x—1 = —1) at ¢ = kT has been highlighted. These paths correspond
to the following data sequences:

c = —lcry1 = —licere = =1, Ckp3 = 1,04 = L, Chys = 1 cr46 = —1,...
and
& =-lcp1=-lck2= Licga= 1,644 = L Ch45 = =L, k46 = 1,...

The two paths, after ¢t = (k + 2)T, have identical differential phases
(ArBi(k, [ck, ekt cr-a])=A1 81k, [k ko1, Ckz]) = O for i > k+2). Examin-
ing their metrics (see Eq.(5.32) ),we see that after { = (k+2)T, these metrics
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change identically. The result is that if one of the two sequences presented
above is transmitted, and the algorithm of up to (k + 2)T favours the other
one, there is no way to reverse its decision. We mention that in addition to
these paths highlighted here, there are other pairs of paths having similar
behaviour.

For the algorithm based on the 1 and 2-bit detectors, the 8-state trellis
diagram is presented in Fig. 5.8. In the figure, we indicate the values of the
differential phases [A, 8, (k, [cxy Ck—1,¢k-2)), AgBi(k, [exy cxm1, -2, cr—3]) ]cor-
responding to the various branches. Again, a pair of paths with catastrophic
behaviour has been highlighted. After ¢ = (k + 3)T, the paths have identi-
cal values of A, By (k, [ck, k=1, ck—2]) and Dafi(k, [ex, cx-1, Ck~2, r-3)) (in the
mmod(27) sense). The highlighted paths correspond to the sequernces

Ck = _lvcki-l = --].,Ck+2 = -1, Chy3 = -1, Clpa = 11 Ckt+5 = ""']-ack-{bﬁ = 1$°'°
and
¢ ==l 1= =lieppa = —1,c4a= L,Cps = =L, Cps = 1,C008 = ~1, ...

The same behaviour exists for the receiver based on the 1-,2- and 3-bit dif-
ferential detectors. It can be shown that for the TFM, any combination of
differential detectors used in the multiple differential detection algorithm will
result with a receiver suffering from catastrophic behaviour.

Solution to the problem

This catastrophic behaviour problem can be resolved by using differential
encoding at the transmitter and differential decoding at the receiver. At the
transmitter, the information symbols g, (a; = lor 0) are encoded as follows:

cx = gim{ay}epy (5.44)

where

1 forar=1

glm{a;} = { (5.45)
-1 for ap = 0
The decoding needed at the receiver is

&k = hlm{ékék..l}. (546)
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A reminder,

1 forz>0
him{z} = { (5.47)

0 elsewhere.

ax, Cx represent decisions made for ax , cx respectively. This technique has
been extensively used in the past to resolve similar problems in Partial Re-

sponse Signals [62] or to eliminate the phase ambiguity problems associated
with the carrier recovery [60).

For the TFM, differential encoding is always necessary (regardless the
choice of differential detectors used by the MDD algorithm).

5.6.2.3 Gaussian Minimum Shift Keying
The impulse response of the Gaussian premodulation filter Ap(t) is equal to:

hr(t) = 5=lQ(Co, BT(Z) ~ QUCo,BIU - )] (5.48)

where Co, = 7.546 and

\/_11-/ exp(—— (5.49)
For the GMSK with B,T = 0.25,

T + T +
0.80% T 336! 989“""

Ak, [eky Chaty - s Cr—t—1]) can be calculated from A, (k,[ck, k-1, ck-2])
as follows:

Ay Bk, [ek, crory Cr—2]) = (5-50)

-1
Alﬁ:(k, P,t:;l(é(ﬁ))) = (Z Alﬁl(k - 1, [cks Ck-1y ck—?])mod('.h)' (5-51)

=0
GMSK has been evaluated under the same channel conditions used with

TFM (AWGN and Rician faded channel; the K,, BrT and fading model are
identical to those used for TFM). For the premodulation filter we have used
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BT = 0.25. The results are similar to those of TFM and they are presented
in Figs. 5.11 (AWGN) and 5.12 (Rician fading). In Fig. 5.11 we also present
the SER curve of the coherent receiver, taken from (191]. The gains achieved
over the 2-bit differential detector (2-bit DD) [230] have been summarized
in Table 5.4. Under pure AWGN conditions, the (1+2+3)-bit MDD, (1+42)-
bit MDD and (1)-bit MDD outperform the conventional 2-bit DD [230] 7.4
dB, 6.2 dB and 5.5 dB respectively. Comparing their performance to the
performance of the coherent detector [191)], we realize that they are only 0.5
dB, 1.2 dB and 2 dB inferior.

Table 5.4: Improvements offered by the truncated multiple differential re-
ceivers (as compared to the 2-bit differential detector) for a GMSK signal
(BT = 0.25) in an AWGN channel. The reported gains correspond to a
SER=10"4,

GAINS (dB)
(1)-bit MDD [ (1+2)-bit MDD [ (1+2%3)-bit MDD
74 6.2 5.5

For the Rician fading channel, the (1+2+3)-bit MDD and (1+2)-bit MDD
suffer degradations of 2.8 dB and 4.3 dB respectively, compared to the pure
Gaussian noise channel. The (1)-bit MDD loses 5.1 dB of its performance,
while the 2-bit DD is tailing off, suffering from high error floors. The results
have shown again that the multiple differential detectors are capable
of reducing the error floors of the non-coherent narrowband CPM
signals. For this particular case of GMSK the error floors are
reduced by more than three orders of magnitude. A comparison
between the curves presented for TFM and GMSK makes us realize that all
comments made for the TFM apply to the GMSK as well.
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Figure 5.9: SER performance curves of multiple differential receivers used
with GMSK (B,T = 0.25) in an AWGN channel. The curve of the 2-bit
differential detector is displayed as well.
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Figure 5.10: SER performance curves of truncated multiple differential re-

ceivers used, with GMSK in a Rician faded channel (K,
The curve of the 2-bit differential detector is displayed
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5.7 ASYMPTOTICALLY OPTIMAL
SYMBOL-BY-SYMBOL CPM
RECEIVERS

5.7.1 Asymptotically Optimal Structures of Non-Coherent
Symbol-by-Symbol CPM Receivers in Time Dis-
persive Channels

Using Eq.(3.95) and following the same methodology and approximations
with those described in sections 4.2, we come up with expressions describing

asymptotically optimal symbol-by-symbol receivers for CPM signals. These
expressions are:

5.7.2 Low E,/Ny

G=5P" = Far" { S — [MSToem(C(A),h.p(t), 1)

Sty e (m)
—§CP&f

+ISTCPM(C'(A)$ hc,B(t)! t)]

(MSTepm(C(A), ke (1), t) + ISTepr(C(A), hes(t), 1))]?
2N,

+

+ 2 Bl 0,6k (CA) e hed

. (5.52)

where SFPM represents the {** -from a total of M- possible values a symbol

CPM .
¢m can take. Also, Q':'cpu(m) is the set, containing as elements all the possible
sequences C(A) having ¢, = SFPM,
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For ideal channels, Eq.(5.52) is reduced to:

1<ISM,
m

az’ {3 —[MSTepu(C(A), hes(t),t))

. sCPM
c(A)eQEIc:pM (m)

é"'-" = SFPM =

LM STepm(C(A), hep (1), 1)
2N, '

Z-1 b (0 (1), Gk P(A)))emibi e HCAN) 2
b, Fk(:c(),m-mif\ri( e ey, (5:53)

When single amplitude signals are used, the metric becomes:

<M,
Gm S R

ClAjecg (m)

|S208 Fila, (1), 3141 (C(A)))e=im @S Clim 2 }
' 4N, '

(5.54)
In section 4.10.4, we had mentioned that for PSK signals in ideal channels

and for low E;/N,, the asymptotically optimal symbol-by-symbol detector is

the conventional one bit differential detector. This is not the case for CPM
signals.

5.7.3 High E},/N,

For high E;/N,, the decision law of the optimal decoder becomes:

CPM
CUA")EC e ppym) o
Cn = SFPM = l%‘llsﬁfgp { m%C‘;:PM {—[ISMCPM(C(A),hc,a(i),t)
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Z2-1
+ISTopum(C(A), ke s(1), )] + | X Filaa(t), 851, (CAN))eAtaT LM )
k=0

(5.55)

For ideal éhannels, the metric is reduced to

CPM
CAELCT ppg (m) o
G =5PPM = 'Fart {  mar. {=[SMopar(C(A), hes(),2)]

2-1

+| kz Fi(z:(t), Sat-L-g-l(C_'(/i)))e‘jﬁl (5:_'(0(5)))”}
=0

{5.56)
Finally, for single amplitude signals the decision law becomes:
wienr, CAneess oiim)
én = SFPM — Faz’ { maz
Z-1 o kel
{1 22 Flar(t), #i_p4a(C(A)))e 7P CAM (5.57)

k=0
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5.8 ASYMPTOTICALLY OPTIMAL
SYMBOL-BY-SYMBOL CPM RECEIVERS
BASED ON AMP DECOMPOSITION

When the AMP signal decomposition is used, the decision laws are:

5.8.1 Low Eb/No

Z2=1
=S R Y (=AY

sCPM k=0
c('{}egs‘cpmtm)
AMP (( AMPY=pAMP aa
Z Z aﬂl 13 n-_» k E[ﬂ.; ngI(O + Z Z 'AkAk—l Z Z
=0 n=0 =1 k=! n1=0ns=0

[k (et RE (D + 0t M (P (RAME ()T}

£-1

{ [Z('Ak 20 ZO afﬂp ::zhip %[’“ ng](o)
n1=0nz=
Z-12-1
+ 20 2 Acden Z Z [t (o)
=1 k=l n=0nz=0

Refema(!) + et tZi(enMP) (RENE (1)1

Z2-1 AMP AMPy=
B Akzn_:N (onk )l}_ (5.58)
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When only one AMP pulse is adequate to approximate the CPM signal, the
decision law is:

-~ oPM __, SIS, e
Cm = 5 az” {3 [D(A) R 100 (0)
ClAecg (k) ¥=0

Z2-12-1

+ ;Z kZ A A ilog (g REUG(D) + oM R (g t1P) (RAME (1)*]]
=1 k=i

1 Z-1
AL (AP REN(0)
N, k=0
21z AMP; _AMP MP 1P
+30 ) AcAiifodd (gt )" REQD (D) + o p P (agt Py
=1 k=l
22;1 Aky,}MP C!AMP) |
RGO + Tk v o 1), (5.59)

5.8.1.1 High Ep/No

For high E;/N,, the decision law based on the AMP decomposition is:

caecs " (m)
G =SPM 'SR s
Z-12Z-1
_{[[Z(Ak)z Z z a:fip ﬁaﬂ:!P 3‘3‘4 [ﬂl.n:] 0)] + [Z Z A Akt

k=0 n1=0n2=0 =1 k=t

Z Z [atMP (oM ) R g (1) + aAMP (o AMPYy (24 B ()71

11=0ny=0
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+| Z AR (o P) 1} (5.60)

and for N =0
G(Av )E"s "m) 71
& = SCPM o 'S ma‘é”' (13 AP (oAMPYe)
k=0
—[Z(«‘h)zw o (0)]
Z=12-1
+2370 37 AcAk-i[Re{agt P (agttD ) RANE (DN} (5.61)

I=1 k=l
For single amplitude signals (A, = 1):

SrAv )ec PM(m) Z-1

— <<M,
G=S" = Tmac { mac (Y ValP(adlPy
k=0
=~ MP
-[Z Re oo (k)
k=0
=iz MP;_AMP\s
+2 ) 3 [Re{agn P (adth) [oo](l)}]]} (5.62)

=1 k={

Finally, if ?]‘Bﬁ’[g‘;]( ) =0 V k # 0 (this is the case for ideal channel), the
metric is furthermore reduced to the maximization of

sCPM
<M, Clavecd  (m) 2-1
G =SCPM . 5ET [ mas Z VEAMP(oAMP) 1] (5.63)
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Similarly with the sequence estimators examined in sections 5.2 to 5.5,
the AMP decomposition has helped to reduce the complexity of the non-
coherent CPM receiver in terms of filtering. However, as it was discussed at
the beginning of section 5.6, the filters indicated by the AMP decomposition
are quite complex especially for CPM systems of high spectral efficiency.
The difficulty in implementation becomes even higher if the filter has to be
implemented as an IF filter, in order to be used in an IF implementation of
the muitiple differential detection receiver.

In section 5.6 which dealt with sequence estimation we resolved this prob-
lem by replacing the complex IF filter with commercially available ones. The
evaluations indicated that relatively simple receivers were able to provide
considerable gains as compared to the classical differential detector. In the
present and following sections we shall use the same approach with symbol-
by-symbol receivers. To further simplify the structure of the symbol-by-
symbol receiver, we shall also add one additional characteristic to the pro-
posed and evaluated structures -the use of decision feedback. We remind the
reader that we have already applied decision feedback in multiple differential
receivers for PSK signals in Chapter 4.
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5.9 DESIGN OF REDUCED
COMPLEXITY SYMBOL-BY-SYMBOL
RECEIVERS FOR CPM SIGNALS
BASED ON DECISION FEEDBACK
AND SIGNAL COMBINING

- To start the analysis, we shall use again the conceptual block diagram of the
receiver presented in Fig. 5.2. The received signal z,(2) is first demodulated
* and afterwards passed through a post detection filter H§PM(w). Its output
y©PM (1) is sampled at kT.

Let us assume that we want to decide the symbol ¢;. The information
available to make the decision is:

1. The set of signal samples ygf{;’&_ipl = [yEiM,.. yfPM, .. g EM).

2. The decisions regarding the following symbols: {Cem1r- - Cemipc. }s

where ip, i are positive integers. The optimal law to decide ce based on the
information described above is shown in the following expression:

. 1<I<M,
& = SFPM = "maz” { >
_EHipt sl
ey’ (CIANEDCEEM . eh

FOREH e-in/ C(A) = [BEEF Y5 (C(A)), 3PPM B e 1} (5.64)

where Qc_féfi‘: +£.¢+1) 18 the set containing as elements the sequences formed
by all possible combinations of [ceqipsc,,. . . 2 Cer)e

Considering single amplitude CPM signals and applying further process-
ing, the decision law described by Eq.(5.64) is reduced to
<ISM,
G =SFPM = 'Far” { )
P “(CANEDEFEN o i
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k=é—ip ¥

IZE-HP C'PM JAk-lpﬁl(P.P..ce{C("in)l
" an
Io( A )} (5.65)

5.9.1 Low E,/N,

Applying the approximations described by Eqgs.(4.1), (4.2) (in Chapter 4)
the expression of Eq.(5.65) is reduced to
= §CPM 1Sty { )

gt gt L T
Pest” u(c("‘”egg{%wnce 41

£t+ip
Z yCPM JAk-.pﬂl(P.P_c,(c('“n|2}_ (5.66)

k=f-ip

The asymptotically optimal symbol-by-symbol receiver consists of the sum-
mation of squared envelope terms. Carrying out the squaring process and

eliminating common terms, we come up with the following expression as the
decision law:

1<i<M,
SCPM .’EP Z

Etiptl T
€+1F ‘(C(A))e'D_Cﬁf;"':,_,_ce £41)

E+ip ktip+l

Y Y Re{yfPM(yghM) e tit kellic (C(AMY) (5.67)
k=f+1 I=1

Using Eq.(3.80), we find that A8, (k, 352 ¢.(C(A))) can be expressed as
follows:

Ak, goi_c, (C(A))) = Al Bk, @51 (C(A)) + AP Bk, [ce])
+AF Bi(k, Bit . (C(A))) (5.68)
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where

(T ek PE+

):ff.ﬂf Ce-oUy_y forl<b—f—-L.+1
Tt Ch-sPi+

AP Bk, GETH(C(A))) = | Lot e by forl=k—¢—Lo41
St Ceovi+

S, fori< k—€E<li+L.-1

Efl:l Ck—uﬂg forl = k —6

(oS ety forl> k-,

(5.69)
(0 forl<k—-¢—-LC.+1
cefg., forl=k—-¢— L. +1
APBy(ky[ee]) = § ch-u P+
ciﬂk-s-l forl<k—-¢<l+ L. -1
Leglg ™ forl=>k—¢,
(5.70)
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(0 fori<k—-¢6-C,+1

0 forl=k—-¢6-2L, +1
-1 o Zt::ri;l Ex-uVy_y forl<hk-8<I+ L. -1
AF Bk, B321_ ¢ (C(AY)) = < s
Iy Chmv¥y_pye forl=k—¢

!
Lik-gr Ck-v¥g+

ekl & .
\ Zf:t{-ll ck—u"ﬂ-: fOl‘ l > ’L _— f,

(5.71)

(for the definition of 19§f see Eq.(3.70) in Chapter 3). Use of Eq.(5.68) in
Eq.(5.67), gives:

; ir k-tip+l
- 1M, (o F
& = S7PM — “maz B3
k=1 =1

Re{di(¢ + k)e-mra.(e+k.3§:.'_c.(¢(»im}h;?(k,g,cc = GEPM_ @gif-‘(c‘-( A)))

Im{doPM (¢ + k)e—jafﬂn(£+k.3:::-.ce(c'(ﬁ)))}h{(k,E,ce = SFPM, gt (C(A))

where
Rk, Erce, EEETHC(A)) =

) cos(A7 Bu(€ + k. GE{TT (C(A))) + APB(E + K, [ee]))

_EipiL
ek HACANEDEETM 2. ey
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(5.73)
Bi(k,€, ce, gEtr (C(A))) =

S sin(Af Bi(€ + k. g5 (C(A)) + APBE + k. [ce]))

_EHip+s
eyt =(C(j))e_'p_c_{fé'_f;};‘+cm{+ﬂ

(5.74)

Without any loss of generality let us assume that the values SEP¥ (1 <
i < M,) which a symbol ¢, can take, have the following order:

SEEM « SOPM « SCEM with 1<i< M,. (5.75)
If the following identity holds
T CPM
2y j hr(t)dt x min{|SCPM|,... |SGEM|} =22  (5.76)
0
where 7 is an integer number, it can be shown that Eq.(5.72) can be reduced
to
1<i<M, min{ip,Le} k+ip+1

G =S7"M = "maz” { 3
k=1 I=1

. a€—l=Le a0 7 1, AT
Re{di(¢ + k)eiMlrkpin “(CAMYER(k ¢ ¢p = SFPM, gEH-1(C(A)))
‘ . By Tt 2l 1 _ - - -
Im{dPPM (¢ + k)ATAEkPT CAMpl (k€ ¢ = SEPM pEEY(C(A))).

(5.77)

In this case,
R (k, €, ce, by (C(A)) =
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2

EtiptL CPAM
et (CLANERERTN (i rh Lerceh et

cos(Af Bi(€ + K, gE1H (C(A))) + APB(E + k, [ce]))

(5.78)
B{(k,€, e, Biqn (C(A))) =
| >
et T CANEDCE Y i ph cncer b
sin(Af A€ + k, 65511 (C(A))) + AP B (€ + b, [ee)))-
(5.79)

We remind the reader that m, is the modulation index used. Also,
di(m) = {y"M(y52Y)"} (5.80)

is the output of the l-symbol differential detector (i.e. the detector using a
delay element {T ). The phase of its output is shifted by minus (AF8,(£ +
k@50 (C(A)N)). (AFB(E + b, Bio1_.(C(A)))) is the contribution of the
decided symbols on the phase of the differential signal. Thus the shifting
removes all the contributions of the past symbols from the differential signal
phase (assuming that the decisions are correct) and with it their effect on
the performance. These symbols (transmitted prior to the c¢) are appearing
as ISI introduced in the signal phase. In spectrally efficient CPM schemes,
these ISI terms become quite strong, resuiting in eye closure. This is the
reason why a large number of spectrally efficient CPM signals perform very
poorly, when differentially detected (see curves in Figs. 5.5, 5.11, also [33],
[34}, {230], [160], [162]). The elimination of these symbols from the signal
phase through the phase subtraction acts as an ISI cancellation mechanism,
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and results in eye opening which improves the performance. We have named
this phase correction technique Data Aided Phase Correction (DAPC).

Defining as
difjeor (K, €) = dy(k, £)e~33 Artk. Biziocemt(CLON (5.81)
Ao (k,€) = Re{d(k)e AT AEBTI-co LN Y, (5.82)
dﬁ]cor(l" €) = Im{di(k)e” ~3AL B (kBITI- ~ce-t(CLAN (5.83)

and using them with Eq.(5.72), the decision law becomes:

R o ISisM iF ktiptl
& = S¢PM CEVIEDY
k=1 i=1

dieor (€ + b, ORI (R, €, cc = SEPM, G111 (C(A)))

dlgieor (€ + £, EVRT (k, €, ce = STPM, @E 11 (C(A))).

(5.84)

The maximum number of differential detectors used by the receiver described
in Eq.(5.85) is equal to A = i +ip + 1. If Eq.(5.76) holds, the decision law
is deduced from Eq. {5.77). The expression for this case is:

min{ip,C.} k+ip+1

z { Z

~ __ CPM 1<I<Mp
Ce = Si

=1

mc.,,(a+ b, E)RR(k, €, ce = SEPM, GEH1(O(A)))
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AR o (& + b, zi)h](k, €, c = SEPM, BEEE-1(C(A))).

(5.85)

The maximum number of differential detectors required now is A\ = min{ir, £, }+
ip+ 1.

In Fig. 5.11, we present the conceptual implementation of such a dif-
[erential detector ( IF implementation of the differential detectors has been
used). ‘

When ¢, are binary symbols, (¢, = +1), and Eq.(5.76) holds, further sim-
plifications in the expression of the decision law (see Eq.(5.85)) aie possibie.
Performing them, we end up with the following expression:

min{ip,Le} k+ip+1

&=sgn{ ) E +d§]m(§+kaf)

k=1
[A{ (€, 1, 8t (C(A))) — [Bf(k, &, =1, 6515 (CLAY)] -
(5.86)

In this case, only the quadrature channels of the multiple differential
detectors are needed in the decision process. We also see that the decision is
based on the polarity of a function,

The expressions presented in this subsection are general in order to in-
clude and be able to describe any CPM signal. Later on, these generalized
forms will be applied to specific CPM signals and the reader will have the
chance to see the simplicity of receivers produced by the above analysis.

5.9.2 High Ep/N,

For high E,/N,, the asymptotically optimal decision law is given by the
following expression:

1<i<My Birt T (CANEREEEM L o any
maz { {

NEeDE
& =SFPM magz
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Figure 5.11: Block diagram of the [-symbol differential detector using Data
Aided Phase Correction (DAPC).
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£+i - ' - ~tm
| ZF nyMe-iAk—.‘pﬂl(ﬁ:‘;l,:e((}(zl):[ﬁf:“”c‘(C‘(A)).SFPM.ﬁéq.:P—c,]))I}}.

k=f~ip

(5.87)

Using the fact that maximization of {|- |} is equivalent to the maximization

of {|-1*} and applying elimination of terms independent from the transmitted
information, the decision is reduced to:

SEbip+C : i i
~ _ cCPM 1isMy, Pen” (CANEDCERN o oy IE, ktiptt
ce = S =3 mazx mazx > 5

k=1 I=1

Re{d/(£ + k, £)emiaF A erkBCi_c (OGN
cos(Af By(€ + k, §Eth_1 (C(A))) + APB(E + K, [S]))
+Im{dFPM (€ + k, £)e~IaTBE+HRE0Ic CAN)

sin(A7B1(€ + &, 8511 (C(A)) + APB(E + £, [S1))).

(5.88)
- Using the definitions of Eq.(5.83) with Eq.(5.88) the decision law becomes:

. pitirtLe 8 A)yepeSPM ir k+ip+1
~ 15isM, Prsrs (CIANERERITE  r ean)
G =S7FM = “muz’ maz

k=1 I=1
dicor (& + k, €) cos(AF Bi(€ + &, pEEE(C(A))) + APB(E + £, [Si]))

(€ + b, £) sin(AF By (€ + k, GEHY(C(A)) + APA(EL, [S)) -
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(5.89)
With the condition of Eq.(5.76), Eq.(5.89) is reduced to:

; SiTIPHCe o A))eDeSPM min{ip+Le2Ce} ktip+1
~ o 15!55’ Peg1 ( ( ))e_{f'i'm"ﬂ +Le2Ce } 841 erywbe | ]
& = SFPM = ‘maz’ { mag T Cetteh

k=1 =1

fjeor (€ + K, ) cos(AT Bi(€ + &, i1 (C(A))) + APBE + £, [S:]))
o (€ + K, E) sin(AF Bi(€ + 1, 35 (C(A)) + APBI(E + 1,[S))) -

(5.90)

Further simplification in the decision law described by Eq.(5.90) is not
possible. In the decision, both the inphase and quadrature channels are
needed. Also, the receiver, even for binary symbols (¢, = +1) has to calcu-
late 2iF*! different parameters and compare them with each other. On the
contrary, the receiver derived for the low Ey/N, case has some very positive
futures. It uses only the quadrature channel of the differential detectors. At
the end, the quadrature outputs are combined appropriately and the final de-
cision is made according to the polarity of a single function. Obviously, these
receivers require less complexity to implement both their IF and baseband
processing functions. The simplicity of these receivers led us to decide to
study them more carefully. Qur results showed that even though they have

. been optimized for low Ey/N, values, they still are capable of offering con-

siderable gains as compared to the conventional differential detectors. This
will be shown in the sections which follow.

Since these receivers use both DAPC and CWF, they will be represented
in short form as DAPC/CWF.
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5.10 APPLYING DAPC AND SIGNAL COM-
BINING TECHNIQUES WITH
SOME POPULAR CPM SIGNALS

5.10.1 Minimum Shift Keying

The premodulation filter A7(t) for an MSK signal has been described in
Eq.(5.26). Also, the expression of A,8,(k, 3t_,(C(A))) has been provided in
Eq.(5.40). (ck = £1). Applying Eq.(5.34) in the decision law of Eq.(5.86)
we come up with the following expression as decision law:

ée = sgn{dﬁ °°"'(§ + 1’6) - dlqzlcor(E + laf)e-jg.(é(-l)
+dg]cor(£ + lv‘f)e.—j%(ét-ﬁiec“z) +.. .}

A sy =1 .
= sgn{dﬁ]cor(f + 1?6) + z dg],,o,.({ + I,E)E—J?(me CE-G')}
=2
A
= sgn{die,, (6 +1,6) + [ ()] 2 i (€ +1,6)} (591)
=2

A is the number of differential detectors used. In Eq.(5.91) D defines Inphase
(I) or Quadrature (Q) channel and

@ when lis odd
D= { (5.92)
I  when ! is even.

(In Eq.(5.91), the sin(8 — ) = cos(0) has been used). When the differential
detector uses a delay element which is an odd multiple of the time duration,
the quadrature (Q) channel is used; when the delay is an even multiple of
the symbol period, the inphase (I) channel is used. One notices that for
the MSK case, phase correction is not needed. This happens beczuse the
impulse response of the premodulation filter hr(t) is zero outside the symbol
period (see Eq.(5.40)) and consequently, the MSK signal phase does not suffer
from ISI. Only the signal combining controlled by decision feedback is used
(CWF). In Fig. 5.12 we provide the block diagram of the receiver which uses
the 1 and 2-bit differential detectors.
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We have evaluated the proposed multiple differential receiver using signal
combining with feedback for A = 2 (MDD{CWTF)). Similarly to the sequence
estimators examined in subsection 5.6.2.1, the evaluation has been carried out
for two different scenarios concerning the characteristics of the transmitted
signal. In the first case, the transmitted signal is unfiltered, whereas in the
second case post modulation filtering is applied. The post medulation filter is
a 4** order Butterworth with B,T = 1.0. The filter used at the receiver is also
a Butterworth filter with BT = 1.1. The results for the unfiltered case are
displayed in Fig. 5 '3. For the filtered one, they are displayed in Fig. 5.14.
In every figure we include the curves of the 1-bit differential detector (DD),
the non-redundant error correction scheme (NEC) and the multiple differ-
ential sequence estimator examined in subsection 5.6.2.1 (MDD(Seq.Est.)).
The last two also use the outputs of the 1 and 2-bit differential detectors
in their detection process. The results demonstrate the superiority of the
MDD(CWF') receiver as compared to the DD. In both cases, it achieves su-
perior performance (for the non-filtered case, it has a difference of 1.2 dB at
SER=10"%; when the signal is filtered, the improvement becomes 1.4 dB at
SER=10"3 and 2.6 dB at SER=10"%). When compared to the NEC, it has
a very marginal improvement for the non-filtered case; however, it piovides
a gain of 0.56 dB when filtering is applied on the transmitted signal. This
demonstrates the robustness of the multiple differential detection in distorted
channels. Compared to the MDD(Seq.Est.), it has inferior performance (at
SER=10", it lacks 0.5 dB when the signal is unfiltered and 0.9 dB when
filtering is applied). This was expected since the sequence estimator is more
powerful but at the same time more complex. In Tables 5.5 (post detec-
tion filtering is not applied), 5.6 (post detection filtering is applied) we have
summarized the improvements offered by the three more advanced schemes
(NEC, MDD(CWF'), MDD(Seq.Est.)) as compared to DD.
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Table 5.5: Improvements offered by the NEC, MDD(CWF) and
MDD(Seq.Est.} (all of them use the 1 and 2-bit differential detectors) as
compared to the conventional (1-bit) differential detector. The transmitted
MSK signal is unfiltered. The reported gains correspond to a SER=10"*,

GAINS (dB)
NEC | MDD(CWF) | MDD(Seq.Est.)

[T | 12 | 7|

Table 5.6: Improvements offered by the NEC, MDD(CWF) and
MDD(Seq.Est.) (all of them use the 1 and 2-bit differential detectors) as
compared to the conventional (1-bit) differential detector. Post modulation
filtering has been used on the transmitted MSK signal. As post modulation
filter, a 4** order Butterworth with B,T = 1.0 has been used.

GAINS (dB)
NEC | MDD{CWF) | MDD(Seq.Est.)
SER [ 103 1.6 D) 2.7
07| 17 2.4 3.1
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Figure 5.12: Block diagram of the multiple differential detection receiver of
MSK, using decision directed signal combining (CWF). The one and 2-bit

differential detectors are used.
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Figure 5.13: SER performance curves of MSK with various non-coherent

' receivers (DD, NEC, MDD(CWF), MDD(Seq.Est.)

). The transmitted signal

is unfiltered. At the receiver, a 4% order Butterworth with B,.T = 1.1 is

used.
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Figure 5.14: SER performance curves of MSK with various non-coherent
receivers (DD, NEC, MDD(CWF), MDD(Seq.Est.)). The transmitted signal
has been filtered with a 4" order Butterworth, having BT = 1.0. At the
receiver, a 4'* order Butterworth with B,T = 1.1 is used.
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5.10.2 Tamed Frequency Modulation

The premodulation filter hp(t) corresponding to TFM has been described in
Eq.(5.34). For the TFM, £, = 3. The values of 6%_, are the following:

¢ T —_
3 forv=1

forv=2
9,_, =4 (5.93)
for v = 3. '

ESE

ol

0 for v #1,2,3.

95 = (Zluer 9i71) (i, nintegers, p < 7).

We have developed and evaluated the following configurations of DAPC/CWF
receivers: i) ip=2,ip=-1(A=1),il)ip=2,ip=0 () =2) and i = 2,
ip =1 (XA = 3). (the design is based on Eq.(5.86)). For the TFM

Iy

AT B(€ + 2, [6e-1]) = (&1 g)
. O 7 N
AL B(E + 2, [6e-1,8-0]) = (05-1? + 05-2%)
R R . . . 3T .
ALBL(E +2, [6ers 8em2,6c_3]) = (05-1% + 2y + Ce—sg) . (5.94)

~ Before proceeding to the presentation of the specific decision laws of these
three receivers and the examination of the performance, it is useful to demon-
strate how DAPC applies on the specific case.

In Figs. 5.15, 5.16 we display the phase-state diagram of the 1-bit differen-
tial detector of TFM before ( Fig. 5.15) and after ( Fig. 5.16) DAPC has been
applied. In the figures we indicate what symbol combinations ([eg4, c¢, €e1]
for the conventional detector, [c¢11,¢¢] and for the detector with DAPC) gen-
erate these states. With circles we indicate states where c; appears with the
value 1 (c¢ = 1) and with squares states where it appears with -1 (¢ = —1).
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From Fig. 5.15 we see that in the conventional differential detector, states
generated by bit combinations where ¢; appears with opposite polarity are
overlapping (see the states lying right on the Inphase axes, generated by
the bit combinations [ce4s = —1,¢¢ = l,eem1 = —1] and [ceqq = 1, =
—1,¢¢-1 = 1]). This results in a completely closed eye at the sampling
instant and makes the detection using the 1-bit differential detector impos-
sible. On the contrary, when data aided phase correction is applied, there
is no overlapping between phase states. Also, the smallest phase distances
between states having ¢; with opposite polarities is 45° degrees (see states
generated by [ceq1 = —1,¢¢ = 1] and [ce41 = 1, ¢¢ = ~1]). Due to DAPC, the
eye diagram of the 1-bit detector is now open and can be used for detection.

In Figs. 5.17, 5.18 we present the phase state diagrams of the 2-bit
differential detector before and after DAPC has been applied. Again, with
circles we mark states where ¢; appears with the value 1 and with squares
states where it appears with -1. When the conventional 2-bit differential
detector is used, the information symbols have to be differentially encoded
prior to their transmission [161]).

Fig. 5.17 shows (for the conventional 2-bit differential detector) that
overlapping between states having c¢ with different combinations does not
occur. Now, the closest states having ¢ with opposite polarity have a (phase)
distance of 45°. This keeps the eye diagram at the sampling instant open and
makes detection of the transmitted information possible. We also realize that
the states for ¢¢ = 1 and ¢ = —1 are not symmetrically distributed around
the quadrature axis. This generates an asymmetry in the eye diagram. In
order to make possible detection and take full advantage of the eye opening,
the decision threshold should be shifted to the right side of the quadrature
axis (the value of shifting giving the best performance is actually a function
of the operational E;/N,).

When DAPC is applied, the 2-bit differential detector has a full symmetry
in respect to the inphase axis. This makes the eye diagram symmetric as
well. The phase distance between the closest states having c; with opposite
polarity is now 90° degrees, which is quite an improvement as compared to
the conventional 2-bit differential detector. When DAPC is not used, the
width of the eye opening is only 0.707; when DAPC is used, the width of the
eye opening becomes twice this value.
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Figure 5.15: Phase state diagram of the conventional 1-bit differential de-
tector for TFM. The values of the bit combinations [cet1, Ce, Ce-1] generating

every state are indicated in the figure. With a circle we mark states where c

£
appears with the value 1 (¢; = 1) and with a square, states where Ce appears
with -1 (¢ = —1).

339



Quadrature

Decision

Threshold

-
......

Figure 5.16: Phase state diagram of the 1-bit differential detector for TFM
after the data aided phase correction (DAPC) has been applied. The values
of the bit combinations [cg41,¢¢] generating every state are indicated in the
figure. With a circle we mark states where ¢; appears with the value 1

4
¥
9
Iy
h
L
[
.
»
l
H
H
—— H
il - <
»
H
'
H
.
.
"
1
"
Y
Y
.
Y

Inphasg

¢ = 1) and with a square, states where ¢; appears with -1 (¢¢ = ~1).
4 3 €



The above discussion has shown how the DAPC is capable of opening the
CPM signal at the sampling instant. It is only reasonable to expect that such
a considerable increase in the eye opening could only result in performance
improvements.

The decision laws corresponding to the three A values are:
A=1

& = sgn{Im{dy (€ + 2)e~#%-15)}) (5.95)
A=2
& = sgn{CrrmRe{d\(£ + 2)e~H¢e13)}
+Im{ngM(§ + 2)e‘~f('5t-2‘3‘+5e—-:?)ak—-l}} (5.96)
A=3
& = sgn{CrrmIm{dSPM(¢ 4 2)e~Ce-13))
+Im{d§PM (£ 4 2)e=iCe-a +ée F)gk-1)
+Im{d§PM (£ + 2)e~iCes i+ FHa i) | (5.97)

Crry is a coefficient determining the strength which the one-bit differential
detector should have in the decision process. The value of Crra as calculated
from Eq.(5.86) is equal to:

26 + 2,6, 1, g1 (C(A)) = [eess = +1))
(306 +2,6,1, 81(C(A)) = leg = +1])
(8206 +2,6,1, E1(C(A)) = [ogn = +1))
L€ +2,6, 1, 6553(C(A)) = [ogn = +1])

(sin(§) +sin(3F),
W) = 0.7653 (5.98)

A
Crrm = y;

(in the calculation of Crray Eqs.(5.78), (5.94) have been used). This value of
CtrMm gives the best performance for low Ey/N, values. With the increase in
Ey[N,, the value of Crram that gives the best performance changes gradually,

341



Seay
al
-
a|

l.' / .‘\
e
: / 3
. / S
-
- N b Inphase
H ~ ',-
y \ !
% N ;
. N N
- \\ :

uoIspag

Figure 5.17: Phase state diagram of the conventional 2-bit differential detec-
tor for TFM. With a circle we mark states where ¢, appears with the value
1 (¢c¢ = 1) and with a square, states where it appears with -1 (ce = ~1).
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Figure 5.18: Phase state diagram of the 2-bit differential detector for TFM
after the data aided phase correction (DAPC) has been applied. The values
of the bit combinations [c¢41, ¢] generating every state are indicated in the
figure. With a circle we mark states where ¢; appears with the value 1
(cg'=1) and with a square, states where c; appears with -1 (¢ = —1).
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approaching (for high E,/N,)} the

Sll’l(Afﬂ1(f +1, [C£+1 = —1]) + A?ﬂ[(f + 1,[c£ = l])
sin(AF A1 + 1, [cerr = —1]) + +APB(E + 1, [ce = 1])
_ sin(AFBE+ 1, [cern = —1]) + APB(E + L fee = 1))
sin{AfB1(€+ 1, [cgn = —1]) + +APBI(E + 1, [ce = 1])
sin(Z)

= =0 " 0.541 (5.99)

Crrm

This value corresponds to the case where the decision law of Eq.(5.86) con-
siders only the presence of two symbol combinations: the {cep1 = —1,¢¢ = 1]
and [cg41 = 1,¢¢ = —1]. These combinations give the closest sates having
c¢ with opposite polarity. (see Figs. 5.16, 5.18). For high E,/N,, these two
combinations are the ones involved in most of the errors appearing (the re-
ceiver chooses one over the other). The best thing the receiver can do in
order to minimize its error probability, is to optimize its decision so that
the probability of errors occurring due to these two combinations becomes
minimal. This is exactly what a value of Crra = 0.541 does.

Using simple trigonometric identities, the decision laws described in
Eqs.(5.96), (5.97) can be further simplified for the A = 2, A = 3 configura-
tions. The new equivalent expressions are:

A=2

& = sgn{CrrmIm{d(¢ +2)e 13}
~E1 Re{dfPM (¢ + 2)e7(B=mb0E}y (5.100)

b = sgn{CrpyIm{d7™M (¢ + e}
-a'f-lRe{ngM(e)e-j((éf—?"ée-i )%}
+&€—16§-2R8{dgpM(E + l)e'j((éi-ﬂ'éc—z)i’- }} . (5.101)

In Fig. 3.19 we present a block diagram of the A = 2 receiver. The
X1(€¢—1); X2(8¢-1,8¢~2) appearing in the figure represent the following func-
tions:

T

X1(6g-1) = (Eg-1g) + ul

)+ (5.102)
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s om . . (T
x2{Cg-1,¢-2) = (€¢-2 — Ce-1)g
For the 3-bit detector with DAPC, an equivalent (and simpler to implement)

phase shifting strategy is the

(5.103)

. . . .\
Xa(Ce-2)8e-3) = (Gg=3 — &g-a) - (5.104)

In the above described receivers we see the presence of both the data aided
phase correction (to reduce the ISI present in the phase of the signal) and
the signal combining which again depends on the decisions made regarding
the previous symbols. -

In Fig. 5.20, we present the phase state diagram of the 2-bit differential
detector when the DAPC uses the phase shifting as indicated by Eq.(5.96).
The signal in this case is observed on the inphase channel. The phase state
diagram is symmetric (in respect to both inphase and quadrature axis) and
the minimum phase distance (between states with opposite polarities of c¢)
remains 90° degrees. Also, the eye opening remains 2 x 0.707 = 1.41 (notice
that in this case the receiver has to observe the output of the inphase channel
instead of the quadrature).

In Fig. 5.21 we provide the SER curves of the conventional 2-bit differen-
tial detector (2-bit DD), the 1-bit detector using data aided phase correction
((1)-bit DAPC) the 1 and 2-bit phase corrected detectors, combined accord-
ing to decisions provided by feedback ((1+2)-bit DAPC/CWF) and the 1, 2
and 3-bit phase corrected detectors, again combined according to decisions
made ((1+2+43)-bit DAPC/CWF). The results are based on Monte Carlo
simulations. For the 2-bit differential detector, we have optimized the level
of the decision threshold for the Ey/N, where we run the simulations. We
did the same with the Crrar coefficient for the receiver which uses signal
combining. As a predetection filter at the receiver we have used a 4 order
Butterworth with B,T = 0.8. From the curves we see that all the proposed
structures outperform the 2-bit DD. We also see that there is a crossing
between the (1)-bit DAPC and the 2-bit DD. Such behaviour is common
in decision feedback systems, due to the error propagation effect. The other
two structures have shown resistance to error propagation (this gives quite an
improvement in performance which can be verified by comparing the curves
of the (1)-bit DAPC receiver with the curves of the (1+42)-bit DAPC/CWF,
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Figure 5.19: Block Diagram of the TFM symbol-by-symbol receiver using
data aided phase correction and combining with feedback. The 1 and 2-bit

differential detectors are used.
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Figure 5.20: Phase state diagram of the 2-bit differential detector for TFM
after the data aided phase correction (DAPC) has been applied. The values
of the bit combinations [ce,.,, c¢] generating every state are indicated in the
figure. The phase shifting rule of Eq.(5.103) is used. With a circle we mark
states where c; appears with the value 1 (¢; = 1) and with a square, the
states where c; appears with -1 (¢, = -1).
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(142+3)-bit DAPC/CWF). The reason for this resistivity is the presence of
a self recovering mechanism the 2-bit detector develops when DAPC is used
with it. In [169] this self recovery mechanism is presented in more detail. {t
has been shown that only two consecutive symbol errors are enough to rotate
the phase correction by one full circle (i.e. 27) back to the correct value.

From the SER curves we see the superiority of the proposed receivers. The
(1)-bit DAPC outperforms the 2-bit DD 2 dB. The (1+2)-bit DAPC/CWF
5.5 dB and the (1+2+3)-bit DAPC/CWF 7.5 dB. The comparison refers
to a SER=10"%. In Table 5.7 we summarize the improvements offered by
these receivers. Considering that these improvements are offered by relatively
simple structures, we realize the potential of the described receivers.

Table 5.7: Improvements offered by the multiple differential symbol-by-
symbol receivers using data aided phase correction and combining with de-
cision feedback (DAPC/CWTF) for a TFM signal. The comparison is made
with the conventional 2-bit differential detector.

SER GAINS (dB)

(1)-bit DAPC | (1+2)-bit DAPG/CWF | (13-2+3)-bit DAPC/CWF
10-2 0.8 12 5.1
T 2 55 75
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Figure 5.21: SER performance curves of TFM with various non-coherent
receivers using data aided phase correction and signal combining with feed-
back ((1)-bit DAPC, (1+2)-bit DAPC/CWF, (1+2+3)-bit DAPC/CWF).
The curve of the conventional 2-bit differential detector is also displayed
(2-bit DD).

349



5.10.3 Gaussian Minimum Shift Keying

Here we shall consider the case where the BT product of the Gaussian
premodulation filter (see Eq.(5.48)) equals B,T = 0.25. For this product,

’5;’{3-5 forv=1
ﬁ forv=2
v 1% (5.105)
se forv=3
LO for v 5 1,2,3.

We have developed and evaluated with GMSK, the same receivers used
for TFM. For GMSK with B,T' = 0.25,

ATB(€ +2, e-1) = (-r555)

T

. . . T N
Afﬁl(f + 21 [cf—l, CE_'z]) 2 (Ce_lm -+ ce_zm)

ASB(E + 2, [8e-1, 82, &3]) = (B¢ 5 S b éerm + Eame) (5.106)

251 989

The decision laws corresponding to the three cases are the following:
A=1

& = sgn{Im{dFPM(£ + 2)e~HEe17m)}) (5.107)
A=2
& = sgn{ComskIm{dSPM(£ +2)e~iCem15w)}
—& 1 Re{dSPM(£ 4 2)e~HCe2-d-1)am) 1} (5.108)
A=3

& = sgn{ComsxIm{dSPM(€ + 2)e~iée-17m)}
—&e_1 Re{d5PM(£ + 2)e 7 Ce-raim)}
+[Be—18e-2) Re{dSPM(¢ + 2)e i (Ge2-E=2)55)}}  (5.109)
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The expressions described above use the simplified phase shifting rules
given in Egs.(5.101) to (5.103) for TFM, only now they have been modified
according to the phase characteristics of the GMSK signal. The block dia-
gram of the receiver implementing the DAPC and CWF functions is identical
to the one presented in Fig. 5.19 for the TFM.

For low Ey/N,, the optimal value of Ceomsk (i.e. providing the best
performance) is Cemsk = 0.846. However, again, as E,/N, increases, the
optimal value of Caask is reduced. For high E;/N, it becomes Copsx =
0.71.

To demonstrate the effect of DAPC on the GMSK signal, we have plotted
in Figs. 5.22 to 5.25 the phase-state diagrams of the conventional 1 and 2-
bit differential detectors of GMSK (Figs. 5.22 and 5.24 respectively) and
the 1 and 2-bit differential detectors with DAPC (Figs. 5.23 and 5.25).
From Fig. 5.22 we see that in this case, for the 1-bit detector there is no
overlapping between states created by combinations having ¢; with opposite
polarity. In this case, the closest phases, where ¢; appears with opposite
polarity, have a phase distance of 32°. This allows detection using the one
bit differential detector; however, its performance is poor. For GMSK, the 2-
bit differential detector has a phase difference of 64°. However, when DAPC
is used, the minimum phase distance between states having ¢¢ with opposite
polarity becomes: i) for the 1-bit detector 68° and ii) for the 2-bit detector
103°. DAPC has again helped to increase the phase distance between states
having c¢ with opposite polarity and with it, DAPC has increased the width
of the eye diagram at the sampling instant as well.

In Fig. 5.26 we provide the SER curves for the same systems evaluated in
TFM (the conventional 2-bit differential detector (2-bit DD), and the three
receivers described above. In this case, we include the curve of the con-
ventional 1-bit differential detector as well. The results again correspond
to Monte Carlo simulations. At the receiver, a 4** order Butterworth with
B,T = 1.0 has been used. In Table 5.8 we have summarized the improve-
ments offered by the proposed receivers, using DAPC and CWF, as compared
to the conventional 1-bit differential detector (1-bit DD). In Table 5.9 the
same receivers are compared with the conventional 2-bit differential detector
(2-bit DD). The comparisons are performed for SER equal to 10~2 and 10-4.
From the results we see that all the DAPC/CWT receivers outperform the
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Figure 5.22: Phase state diagram of the conventional 1-bit differential de-
tector for GMSK with B,T = 0.25. The values of the bit combinations
[ces1s €, Ce—1] generating every state are indicated in the figure. With a cir-

cle we have marked states where ¢; appears with the value 1 (¢ = 1) and
with a square, states where c; appears with -1 (¢, = -1).
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Figure 5.23: Phase state diagram of the 1-bit differential detector for GMSK
(with B,T = 0.25 after the data aided phase correction (DAPC) has been
applied. The values of the bit combinations [eg41, €] generating every state
are indicated in the figure. With a circle we have marked states where ¢
appears with the value 1 (¢; = 1) and with a square states where ¢; appears
with -1 (¢ = —1).
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Figure 5.24: Phase state diagram of the conventional 2-bit differential de-
tector for GMSK with B,T = 0.25. The values of the bit combinations
[ces1, €6y €e—1] generating every state are indicated in the figure. With a cir-
cle we have marked states where ¢, appears with the value 1 (¢ = 1) and
with a square, states where ¢ appears with -1 (¢ = —1).
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Figure 5.25: Phase state diagram of the 2-bit differential detector for GMSK
(with B,T = 0.25 after the data aided phase correction {DAPC) has been
applied. The values of the bit combinations [cey1, c¢] generating every state
are indicated in the figure. With a circle we have marked states where ¢;

appears with the value 1 (¢; = 1) and with a square states where c; appears
with -1 (¢ = -1). '
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1-bit DD and achieve improvements of as high as 11.8 dB. Compared to 2-bit
DD, the (1+2)-bit DAPC/CWF, (14+2+3)-bit DAPC/CWF perform better.
The improvements the DAPC/CWTF receivers offer are higher than 4 dB.

However, the (1)-bit DAPC lacks 1 dB in performance as compared to 2-bit
DD.

As the B,T of the premodulation filter becomes smaller (the signal be-
comes more spectrally efficient) the improvements become higher.

Table 5.8: Improvements offered by the multiple differential symbol-by-
symbol receivers using data aided phase correction and combining with feed-
back (DAPC/CWF) for a GMSK signal (B;T = 0.25). The comparison is
made with the conventional 1-bit differential detector.

SER GAINS (dB)

(1)-bit DAPC | (13-2)-bit DAPC/CWF | (1+2+3)-bit DAPC/CWF
10-2 6.5 8.7 105
10-° 7 0.8 1.8

Table 5.9: Improvements offered by the multiple differential symbol-by-
symbol receivers using data aided phase correction and combining with feed-
back (DAPC/CWF) for a GMSK signal (B,T = 0.25). The comparison is

made with the conventional 2-bit differential detector.

SER GAINS (dB)

(1)-bit DAPC | (132)-bit DAPC/CWF | (1+2+3)-bit DAPC/CWF
102 12 15 3
107 1 P 2

356



SER

IOQ:

1031

[—— 2soD

1 =8 (1)-bit DAPC
1——— (+2)bis DAPCICWE
——— (1+2+3)-bit DAPC/CWF

1-bit DD

104

8 10 12 14 16 18 20
Eb/No (dB)

Figure 5.26: SER performance curves of GMSK (B,T = 0.25) with various
non-coherent receivers using data aided phase correction and signal com-
bining with feedback ((1)-bit DAPC, (142)-bit DAPC/CWF, (14+2+3)-bit
DAPC/CWF). The curves of the conventional 1-bit (1-bit DD) and 2-bit
(2-bit DD) differential detectors are also included.
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5.11 CONCLUSIONS

The present Chapter has extended the development of improved (yet practi-
cal) non-coherent receivers to CPM signals. It has addressed both sequence
estimation and symbol-by-symbol detection. The derived receivers can be
implemented in a block decoding or multiple differential detection form.

The design of the non-coherent CPM receivers has started with the deriva-
tion of metrics for asymptotically optimal non-coherent detection. After-
wards, the AMP signal decomposition is used, in order to obtain reduction
in the filtering requirements of the receivers.

In order to make possible a cost efficient implementation of the non-
coherent receivers in the IF multiple differential detection form, the relatively
complex (and difficult to be implemented as IF) filters provided by the AMP
signal decomposition analysis have been replaced with simple commercially
available filters. All the evaluated sequence estimators and symbol-by-symbol
receivers have been implemented in the multiple differential detection form.
The evaluated configurations use up to three differential detectors and they
have relatively low complexity.

The reduced complexity symbol-by-symbol receivers use decision feed-
back. The use of decision feedback in these structures introduces a new
technique, the Data Aided Phase Correction (DAPC) whose primary func-
tion is to cancel (using the already made decisions) the ISI present at the
phase of the (m-bit) differentially detected signal. This ISI has been gener-
ated by symbols transmitted before the symbol under decision. The use of
DAPC increases the width of the eye diagram at the output of the {m-bit)
differential detector, prior to its use in the decision process. The DAPC is
used together with signal combining directed by decision feedback (CWF).
Function of the CWF technique is to combine the outputs of the multiple
differential detectors prior to the decision, in a way controlled by the previous
decisions. Use of CWF increases the signal to noise ratio at the input of the
decision unit (for binary transmission it is a threshold detector).

We have evaluated the multiple differential symbol-by-symbol receivers
and sequence estimators with three popular CPM signals, the MSK, TFM
and GMSK. The results were excellent. For sequence estimation and opera-
tion in a Gaussian channel, they demonstrated improvements higher than
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9 dB as compared to the conventional differential detector. In a Rician
faded channel they achieved reduction of error floors by more than
three orders of magnitude. The evaluated multiple differential symbol-
by-symbol receivers (using DAPC/CWF) achieved improvements higher
than 5 dB compared to the conventional differential detectors. Considering
the weakness and poor performance of the conventional differential detectors
when used with highly spectrally efficient CPM signals, we feel it is justifi-
able to say that the introduced improved non-coherent receivers have made
possible the use of practical differential detection receivers with spectrally
efficient CPM systems.

In the following chapter, we shall summarize the main contribution of this
work and suggest some potential extensions of the covered research material.
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Chapter 6

CONCLUSIONS

6.1 SUMMARY OF THE CONTRIBUTIONS

This thesis has introduced new non-coherent receiver structures for the linear

and CPM signals. The contributions of this thesis can be summarized as
follows:

1) A Generalized Non-Coherent Detection Theory for Linear and CPM
stgnals has been introduced.

It has provided the structures of optimal symbol-by-symbol receivers and
sequence estimators both for the ideal as well as the time dispersive channel,
It has extended the non-coherent detection concept to multi-amplitude/phase
signal formats. It has also provided the linking between various non-coherent
detection techniques and how they relate to the concept of optimal non-
coherent detection.

2) It has provided a number of novel, improved non-coherent receivers,

Whenever the optimal receiver structures became complicated and impracti-
cal, we applied proper approximations and simplifications in order to derive
reduced complexity (improved performance) receivers. Such structures are:

1. Asymptotically Optimal Decoders Jor the time dispersive channel. These
structures applied on treilis coded as well as uncoded signals provided
improvements higher than 5 dB as compared to the conventional

360



differential receiver (for example see Tables 4.4, 4.12 and Figs. 4.14,
4.42). Used with muilti-amplitude/phase signals they outperformed the
differential and coherent PSK systems of equal spectral efficiency by 6
and 3.5 dB respectively (see Fig. 4.46). These receivers have made
the application of non-coherent technology to the power/bandwidth
efficient multi-amplitude/phase systems possible.

. Block Decoders. Evaluated in ideal as well as time dispersive chan-
nels (both for uncoded and trellis coded signals) they were capable of
achieving improvements by more than 3.4 dB as compared to the
conventional differential systems (see Table 4.9 and Figs. 4.37, 4.38).
Also evaluation in Rician faded channels demonstrated their capability
to. reduce the error floors experienced by the differential systems. Our
evaluation results demonstrated improvements higher than 7 dB
and a reduction of error floors by almost one order of magni-
tude (see Table 4.24 and Fig. 4.84).

. Recursive Sequence Estimators based on Combined Squared Amplitude
and Multiple Differential Detection. These structures have been proven
very powerful both in AWGN as well as faded channels. Evaluations
demonstrated improvements higher than 8 dB compared to the con-
ventional differential receiver, when operating in an AWGN channel
(see Table 5.3 and Fig. 5.5). Operating in a Rician faded channel they
were capable of reducing the error floors experienced by the conven-
tional differential receiver by more than three orders of magni-
tude (see Figs. 5.6, 5.10). These improvements are provided while the
structure of the receiver remains in very logical levels of complexity.

. A class of simple symbol-by-symbol receivers based on phase ISI can-
cellation and decision feedback directed signal combining. They achieve
the improvements by: i) opening the eye diagram of the signal (this is
made possible by reducing the ISI present in the signal phase) and ii)
combining the outputs of more than one (multiple) differential detector
in 2 way determined by the values of the already decided symbols. Eval-
uations indicated their capability to achieve considerable improvements
as compared to the conventional differential receiver. Improvements in
excess of 5 dB have been verified (see Table 5.7 and Fig. 5.21). At
the same time the complexity of these structures remains in low levels.
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3) It has provided the framework for the analytical evaluation of the pro-
posed symbol by symbol receivers and sequence estimators. It covers evalua-
tion of the proposed schemes in AWGN (ideal or time dispersive) channels
as well as in faded channels. As a result of the performance analysis we iden-
tified the distance expressions which characterize the performance of these
receivers (equivalent to the Fuclidean distance which characterizes the per-
formance of coherent schemes). Through the performance analysis carried
out we identified that the existing codes (developed for the coherent systems)
are not optimal when they are used with non-coherent techniques. The iden-
tified distance metric expressions can be used to develop new optimal codes
which are appropriate for these non-coherent schemes.

6.2 FURTHER RESEARCH AREAS

In the present work, we have provided a generalized non-coherent detection
framework. We developed and analyzed different optimal and near optimal
non-coherent receivers. We applied them to PSK, QAM and CPM signals.
Our study has been exhaustive. However, even though this thesis has an-
swered a number of questions related to non-coherent detection and provided
non-coherent receiver structures capable to achieve considerable gains, at the
same time it has generated a new set of questions and directions. Below we
list some of them.

1. Eztension of the proposed (multiple differential) receivers for optimal/
asymptotically optimal detection of digital signals operating in fast faded
environments. Even though fading has been considered in the evalu-
ation of the proposed schemes, the design of the proposed receivers is
based on the assumption that the signal travels through the channel
(ideal or time dispersive) is corrupted only by Gaussian noise. No con-
sideration of the fading and its statistical behaviour has been taken.
Consideration of the statistical behaviour of the faded channel in the
design, results in modified forms of multiple differential detection struc-
tures, exhibiting superb performance. The error floors are virtually
eliminated or very significantly reduced (depending on the complexity
levels used by the application). Some work on this subject can be found
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in [166], {167], [22]. Such a system can be very valuable to applications
encountering fast faded channels such as aeronautical communications,
personal satellite communications operating in the EHF band etc.

. Design of new coding techniques to “match” the characteristics of the
proposed receivers. One of the findings of this thesis was the non-
optimality of existing coding schemes (developed and optimized under
the maximization of Euclidean distance criterion; Euclidean distance
characterizes the performance of coherent systems) when used with the
proposed receivers, especially for the case where the operation takes
place in a distorted channel. Instead new codes are required -their
design based on the distance metrics (described in this thesis) which
apply and characterize the performance of the proposed receivers.

. Apply the introduced non-coherent detection techniques to block encoded
signals. Even though in the present work we considered only convo-
lutional codes, the receivers can be used with block coded systems as
well. In the text we have indicated ways to reduce the complexity of
the non-coherent receivers, when they process long sequences. How-
ever, the same approaches do not necessarily apply to block encoded
signals. For block codes using long codewords (Reed-Solomon codes,
BCH codes e.t.c.) other approaches might be needed in order to provide
reduced complexity near optimal non-coherent receivers.

. Eztend the Generalized Non-Coherent Detection concept to the partially
coherent detection. Some initial work on this subject can be found in
[249], [250]. Further extensions on this topic are possible.

. Eztend the analysis and the proposed structures to systems with both,
carrier frequency and phase uncertainties. One assumption which has
been used in the design of the proposed schemes is that while the carrier
phase is unknown, the carrier frequency is estimated quite accurately
at the receiver and it is used for signal demodulation. An alternative
implementation method, which avoids the signal demodulation, is to
use Multiple Differential Detection. In this second case, the carrier fre-
quency has to be kept close to a value which is a multiple of the symbol
transmission rate. This is needed to ensure that phase offsets do not
appear at the outputs of the differential detectors. However, in certain
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cases (especially in channels experiencing deep fades), it is difficult to
always achieve accurate estimate of the frequency, as for example when
the signal enters in or comes out from a deep fade and of course, during
the fading period. Similarly, Doppler shifts, Phase Noise or other types
of impairments make any effort to keep the carrier frequency always at
a certain value practically impossible. By considering frequency un-
certainties in the model of the communication channel and using this
model in the mathematical formulation leading to the design of the
receiver, new improved schemes can be generated.

364



Appendix A

Metric of the Non-Coherent
Asymptotically Optimal
Sequence Estimator for High
Ey/No

The objective of this appendix is to prove that the metric expression
REMO (R, 5, C(A)) of Eq. (4.7) is asymptotically optimal for high E,/N,.

Proof

Let us consider two transmitted information sequences A*, A¢. We want
to decide as to which of the two is the most probable one. According to the
analysis presented in Chapter 3,

Av oo
RLMD( 1 ¥s C(Au)) : RLMD(hs y,C(Ac)). (A'l)
A¢

Case 1: |T223 yi(el)'] > 0, |LE3 yi(ch)'| > 0
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Using the approximation

Lo(jzl) =

2rr|:|e|=| for |51 > 6.8 (A.2)
Eq.(A.1) can be expressed as
1 —
Jom /! z';vm(cr)‘l
Z-1 Av
o0 gy 1= (MSTlho, C(A") + ISTER, LA + | T (el N} 2
1
\/27\/ b f;%l vate)"!
1 o
exp{ 3 {~(MST(ho, C(A)) + IST(h, C(A +|ZJk(ck
o k=0
(A.3)
or equivalently
[|>:k_o Yk ci)-ll%
| o820 we(ch)"]
exp{—" ( |Zyk(ck *| = (MST(ho, C(A")) + IST(R,C(A%))))—
N, k=0
- ._ J”
(lzyk )| = (MST(ho, C(A°)) + IST(R, C(A*))))} A_Z 1. (A4)
k=0 <
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Defining the terms

Ri(5,C(A*),C(AY)) t(l'z"“‘ G iy (A.5)
2 k=0 Yk (Ck) |

322(hCH "_"1 371 C’(;{”), C"'(‘Ei()) =

Izyk ck)l_(MST(hO! 0(A%)) + 18T (h, C(A")))

k=0

Igowe 2| — (MST(ho, C(A)) + IST(R, C(A*))) (A.6)

and using them in Eq.(A.4) we get

Av
exp{[-—(N%(y,C(A") C(A%))) + Ra(ho, b, 7, («‘i”),é(ﬁ‘))l}} 1
3

or equivalently

»

Rag

No¥t1(7,C(A"), C(A%)) + Ra(ho, §, C(A"), C(AS))

AV
o

(A.8)

<

ag

For N, — 0 (ie. -% — o0) the first term in Eq.(A.8) vanishes to zero
and Eq.(A.8) becomes:

Av
R (hO: h': ¥ C(Ay) C’(ﬁc)) 2 0
A¢
or equivalently

Z=1
| 2 vk} = (MST(ho, C(A")) + IST(R, C(A")))

k=0
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(|Zyk )| = (MST(ho, C(A%)) + IST(h,C(A%)))

(A9)
k=0
Case 2: |Zf'='(]i Yr(ck)*| = |Zk-o yi(c ) |>0
Using the I(0) = 1, we can express Eq.(A.1) as
. .‘i”
exp{ - (- (MST(ho, C(A") + IST(K,C(A))) +| Z NCAIEE
o Ac
m\/l Z=1 , ()m
Z-1
exp{—[ (MST(ho, C(A%)) + IST (R, C(A)))) + | 3 wlch) D}
k=0
(A.10)
Defining as
Z-1
Re(§ C(A)) = In(x] T ()15 = 5in(Ne) (A1)
k=0

and repeating the steps described in Case 1, we end up with the following
expression:

' A
N,R3(7,C(A%)) + Ry((5,C(A"), C(AC)) — %ln(Na) 2 0. (A12)

X
Lal
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which for N, — 0 (i.e. ‘% — 00) becomes:

_,{v
332(h0,71»37,é(fiy)» C(AC)) Z 0
A¢
(the ;ln(z)\—’_zo has been used) or equivalently

=0

Z-1

| E) y(ck)™l = (MST(ho, C(A%)) + IST(h, C(A")))

ju

>

<
A¢

(| Z yr(cf)"] — (MST(ho, C(A%)) + IST(R, C(A1))) (A.13)
k=0
Eq.(A.13) is identical to Eq.(A.9).

Case 3: Izk_o yYk(cg)“l=0, |):k=c} Yk(cfc)'l =

Eq.(A.1) can be expressed as

Av
exp{—[ (MST(ho, C(A%)) + IST(R,C(A*))

+|§ykck Moz
exp{ - [~(MST(ho, C(A) + IST(h, C(AY) D+13 DI}

k=0

(A.14)
369



and equivalently,

Z-1
| 3" yrlc})™t = (MST(ho, C(AY)) + IST(R,C(A )))
k=0
jv
<
A¢
Z=-1
(I 2 waleh)™| — (MST(ho, C(A)) + IST(R, C(A%))) . (A.15)
k=0

Eq.(A.15) is identical to Eq.(A.9).

For %’: — oo the decision law of Eq.(A.9) is equivalent to the optimal de-
cision law described by Eq.(A.1) . Consequently it is asymptotically optimal
for high %:- Notice, that the equivalence is in a deterministic sense (i.e., as
the ,%: — 0o the two decoders are bound to give the same decisions).

Q.E.D.

370



Appendix B

‘Pairwise Error Event Bound
of the Block Decoder

Assume that A is the transmitted information sequence. Assume that now
C(A¥) is compared with C—'(ﬁc) the decision being based on the maximization
of the metric R;c(7, C(4)), presented in Eq.(4.12). The criterion which will
choose one over the other codeword is the following:

ju
|Fz(g, C(A"))| ;: \F7(3, C(AY))| (B.1)
¢
where
F(5,C(A Z yr(ch)" (B.2)
k=0

¢}, represents the value the symbol ¢, would have, if the sequence A is the
transmitted one.

Using Eq.(B.2) F&(7,C(A")), F4(§,C(A%)) can be expressed as:

Z-12-1 z-1
F3(3,C(A™) = 3”[;} E e (ef) hizt] + Z;) ni(l)” (B.3)

where 7 can be either v or { (7e{v,(}). Because of the Gaussian nature of
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nk, F%(§,C(A")) is a complex Gaussian random variable with an average of
_ Z-12-1

E;' = ejd’(z Z CT(C?).h.‘_]). (B-”
i=0 =0

For the case where there is no ISI, E’,‘; , becomes:

Z-1

Ey =% o)) (B.5)

=0

The variance of F4(§,C(A")) is equal to:

Z=-
= E{| 2 n(c]) [} = (ZRD +2 2 R} Z cos(A®N(1)))  (B.6)

k=0 k=1 =k
where A®}(1) represents the value Ad,(i) would have, if A" was the trans-
mitted information sequence.

The cross-covariance uf, between Fz(3, C(A")) and F(3,C(A%)) is equal
to:

Z-1
W= S R Z[e:m‘meao"_ku—kn + emila0Mead -k (B
k=0 =k

At this point, it is convenient to define the parameters,

Z-1 Z-1
Vyy = ?2’-’- =Z+2) pp ) cos(A®(1)), (B.8)
n k=1 i=k
c Z~-1
e p, [4 » - - v
== (T g Z[eam {0941k 4 ~iARTM-ASL-H)| (Bg)

n k=0 =k

where p} = ,—R?;.f- = ?E. We remind the reader that o2 is the noise power,

coming through the Hg(w) filter (62 = E{|n«|?} = R}). v.n, v represent
the normalized variance and covariance respectively. When E{nin;_,} =0
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V 130 (i.e. when the n; noise terms happen to be uncorrelated wnth each
other) then v,,, v,¢ and v;, become: v,, = v, = Z and Ve = Z ck(cg)

One interesting observation coming from Egs.(B.8) to (B.9) is that for
the case where the noise terms happen to be correlated, the v,,, v,¢ and Vi
are dependent on the entire sequences C(A*), C(A¢). On the contrary, when
ny are mdependent Uy, Uy become mdependent from the data sequences.
Also, v$, depends only on the symbols ¢/, ¢ that belong to the segment(s)
of divergence between C(A”) and C(AS), i.e. only from those symbols that
happen to be ¢! # ¢f (in the other case, c?(cf)* = ! = 1). The case
of equal apportioning of the Nyquist filter between transmitter and receiver
(i.e. € = 0.5) falls into the second category.

Using the material of [214, pp.223-228] we find the following expression
for the P({C(A¢) — C(A*)}).

P({C(A%) — C(A")}) = Qr(—a[u.clv ﬁ[.,,q)
Uy — U ]
[(vor + vig)? 4|U c|2]%

Sl +

1 1 of,q+ 8L
I( poa % Buq) exp(- 72 ——2—-)

(B.10)
with Qy(z,y) being the Marcum’s Q function [242, p. 585) and
{ U } oL (BEPHIBP - 2Re((B) B}  ELE — ECP
Bl Uy + Uy 1 = [ycf? \/ 1= [7uc|?
(B.11)
with
2v;,
o = m——— B.12
T (Uuy + vu() ( )
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For high %’: Qy(2,y), fo{x) can be approximated as follows:

(-%) for ¢ =

me('u-?ﬂ‘) forx >0,

(B.13)

elel

Io(z) = \/‘m (B.14)

The expression at the right side of Eq.(B.13) is actually an upper bound for
Qs(z,y). When z >> 1,y >> 1, and (y — )% >> 0 this bound becomes
tight (see [242]). Application of these approximations on Eq.(B.10) provides
the following upper bound expression for P({C(A¢) — C(A")}):

- = - - 1 - o I y — B, 2
PUCE) = BRI < B = SMOUA), C(A) exp{—- (A = )
(B.15)
with
1 for Al = 0
A(C(A), G(A) = _— ,
- p for oy, # 0.
[ [(Uvu+0g‘)?—4lusc|2]%] Jz’r;'?;o(”-(lﬂ!v.(] or a[ -d #
(B.16)

When n; are uncorrelated (v,, — v, = 0) and the y; samples are free
from ISI, the following equations are valid:

Z=1 . ZN_—lcu C( .
(ape = Bwa)’ =2 = | 3 k() epqbpa = Xz ciler)’] (B.17)

k=0 2

and B[iq becomes equal to:

Z=-1
B = ghio(CUA), SN empl-(Z - | L el D} (B9

k=0
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with A;c(C(A%), C(A€)) being equal to :

1 for T2 e4(c)" =0
(

elsewhere.
7"’-\/ T

In Eq.(B.15), the exp{—2 —L‘l—-—ﬁi"—'ﬂ)—} is the dominant term which deter-
mines the value of the panrw:se error probability. Its value becomes smaller
as (aq¢) — Biw¢))? becomes larger. We define the

Ac(C(A"),C(A%)) =

z _ lowg —Bual ‘
Df g = A Fedll (B.20)

to provide a distance quantity for the non-coherent receiver, equivalent to
the Euclidean distance used for the coherently detected schemes. As the
minimum of the Euclidean distances characterizes the performance of the
coherently detected system for high E;/N,, the minimum of the distance
metrics DZ 0 characterizes the performance of the non-coherent systems.
From Eq. (B 18) we realize that when R, =0 V ! #0 (ie. the n, terms are
uncorrelated) and no ISI is present, D is equal to

_ 2 -1 c( .
DIZC[u.C] = | k20 k( k) | (B.Ql)
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Appendix C

Exact Upper Bound of the -
Uncoded MPSK with
Non-Coherent Block Decoding

Exact Upper Bound for the ISI and Noise Correlation Free Systems

In Fig. C.1, the trellis diagram of the M-ary PSK signal is illustrated.
There are M different states G; (0 < ¢ < M —1), each one being associated
with a phase value ;. ¢; is equal to the value ¢} would have if the path of
C(A?) goes through G; at kT (i.e. w; = ¢, where ¢! represents the value

o has, when C(A) is the transmitted sequence). The value of y; is defined
as follows : :

o= 0 <igM-1) (1)
M
Notice that the value of ¢; depends only on the state G;. As a result, the
value of ¢% depends only on the state which happens to be the destination of
the transition (from (k — 1)T to £T'). Notice should also be made that there
is a full connectivity between the states (i.e., from every state, transitions
occur towards any other state, including itself).

- Let us assume that C(A*) has been transmitted, with

C(R) = [1, /64, 4, .. i) (c2)
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Om-1

Figure C.1: Trellis Diagram of the Uncoded MPSK Signal.
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(i} is integer with 0 < i SM-1landl <k < Z—1). The first step is
to find the upper bound of the pairwise error probability for the error event
{C(A") — C(AM}.

C(A") = 1,75, 33D ... lhendD) (C.3)

(¢} is integer with 0 < ¢} 5 M —1and1l <k <Z-1). Following the results
of Appendix B (see Eqs.(B.15), (B.16)) the reader can easily verify that:

Bl = 2TOE%47,...,i0)

exp{—:,-g;[z 11+ Z exp[—j 11'" D" @ B 1y Nmodan]|]}

(C.4)
with T(0,4",i3™,...,i%",) = Aio(C(AY), C(AM) and zk"’ = (1} © 1 Jmod(M)
(1 £k £ Z~1). Using Eq. (B.19), T(s3™,i}",...,i3",) can be expressed
as :

T(E™ 8", izh) =

1 ' for [S-720

exp{—i %" ® ... ® 1 modqrn) }] = 0

for (X2}
\/ P T

exp{—jzﬁ"(ia\'" B...0 i:'n)mnd(M) J#0

(C.5)
with ig” = Argled(c?)"] = ¢* © ¢ = 0.
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For an uncoded MPSK signal, the union bound /3% has the following
expression:

1
UBZ —_ 2(2T)p Z PBZ'U (C.G)
{C'(j”)esgw}
where
1 = = =, =

{C(AS)eS e an}

As can be seen from Eq.(C.7), for the calculation PB?%", a summation of
B[?\m] over all elements C(A") of Sg 43 has to be carried out. Due to the full
connectivity of the trellis diagram, Sg(42) contains as members all sequences
C'( jn) = [1’e(j%'i‘(i¥)mod(a\l))’e(j?ﬁ'(i?eig)mod(bf)) e(J-;q('"GB'z Q‘z-;)mad(M))] de-
fined by any possible combination {¢7,43,:-,2 z_l}, except the {i] =i},i] =
i3,--+,i%_, = i3_,}. This allows us to express Eq.(C.7) as

1 M-1 M=1  M-1 Z-1

Pp% = —:—larz 5 Y (X TR

in_m Mg ,An =g =1

i 'q+i:'q+'"+‘.:'z':x #0
1 “ ‘21r A A 'Arﬂ .
exP{—E;a'[Z -1+ :;1 exp[-Jﬁ(h ©5L" @ - DL )modian)] ]}

(C.8)
with

0 forz=0
§p(z) = {1 for z # 0. (C.9)

The i3 443" + ... + i3", # 0 condition is needed so that the {i] = i},4] =
i3, ++,i%_, = i}_; } combination is excluded from the summation of Eq.(C.8).

Since in Eq.(C.8), {al"’, iy, ++,ix", } takes all possible combinations but the
{0,0,---,0}, PB?* is independent from the sequence C(A*) i.e.

PB%* = PB%% v (. (C.10)
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Using in Eq.(C.6) Eqs.(C.7), (C.10) we get:
UB? = pp%* (C.11)

with C(A*) being any sequence, member of the §%,,. Consequently,

Z 11 M-1 M-1 M-1 Z-1
UB” = 5 2 T X D HEI0E" i)
o iP"=0i=0 izl =0 =t

i |'7+"= '“+"‘+ig.2| #0
1 z-! _27!' A\ A\ X
exP{'—%;[Z — 1+ :2 exp[—gﬁ(zl D" D B modan]l}
n =1

(C.12)
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Appendix D

Approximate Upper Bound of

the Uncoded MPSK with
Non-Coherent Block Decoding

The objective of the present Appendix is to provide an alternative bound ex-
pression, capable of characterizing the performance of the proposed receivers
with lower processing load. However, before we continue with the derivation
of the approximate bound, two lemmas will be given. Their content will be
used later on in the derivation which will follow.

Lemma 1
Let us assume that for the sequences C(A¢), C(A¥), 6% # 8¢ (6% repre-

sents the value 0 has when C(A‘) is the transmitted sequence). We shall
prove the following two statements:

For 6% # 8%(= ¢t # ),
Statement !

if 9£+: =0}, = ¢'i+1 # Pk
Statement 2

if 0}‘:—1 =0;_, and ¢'£-1 # P = 9?:—2 # 0,
Proof
Statement [
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When differential encoding is applied,

Or = -1 D Ps - (D.1)

From Eq. (D.1), we have 8., = 05 @ ¢%,, and 8%, =0 @ Pryr- Since
05,1 = 0%, has been assumed,

0L @ 9k, = 0L DOy, = df = 0L O 6L ® oL, (D.2)

Because 6% # 0% == 07 5 65 # 0. Using it in Eq. (D.2), we get ¢f.+, # Phars
which proves the first statement.

Statement 2

og-l = 9}:-2 @ ¢Ac=-1 and 0}, = 0;_, @ ¢{_,. Since GE-I = 0i.1»

0 B =0 D, =0, =0, 0,04 ,. (D3)

¢, # ¢, = d¢_,6d%_, #0. Useofitin Eq. (D.3), leads to 85_, # 0%_,,
which proves the second statement.

From the first statement, the following can be concluded. If the two
sequences C(A*), C(A¢) have ¢ # c, there is the possibility at (k + 1)T
to have an information symbol error (¢%,, # ¢t = gbp1 # 9541 With
g,'i_'_1 representing the value the information symbol gy has, when C(A¢)
is the transmitted sequence) even if cf,,, c},, happen to be equal ( 0,, =
9k+1 == Cyq = ct +1) Consequently, a {c} # ci} event might be associated
with both {¢% # ¢{} and {dkn # ¢%.1} events. When a decision in favor
of C(A¢) is made, while C(A*} has been transmitted, this would give two
information symbol errors, resulting from only one “disagreement” between
the symbols ¢, ¢t (i.e., ¢t # ¢}) of the sequences C(A4*) and C(A¢) .

The question “Is it possible to associate the event {cf # ¢{} with more
than two information symbol errors?” is answered by the second statement,
where it has been shown that i 1n order to have a symbol error at (k — 1)T
({g2_, # gt_,}) while ¢{_, = ¢§_,, we have to have unequal symbols ¢}_,,

1This behaviour is familiar to systems which differentially encode the mformatlon se-
quence [60].
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-z at (k = 2)T (i, {cf; # cf_,}), consequently, the {g_, # g{_,} is
associated with the {cf_, # cf_,} rather than the {c} # c{}. Every {c} # <}
can be associated at most with twe information symbol errors.

Lemma 2

Consider the function:
1 for T2t et(ct)" =0

for T2 ()" # 0
72-"7_;?!25:0‘ cx(e)el ko ck(c)” #

(D.4)

Awc(C(A%),C(A%))

Let us assume that from the Z {c{(ct)"} product terms, m of them are
equal to e(¥) (i.e., c}(ct)* = e/(3)) ? whereas the rest (a total of Z —m) ace
equal to 1. We shall prove that under these conditions, A;c(C(A¥), C(A¢)) =
p(M, m) with

1 forM=2and m=
p(M,m) = 1 1 N
Var 7;1!. ‘/Zn+2m=(l—cm(%';))-&mZ(l—cos(%})) elsewhere
(D.3)
Proof

Let us define the function 7({C(4%) — C(A4*)}) = 21 ct(cl)". With
the assumption made above being valid, we have:

Y{C(AS) = C(A))}) = Z — m + me B, (D.6)

At this point, it is convenient to define the function G¥(z) = 2z%(1 —
cos(3%)) — 2z cos(35) + Z°. The determinant of G¥ (z), AG(M ) equals:

Ag(Z,M) = —4Z*(1 - cos(—))(l + cos(—)) = —42? sinz(z—w). (D.7)

*The same results will be reached if t.he m ¢} symbols instead of being equal to e/ %7,
are equal to e/ (M=D3F),
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Using Eq.(D.6) it is easy to prove that:

1:({C(AY) = C(A)}) = W({C(A) = (AP = GY(m).  (D.8)
When 7({C(A¢) — C(A*)}) = 0, 7, ({C(AS) — C‘(A“ )}) = G¥(m) =0 as
well. Since Z? > 0 and sin*(§F) > OV M > 2,sin*(38) = 0 for M =2,

<0 for M >
a2, M) { (D.9)
=0 for M =
From the theory of quadratic functions, we conclude that for M > 2, G¥(zx)
has two complex roots whereas for M = 2, there is one real root, equal to:

_2Z(1—cos(})) 2z
T 4l —cos(Z)) "2

For the first case (Ag(Z, M > 2) < 0), G¥(z) > 0 V =z, with z being an
arbitrary real number. For the second one {Ag(Z, M = 2) = 0):

[ ]

go

(D.10)

=10 form:%
M
>0 fora:-,é%-.

Summarizing, we have :

=0 forM=2a.nd:c=-§-

G¥(z) { (D.12)

> 0 elsewhere.
Eq. (D.12) together with Eqgs. (D.4), (D.6), (D.8) gives :

Arc(G(A*), C(A%) = andm =3

/3
72-7’ ; \/-[-' 2mZ(l-cos(?ﬁ-))+2m2(1+cos(-n)) elsewhere

(D.13)
which is identical with Eq. (D.5).
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Derivation of the Approximate Upper Bound

Upper Bounding the number of errors associated with an error
event.

Let us assume that C(A¥) has been transmitted. As first step, the ele-
ments of S 4 are split into Z—1 different groups, GR{™ ,GR3", ..., Zv.
C(A€) belongs to GRZ (1 < m < Z — 1), if and only if the following con-
dition is satisfied:

Z-1

Y Q¥ =m (D.14)

=1

with

{1 for ¢/(c})" # 1 (=>¢f # o => 65 + 6Y)
o o (D.15)

0 forc(c) =1 (= =c/ == 6 = ).
The meaning of Eq.(D.14) is that C(A%) belongs to GRZ” if and only if

m

between C(A¥) and C(A¢), there are m symbols ¢t £ ¢ (0 < k < Z-1).

We separate GRZ"Y in two subgroups, GJ,"'V and G_Ez" G_ﬁz" in-
cludes all members of GRZ" which happen to have their (Z — 1)** symbol
identical w:th that of C(AY) (i.e. C(A‘) G2R2" if and only if C(A¢) €
GRZ* and &_, = ¢_,). G‘R includes as members, all elements of
&z “ which have their Z — 1% s symbol different than that of C(4") (i.e.,
C(AS) € GLR?” if and only if C(AS) € GRZ* and ¢_, # ¢_,). In Lemma
1, it was shown that every inequality between symbols of C(A), C’(/_i‘) (i.e.,
¢, # ct) can be associated with two information symbol errors ({gf # g%}
and {g{,, # g%} or equivalently, {4 # 4} and {¢'k+1 # ¢%,1}). Following
the conclusion of Lemma 1, we realize that the maximum number of 1nfor-
mation symbols g7 3 g¢ which can be found between elements of GzR and
C(A") is 2m, whereas for the members of G' R, 2w it g (2m —1) (sxnce there
is no symbol transmitted after (Z — 1)T, the {c}_, # ¢%_,} event will be
associated with at most one information symbol error, i.e {g§_, # ¢%_,}).
However, since there is a total of Z — 1 symbols transmitted, the number of
unequal symbols between two sequences is at most equal to Z — 1. Summa-

rizing the above discussion, we come up with the following upper bounding
expression for 7, ({C(A¢) +~—- C(A")})
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With C(A¢) € GRZ",

(2m for m < [Z]
and ¢§_, =4,
(i.e.,C(A) € G*RE)
7{{C(A) — C(A")}) < ni(m) = | 2m —1 form < [5
and &_, #c4_,
(i-e., C(A) € GLREY)

[ Z -1 form> [£].

(D.16)

Minimum Distance between members of GR%" and C(A*).

Since a sequence C(A¢) € GRZ”, has m symbols of ¢k # ¢, it will have
the following distance expression with C(A¥):

Z-1
DEg=12-1Z -m+Y 6,65 ©8)*OmMi, (D.17)

i=1

D[f‘d becomes minimum when one of the following two conditions is sat-

isfied:

Vo6 Ae, K=o (1<i<Z-l (D.18)
or
v o6t £y, 05:63’@(M-1)%§ (1<i<Z-1) (D.19)

These values, used with Eq.(D.17) give:

DZ., ., = \/z2 +2m? —2Zm 4+ 2(Z — m)m cos(%r) (D.20)

MR
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e is the smallest distance which we can find between elements
of GRZ* and C(A*).
For high E;/N,, the elements of GRZ" having distance equal to DZ

are the ones which give the highest contribution to the value of the t;f:)r
bound. The rest of them, having values of B{f ¢| orders of magnitude smaller,

where DZ,,
G
mm 2.v

can be ignored. At this point, it is convenient to define the G}nmRi‘ ,
Gf,,,,,Rz'" G R2Y. G'},,mRz' (G2 RZ") is the set consisting of all se-
quences C(A¢) € c_&z'”(c_gz‘") which happen to have minimum dis-
tance with C(A4Y) (Dmm ,)- Theset GﬁmRz‘”mcludes as members all ele-
ments of g}ﬁ,ﬁf;u and i R™" together (i.e GﬂmRz‘" = G,‘,“,,Rz Y UG2, R*,
where {J represents the union operation between sets). N mSz' N2, Sz"

min

is the number of elements G,',“,,Rz v G?,,,,,Rz' have respectively. Using only
the sequences, members of G, f‘" G2,..R>” in PB%" (see Eq.(C.7) of
Appendix C ) and replacing n.({C(A¢) — C(A*)}) with nd(m), we end up
with the following approximation of PB%*:

rz“‘l
PBI; = z—(Y eml % Bfg+(m-1)
m=1 (CL) e Gt Ga.aR2Y}

[ > Bfal

(A9 € &, R*™}

m!ﬂ

Z=1

SCEDED SR SRS DR )}

m=[Z=L141 {§(A¢) € GY, R®"}

(D.21)
Replacing PBZ%* with PBﬁ;; in Eq.(C.6) of Appendix C, we get the following
approximate expression of 2/ BZ,
1
z _ z,
UB,,, = 2= > PB.. (D.22)

{C(A")esgy}
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When [SI and noise correlation are not present, it can be shown that
PB%ZI;;. = PB;S,_ V ¢ € S%y. This reduces the expression of UBZ p. t0
UBZ, = PBZ, (C(A”) can be any member of $Z,;) which, together with
Eqgs.(B.18), (B.19) and Lemma 2 (Eq.(D.5)), leads to:

uB? L 153 s
o = > N2(M,m)p(M,m)

Z—12m=l

9
exp{—-?i—,z(z - \/Z2 +2m?2 —-2Zm + Z(Z —m)m cos(%)}

(D.23)
with

omN2, 52" + (2m = 1)NL, S* form < [Z54]

——l Y T BT gy

NE(M,m) = (D-24)

Z-1 form > [&1] .

The last step of this Appendix is to calculate N3(M,m) as a [unc-
tion of only M, m. At first, let us assume that the values of GE follow

H : v v z Z-2 =2)
Eq.(D.18) (i.e. if 6§ 5 67, 6f = 07 @ 2£). There are ( o ) = _Z=

mi(Z—m-2)!
different ways to distribute the m ¢ # ¢ symbols (or equivalently, the
6f # 6¢ phases) between T and (Z — 2)T. Each one gives a sequence el-
ement of G2, R%” (k! means k factorial). For the G*R%” subset, there
are ( i:? ) = (Tni'i()%g-)%r-ﬁ ways to distribute the m — 1 phases in the
(T,(Z — 2)T) interval (the last phase 6 # 0¥ has to be at Z — 1 since
b 1 # ¢
€z-1 F 51)-
For M > 2 (QPSK,8PSK,16PSK, etc.), the case described by Eq.(D.19)
(e if 6f # 67, 6¢ = 82 @ 22(M —1) (1 <i < Z — 1)) will give additional

( Z-2 ) and ( Z-2 ) sequences, members of Gf,“-nRz'", G R re-
m m—-1 re

mintt

spectively, making the total number of N2, §%¥ = 2 ( ZT; 2 ) (for G2RZ)
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nd NoweS," = (51:21‘) (for G'RZ”). For BPSK (M = 2), & =

32(M — 1) and the two cases described by Eqs. (D.18), (D.19) are identical.
Consequently for BPSK, the number of the minimum distance sequences will

be: i) N2, 5% = ( z ‘2) (o G2R) and ) N5 = ( 272 )
m —o8—m m-—1

(for G? ﬁz”) Eq. (D.24) used with the comments presented above, pro-

vides the following upper bound expressnon rega.rdmg the number of errors
contributed by the members of G}, R” v qr. RE

min —min___

[ [1+ 6;(loga(M) — 1)]

[2m( -2 ) +(2m—1)(i:? )1 for m < [Z2]
NB(M,m) = {
(1 +é;(loga(M) - 1)]

N[(z-l)[(zrzg)ﬁu(z‘z)] for m > [Z51]

m-—1
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Appendix E

Supplementary to Appendix F

Let us consider the complex Gaussian random variable F' and the real positive
number J. We assume that F has an average F with F being a positive
number. F' can be expressed as :

F=F+Nr+jNg. (E.1)

Ny, Ng are zero mean Gaussian random variables having the following prop-
erties :

E{N1} = E{Nq} =0,
E{(Nl)z} = a?\f,l:

E{(Nq)’} = o}

E{NiNg}=0 (E.2)

their pdf being equal to fy,, (u) = mexp{—ﬁ%}, with W € {I,Q}.

Let us deﬁhe the functions:
a(FT)=|F-J|, @FfI)=I|FI-T. (E.3)
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We shall prove that as a%,c — 0 the following equation holds with probability
1.

0 for Ni> T - F
WFT)=-gF Ty AT -F=N;) for F—F>Ny>-F (E4)
27 for Ny < = F

Proof :

For convenience we define the function:
B(FRI)=q(FJ)-gFT)=|F - F| - (|F| - T) (E.5)

The theory of complex numbers gives that |¢; — (5| > |Cl| — €2} (with ¢y, G
being two arbitrary complex numbers). Using it, we can easily verify that :

93(F,TJ) 20 (E.6)

The average of g3(F,7) with respect to Ng equals :

9(F T)wg = [ (1F =T+ Ny iNol = (1F + Ny + jNol = ) ()

(E.7)

For o}, — 0 fng(u) — 6(u) (8(u) is the delta function), leading to the
following value for gs(F, ) Ng

(P NG = WF =T+ Ni| = (IF + Nj| - 7). (E8)
oqufﬁ
Use of
z forz >0
2| = { (E9)
—z forz<0
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(z represents a real number) with Eq.(E.8) gives:

0 for N> T - F
GB(F,TNg = 2T -F—=Ny) for T=F> Ny > -F (E.10)

27 for Ny < =F .
From Chebychev’s inequality [203, Eq.(5.50 (a))], we have :

P“.‘IB(F,J)—QS(F,J)NQH21—£ (Ell)
with € being a positive number and o3, the variance of gs( F, J) given N|.

7 = [ loslF o+ Nyt ju, ) = 550, T gl (e
=2 [(IF =T + Ni| = |F + Ny | - T)

of -0
Ng
-~ ([F=T+N|=F+N|+ T =0 (E.12)
In Eq. (E.12) the fy,(u) = 4(u) has been used. Since I — a} = L
a?vq-—oﬂ g'qu_.o
we have (from Eq. (E.11)):
P(‘g:’(FsJ)_gS(FvJ)qu Sf) \_r}-‘ 1. (E°13)

O’?VQ —0

Assuming that e becomes infinitesimally small and using Eq.(E.13), we arrive
at

P(gs(F,J) 2 g3(F,T)ng) == 1. (E.14)

2
aNQ—-O

Eq.(E.10) together with (E.14) leads to the conclusion that for aqu —0:

0 for N> T -F
GB(F,T)=2AJ-F—-N;) for J-F>N;>-F (E.15)
27 for Ny < —F

with probability 1.
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Appendix F

Upper Bound of the Pairwise
Error Event Probability for
the Asymptotically Optimal
Non-Coherent Sequence
Estimator

Let us assume that the sequence C(A”) is the transmitted information se-
quence. Assume that C(A") is compared to C(A¢), the decision being based
on the maximization of the metric RE3X (%, §, C(A)) presented in Eq.(4.9) of
Chapter 4. The criterion which will choose one over the other sequence is
the following :

)'iv
P55, C(A)| = IST(h,C(A)) 2 |F5(5,C(AY))| - IST(R,C(A%))
A
(F.1)

(for the definition of the F(j, C(A’)) see Eq.(B.2) of Appendix B). The
decision rule of Eq. (F.1) can be equivalently expressed as :
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Decision Law 1 (DL1)

|F5(5,C(A"))| + DY’ (R) 22 |F5(5, C(A%Y))| (F.2)
with
Dy'(h) = IST(R,C(A%)) - IST(h,C(A"))
= Zz-l zi Re{hulei(ci=))" = ci(e]_)T} (F.3)

1=t k=l

In Appendix B, it has been shown that F¥(3,C (A")) F4(3,C(A%)) are
complex Gaussian random variables, their averages EY, EE being described

by Eq.(B.4) of Appendix B. Since Fy(§,C(A")), F4(§,C(AS)) appear as
absolute values in Eq.(F.2), the decision law would not change by replacing
them with

Fz*(3,C(A") = " Fy(5, C(A")) (F.4)

where n € {v,(}. F3*(§, C(A")), can be expressed as

F7*(5,C(A") = Ey* + NJT +5 (F.5)
with
- o Z=-1 Z-12-1
Ef*=eEy=hoy () +23 3 hilep(cl)" + (c])' <], (F.6)
k=0 =1 k=l

Z-1 h
w7 = Re{e™¥ Z ne(c)"},  Nog=Im{e? Y nu(cd)}. (F.7)

k=0 k=0
F7*(§,C(A")), F7*(§,C(A%)) have the same autocorrelation and cross corre-
lation properties with Fz(7, C(A¥)), F4(ij, C(A%)) (they are given in Eqs.(B.6),
(B.7) of Appendix B). Also,

E{N}} = B{N:3} = E{N{}} = E{N/3} =, (F.8)
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Z-=1 Z-~1
ol = EUNIP) = BUNE) = ol + L of 3 cos(A0](K))] (F9)

(for the definition of Ad}(k) see Appendix B),
E{N,IN, 3} = E{N/[N/3} =0 (F.10)
(a reminder, R} = E{n;n;_;} and p} = %E = ?g)

At this point, consider that instead of choosing between A, A¢ following
the rule described by Eq.(F.1), we decide according to the following decision
law:

Decision Law 2 (DL2)

Al‘
IF7* (3, C(A)) + D" (R)| 2 1F5"(5, C(AY). (F.11)

A¢

It can be easily shown that F7*(§, C(4*))+D%" (k) has an average ED, ¢ (ho, k)
equal to:

ED,(ho, k) = EY + Dy (R)
2-1Z2=1

= Zho+ Y D [Re{hici(c )"} + Re{hict(ct ;)" YF.12)

i=1 k=i

Case 1 : DY (R) >0

In this case, |[D§*(R)] = D§*(k). From the algebra of complex numbers we
have that: for ¢;, €; being two arbitrary complex_nu_mbers, |el|_+ 2] 2 |e1+ea]
always. Using the above identity, with F3*(5, C(4")), D%* (k) we have:

\F7*(5, C(A))| + D (k) > [Fy*(5,C(A")) + DF*(R)]. (F.13)

With Eq.(F.13) being valid, when the inequality of Eq.(F.11) holds with
the {>} direction (giving correct decision), the inequality of Eq.(F.1) (or
equivalently Eq.(F.2)) will certainly hold as well. This guarantees that when
D%*(h) > 0, the pairwise error probability Ppr ({C(AS) — C(A")}) (ie.
the probability of the error event {C(A¢) «— C(A")} happening when the
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decision law DL1 described by Eq.(F.2) is used) will be smaller or equal
to Ppra2({C(A¢) «— C(A*)}) (the probability of the {C(A¢) — C(A*)}
happening when the decision law D L2 described by Eq.(F.11) is used). Con-
sequently, for D§¥(R) > 0,

Pppa({C(A%) +— C(A"))) € Pora({C(AS) — C(A))).  (F.14)

Comparing the decision law DL2 of Eq.(F.11) with the one presented
in Appendix B (refer to Eq.(B.1)), we realize that they have the same form
(DL2 can be described by the decision law presented in Eq.(B.1) of Appendix
B, by simply substituting F4(5,C(4%)) with {Fy*(3,C(A*)) + DY (R)}).
Consequently, similar to P{{C(A¢) «— C(A")}) (which was upper bounded
from BE ), an upper bound By, o for Ppra({C(AC) «— C(A*)}) can be
given as well (i.e. Ppra({C(A%) — C(A")}) < BgW[u.(])‘ Bﬁw[,'q can be
derived by following exactly the same steps described in Appendix B, the only

difference in this case being that E? should be substituted by ED,{(ho, k).
The result is:

L, ar g L (apwig = Bewind)?
B§W[u.<1=§pr(C(A“),C(A‘))exp{.-g(“‘““’f ] ‘)ﬂPW[ <1) } (F.15)

n -

with

r1 for apwivg) =0

[ - Vpp =ty

= TN Ay R 1
Arw(C(A),0(A9) = 1~ orer—aiug lE
' 1
L \/'ZF;'EGPW[U.,:]ﬂPwp.q

for apwig # 0

(F.16)
and
{ Qpwive] } = 1 (lﬁ:;(hﬂv E)P + ‘Ellt"lz - 2Re{(EDu::(hDr E))-EE’YVC}
ﬁPW[V.(] Uy + Ve 1- |7V(|2

vyx TVIZ _ Y2
|ED,(ho, B)|? - |E]| )G (F.17)
\/1 — [ f? '
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(for the definition of v,,, v,¢, V¢, Y, see Eqs.(B.8) and (B.9) of Appendix
B ). Since Eq.(F.14), is valid, the following inequality is valid as well:

Ppra({C(A) +— C(A*)}) < Ppra({C(A%) — C(A")}) < Bwpq

(F.18)

Case 2 : D§¥(R) <0

In this case, |D$Y(R)| = =D (R). For ¢, €2 complex numbers, |& + €| >
lex]| = jez], which gives us

|F7*(5,C(A")) + D5’ (R)] 2 |Fz"(5, C(A"))| + DE*(R) (F.19)

In the second case, when the inequality of Eq.(F.11) holds with the {>} di-
rec*on, it does not guarantee that the same will be happening with Eq.(F.2)
as well. Consequently, for D§*(2) < 0, the upper bound of Ppr({C(A*) —
C(A9)}) does not upper bound Ppp,({C(A*) +—— C(A%)}) necessarily. In the
paragraphs to follow, we shall provide an upper bound of Ppr;({C{AY) ——
C(A%)}) which covers this second case.

The outcome of Appendix E shows us that for % — 00 (=02 —0)

\Fz*(5, C(A)| + DF"(R) =
(1F7"(5,C(A") + DF* ()| for Nzg > ~ED, (ho, k)
|F7(5,C(A*)) + DF* (R)]

+2(ED,7(ho, B) + NJT) for ~ED,¢(ho k) > Ny > —Eb*

| [Fy*(5,C(A")) + DY (R)| + 2D (k) for NJf < —Ev~

(F.20)

with a probability of 1.
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For the second and third cases presented in Eq. (F.20), (}Fz"(§,C(A*))|+
DY (h) < (I1F7*(3, C(A*)+D§*(R)]). For both of them, N;j < —ED}3(ho, h).
Due to the Gaussian nature of the N}y, the probability of NJ} < ~ED," (ko k)
is equal to :

P(N"F < —ED(ho, B)) = (2 PeclborB)y (F21)
_ 1 o u? p - £ 99
Q(m)—jﬁ—; | exp{—7}du. (F.22)

The probability of the pairwise error event {C(A¢) «— C(A*)} when the
decision is made according to DL1 (described by Eq. (F.2)), can be expressed
as:

Ppr({C(A°) +— C(A")}) =
j—ﬁ‘::ztho.ﬁ)

-G

Ppri({C(A%) — C(A" YN = u) Sy (u)du

Pori({C(A%) — C(A")YINUT = u) fuen (u)du

o
NI

‘/'oo
~ED, ¢ (ha.h)

(F.23)

where fyv=(u) is the pdf of Ny7.
Considering that :

) Pou({0(A) — CANNI) S1and
i) Ppra( {C(AS) e— C(A}INGT = u) = Pora( {C(A) «— C(A)}IN)] =
u ) foru > —-E_ﬁ::Z(ho,h) (due to the first case of Eq. (F.20)), we have:
. < ~ED,%(hoh)
Pora({C(A) — C(AY) < [

-0

Favgs ()bt

Lsmts gy Por CU) = TUA NN = )z (u)e
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(F.24)
Also,

./E'F’c(;.u k) Ppra {C(A() — C(A”)H 1 = u)fNu .(u)du <

[, Poral{C(A) — CLANING = u)wzy () =

Pora({C(A) — C(A")}). (F.25)
Using Eq.(F.22) and Eq.(F.25) with Eq.(F.24), we get:

ED,(ho, k)

Ouv

Poui({C(A%) — C(A")}) < Q( )+ Ppia({C(AS) +— C(A1)}) .

(F.26)

Replacing Ppr2({C(A¢) «— C(A*)}) in Eq.(F.26) with its upper bound
ng[”'(] (see Eq.(F.15)), we get:

ED,(ho, b)

[7a"

Ppra({C(AY) — C(A")}) < Q( )+ Biwg-  (F27)

Summarizing the outcomes of Eqs.(F.18), (F.27), we end up with the
following inequality:
Ppra({C(A%) «— C(A")}) < BE aopq (F.28)
where

BEW["!C] for D(z-”(ﬁ) 2 0

BFZF:AO[D 0= — (F.29)
4 u.‘ ‘E VT
By + Q(Z2ly for DY (R) < 0
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Appendix G

Pairwise Error Event Bound
of the Block Decoder
Operating in a Fading
Environment

G.1 Model of the Channel and the Received
Signal

The expression for the transmitted signal z,.(C(A),t) has been given in
Chapter 3. For the reader’s convenience, we present it again here.

2 (C(A),t) = zp(C(A),t)eilet+¥)

Z-1
= (Z ckh-p(t - kT))ej(u‘H'“ (Gl)

k=0
where zg(C(A),t) is the signal at the output of the premodulation filter
Hr(w) (baseband signal). It is assurned, that z,.(C(A),t) is corrupted by a
mixture of multiplicative nonselective fading noise fp(t), and AWGN n,(¢).
The AWGN has one sided power spectral density Ny. As shown in Fig. G.1,
fr(t) is modelled as a complex summation of two white and independent
Gaussian noise processes, nf (t) and ng(t), filtered by two identical filters,
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Hp(w), of bandwidth B, i.e., fr(t) = fA(t) + jf2(t). The shaping and the
(BrT) product of these filters determines the fading model [174] and the
dynamics of the fading process. It should be mentioned that fr(t) can have
Rayleigh as well as Rician characteristics. ff(t) and f9(t) have the same
autocorrelation function given by

Re(r) = E{[f&(t) - FAfF(t - ) - TR}
(L2 - FAIlF ~ ) ~ 731
= Ne [ |Hp(f) P *0rar

I

and cross-correlation function of zero value. In the above equation, E{.}

denotes expected value, ff = E{fL(t)}, _f'; = E{fg(t)} and N is the
power spectral density of n}(t) or n§(t). Without any loss of generality, it

will be assumed that E:O.

The received signal z.(t) can then be expressed as
z(t) = fr(t)ze(C(A), t) + nu(t). (G.2)

In subsection 4.3.2 of Chapter 4, the receiver performing non-coherent
block decoding has been introduced. Its block diagram has been presented
in Figs. 4.3, 44.

The signal y(t) at the output of the post detection filter Hp(w) is equal
to:

Z-1
y(t) = fr(t) ¥ ceh(t — kT) +n(t) . (G.3)

k=0

n(t) is the element of the Gaussian noise, passing through the post detection
filter. In Eq.(G.3) we have made the assumption

{fr(t)z(C(A),1)} ® hr(t) = fr(t){za(C(A),t) @ ha(t)}  (G4)

This is a reasonable assumption, since fr(¢) has a bandwidth of about 200
Hz, whereas the post detection filter Hp(w) and the baseband information
carrying signal zg(C(A),t) have a bandwidth of several thousands of Hz 1.

"The same assumption has been used in [117] as well.
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By sampling y(t) at AT we get:
yr = 9(kT) = flcr + (G.5)

with y = y(kT), fF = fr(kT) and n; = n(kT). The metric of the block
decoder presented in subsection 4.3.2 of Chapter 4 has been found to be equal
to:

Rre(§,C(A)) = | Z ykck| - (G.6)

k=0
with y= [yth Y, ayZ—l]

In Fig. 4.4, the block diagram of the Processing Unit (PU) performing
the calculation of R;c(§,C(A)) has been presented.

G.2 Derivation of the Pairwise Error Bound

Assume that A is the transmitted information sequence. Assume that now
C(A") is compared with C(A¢), the decision being based on the maximization
of the metric ¥;0(#, (C(A)), presented in Eq.(G.6). The criterion which will
choose one or the other sequence is the following:

Av
|F3(5, C(A)] }c |F3(3,C(A%))| (G.7)
where
Fi¥(5,C(AY) Z y(ch). (G.8)

Using Eq.(G.6) Fé["](f,c_]'(ﬁ”)), Fé["](gj, C(A%)) can be expressed as:

F{M(g,C(AM) = Bf, + N + NE (G.9)
where 7 can be either v or { (7¢{v,(}) and
By = |22 (5 et (G.10)
k=0 '
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-1
N =€ S nffei(cd)” (G.11)
k=0

2-1

N = € 3 nil ). (G.12)

1=0

1

where Kr = & and RE = Rp(KT). In Bq.(G.10), the FF = \/ZEE has
been used). The first term is the contribution of the direct signal compo-
nent, while the second and third terms are due to the diffused (multipath)
signal component and the Gaussian noise. Because of the zero mean complex
Gaussian nature of fF, ny, Fé["l(g, C(A")) is a complex Gaussian random
variable with average B/, and variance

mi = E{IF{NG, C(A") - BY, 1P} = EQNE, + N, 12)

Z-1 Z-1

= RJ[Z+ 3 20f{3 cos(A®, — A} + R:Z  (G.13)
k=1 l=k
where
RF

The cross-covariance between Fz"-r[”](gj, C(A)) and Fé["] (7, C(A%)) equals:

Rg‘ Z2-1 F Z-1 ¢ ¢ 1 Z-1 ¢
Kol = T[Z(z —8k(k))pk D_{(e}) et + (ci)cfi )] + gN_R[Z ck(ci)]
k=0 =k k=0
(G.15)
where 8 (7) is the Kroneker delta function:
1 fori=0
8k (i) = { _ (G.16)
0 elsewhere.

SN R stands for Signal to Noise Ratio.
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At this point, it is convenient to define the parameters,

oy = L = ,f”fllzck( " +2‘)pk{2cos(w AN + 2,
(G.17)
Vi) = %ﬁ
— TR (2 = A T (e el (3
(G.18)

In Eqs.(G.17), (G.18), the & = 5% = Y& has been used.

c2 T Kp+l
Using the material of [214, pp.223-228] we find the following expression

for the P;({C(A%) « C(A*)}).
PALCUAY) = O = Qulo-asteqy 5-Bia)

1 Vi) — Vo]
- _[1 + 1 ]
2 [(vsny +vspq)® ~ 4|vf[u(}| Iz

1 oha t+ Bhug
Ia(;:af[».cla_nﬁf[u.q)exp(—;—)

2 2
(G.19)
with Q(z,y) being the Marcum’s Q function [242, p. 585] and
{ ] } _ 1 B P+ 1B | — 2Re{(EL,) E) Yjpq)
Bitu Ulund + V1luc) L= l?
Ef 2 E! 2
I U.Ul I U,CI % (G-20)

F )]
\/1 - ‘7;[.;(]'2
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with

2051, _
Vsivn) + Vi)

i = 7 (G.21)

The expression provided by Eq.(G.19) is general, providing the capability
of evaluating the non-coherent schemes considered, under any value of signal
to noise ratio (SNR) and Rician fading factor (Kr). However, for some
specific cases the expression provided by Eq.(G.19) can be replaced by simpler
expressions, which require smaller processing. Below we shall examine two
specific cases which are frequently met in channels where PWDCS operate.

G.2.1 Rician Fading Channel with a Strong Line
- of Sight (Direct) Component and High SNR,

Under these conditions, the :%%Frr has large values. When this is the case
Qs(z,y), Io(z) can be approximated as follows:

7 nye(_lr_-z_i_x ) forz >0, "~
ekl
I(z) = (G.23)

27|z

3

The expression at the right side of Eq.(G.22) is actually an upper bound for
Qs(z,y). When z >> 1,y >> 1, and (y —z)? >> 0 this bound becomes
tight (see [242]). Application of these approximations on Eq.(G.19) provides
the following upper bound expression for Pr({C({Af) — C(A*)}):

PA{CUA) = CAY) < BFEq = SAR(C(A), C(AY)

(g —Bugl®y  (Gay

1
exp{—— 5

Ca

with
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' l fO[' ﬂf[u‘(] pren 0
ACAVY O AC 1- Yglon] = VgLue]
AF(C(A )7 C(A )) = ¥ [(Ulluv]‘i'vllv\.l)2_.”“;[““I?]i
1
for ey, # 0.
\ \/ 2";’?,""!!».\'15:(».-:1 o) F

(G.25)

G.2.2 Rayleigh Faded Channels

In this case, Kr = 0, which leads to ——7:5;1- = 0. Under these conditions, it

can be shown that a;p,¢ = B.,q = 0. Usmg the ;(0,0) = 1 and Iy(0) = 1
with Eq.(G.19) we get:

P{C(AYY —C(A)) = s01- ] — Bt ]

(V110 + V1001)? — 40512

1
2

(G.26)

For very slow Rayleigh fading, a BPSK signal and for Z = 2 (which corre-
sponds to the conventional differential detector), Eq.(G.26) becomes equal
to:

1
I+ &

P({C(A%) = C(A)}) =

(G.27)

N -

This is identical to the result presented in {242, p. 407].
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Figure G.1: Model of the fading process.

() (]
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Appendix H

Performance Bound of the
Non-Coherent Block Decoder
In Slow Faded Channels

The objective of this appendix is to provide a tighter bounding expression
for the performance of the block decoder, when operating in a slow faded
channel.

_ When the block decoder is used, the choice between two sequences C(A"),
C(AX) is based on the direction of the following inequality:

Z-1 Az
| w3 13 wlef)| (H.1)
k=0 AS k=0

where Z is the number of signal samples processed in order to make a decision

(see Egs.(B 1), (B.2) in Appendix B).

Without loss of generality, let us assume that the transmitted sequence
is the

CAY=[d=1,=1...,¢%_, =1} (H.2)
At this point et us consider the sequences
CAM=[g=1,c=1...,c4_;=1,¢} = eji*%,c£+l =1...,c5_, =1],
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ClAY =] & =lLd=1...,.,d =lcd=e"¥c, =1,
cd, =l = e"'%f,cf‘“ =1...,c5_,=1]
(H.3)
where the ik, 7, are integers with 1 < 4,5 < M ~ 1. While C‘_(;l ), C(A%)
differs only in one symbol with C(A°) (cx, ¢ respectively), C(A*) differs in

two symbols with C(A°) (cx and ¢). Also, ¢} =¢}, ¢f = cf

. Let us represent with EVy_. the event that {C(A%) «— C(A°)} occurs and
with EVg._, the event that {C(A%) « C(A°)} does not occur (¢ € {),¢, u}).

The probability that the block decoder will choose one of the three se-
quences C(A*), C(Af), C(A*) as the transmitted one instead of C(A°), when
in reality C(A°) has been transmitted, is equal to

PENB = P(E‘/ﬂo—a\UEVb—E) + P(WOO—.\v-E—VO'—&EVOa—p)
= P(EVo-y)+ P(E%hg)
— P(EVoer, EVorg) + P(EVor, EVog, EVon,)  (H.4)

where P(-) represents the probability of the event {-} happening. U is the
union operator between sets. P(EVp._y U EVows) is the probability that with
C(A®) being transmitted C(A*) or C(A%) or both of them are chosen by
the decoder, when they are compared to C{A°). P(EVo—», EVo.¢) is the
probability that both C’(A") and C(Af) are chosen over C(A°). Finally,

(EVQ._,\,FVO._{,EVO._“) is the probability that the decoder decides in
favour of C(A°) when it compares C(A°) to C(A*) or C(A%), but at the
same time it rejects C(A°) when it compares it to C(A*)

The contribution of the error events (formed between C'(A°) and each one

of three sequences presented in Eq.(H.3)) in the value of the union bound is
the following:

EPyp = P(EVo._;) + P(EVo¢) + P(EVo.,). (H.5)
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Since P(EVo—,) > P(EVo—y, EVog, EVg..,), it is obvious that EFPyg >

EPyg. When P(w"";if:vv:::isv""") — 0 and P(EVp.-,) has value compara-

ble to the values of P(EV,.)), P(EVo—¢), the union bound becomes loose.

When the instantaneous signal to noise ratio of the faded signal is mod-
erate to high, single error events dominate the performance of the block
decoder. Under these conditions, P(EVy.—,) {which is the probability of a
double error event) is considerably smaller when compared to P(EV,.¢),
P(EVon) (P(EVow.,) << P(EVp—¢), P(EVp..,) << P(EVi.,)). Since
P{EVy..,) 2 P(EVy.-y, EVy—¢, EVy.,.) we can eliminate P(EVor, EVo,
EVq.,) from the right side of Eq.(H.4) without practically affecting the value
of PEng.

When the instantaneous signal to noise ratio of the processed signal is low,
P(EVo.,) has a value comparable to the values of P(EVj._¢), P(EV,.)).
However, in (most) of the cases where the EVj., occurs, it occurs due to
strong noise values thas corrupt either or both of the received signal samples
Yk, Yt- In this case, EVp,_¢ or EVg) or both of them will occur simultaneously
with EVp._,. Consequently, P(EVq.-), EVw¢, EVo..,) (which requires that
both the -E-Vo._e and EV._) occur simultaneously) will again be very small
and can be omitted from Eq.(H.4) without significant error. This allows us
to express Eq.(H.4) as follows:

PEng P(EVyy) + P(EVo—g) — P(EVgs, EVoug)

< P(EVoes) + P(EVow) | (H.6)

The outcome of the previous discussion, is that the effect of these three
error events on the performance is more accurately determined if we include
in the bound only the contributions of the single error events. To demonstrate
the case, we considered only three events, however, the case holds for any
number of error events chosen. In the discussion to follow we shall show that
even from all these single error events there is only a small portion that has
to be used. In the Lemma which follows, we shall identify these error events
and prove the statement made above.

Lemma 1

Let us assume again that C(A%) is the transmitted sequence. Let us
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consider the sequences:

- - ~2w
C(A") =g = l,¢] = lo..,ejy=1l,cf = &M el = lo..,c3; = 1}

C(A%) = [(:E, =1, =1 ...,c§_1 = l,c:,< = ej(M_”H,ciH = l...,cf:;,_l =1]

(H.7)

where | < m < M - 1. We shall prove that whenever the error event
{C(A*) — C(A®)) happens, at least one or both of the {C(A") «— C(A%)},
{(:”gﬁc) — C_’_(Af)}will happen with certainty. This event is represented as
{{C(A")  C(A")} U {C(A) — C(AM)).

Following the decision law described by Eq.(H.1), a decision in favour of
C(A¥) takes place, when

221 Z-1 sdmmw
1> wl <] > yityeiH, (H.8)
=0 ELRE

Similarly, to decide in favour of C(A"), C(A%), the following inequalities
should hold:

Z=1 -1
I wl<| X wit+yeH| (H.9)
i=0 0,42

Z2-1 Z-1 .
12wl <| 3 witwmeds|. (H.10)
=0 1=0,i#k

Let us define as Wi(7) = Arg{TZ7 ., v} and 6] = Arg{y}. We also

define as AU.(§) = [6; © ¥i(F)]. It can be shown that the inequalities of

Eqs.(H.8)-(H.10) are equivalent to the following inequalities respectively:
2mm

cos(ALL(7)) < cos(AT(F) - =) (H.11)
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cos(AW(7)) < cos(AV,(§) — ?E), (H.12)

M
9
cos(ATL(7)) < cos(AWx(F) + ﬁ;} . (H.13)
The first inequality is satisfied when AW, (F) falls within the QC, = {28 r +

A
37 ) area of the circle, whereas the second and third in the following areas:

QC: = [+ 37)s Qs = [ — F, 27 — B) (see Fig. H). It can be casily
verified that if AW,(7) falls within the QC, area, it will certainly fall at least
in one (or may be both) of QC;, @C;. This guarantees that whenever the
{C(A¥) «— C(A®)} event takes place, one or both of the {C(A") « C(A%)},
{C(A%) «— C(A%)} error events will be occurring simultaneously.

The contribution of the three different error events on the performance is
as fullows:

EPNB = P(E%._{)U E‘/(._o) + .P(:E_Vn._o,-EV(._u, Evy._.o)
P(EVy0) + P(EV;.0) = P(EVye0, EV;mo)
+P(EV 0, EV¢o, EV,oq) (H.14)

[

However, according to Lemma 1, P(EV o, EV (o, EV,.o) = 0. Conse-
quently,

EPNB = P(EV,,,_QU EV(._Q) + P(W,,._o,EV(._o, EVU._Q)
P{EVy0) + P(EVi0) — P(EV,0, EVio)
< P(EV,—0) + P(EV;0) (H.15)

i

The conclusion of the above discussion is that when operating in siow
faded channels, the performance of the block decoder is more accurately
estimated if the union bound is formed by the single error events having
differential phase between the unequal symbols equal to :1:2—,‘:_,'.
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Appendix I

Performance Analysis of the
Truncated Multiple
Differential Detection
Sequence Estimator

The analysis to follow considers an MPSK signal. The present Appendix
will be sectioned in two parts. In the first, an upper and lower bound of the
pairwise error event probability of the multiple differential detection (MDD)
sequence estimator (decoder) will be provided. Afterwards, these upper and
lower bounds will be used in the union bound to provide upper and lower
bounds for the overall performance.

I.1 Pairwise Error Probability

Let us consider again the coded sequences, C(A¥), C(A¢) and assume that
C(A*) has been transmitted. Now let us assume that the path of C(A¢)
diverges for the first time from the path of C{A¥) at €T {with & integer),
and re-emerges back to the path of C(A*) at &5°T (see Fig. L1).

Bl=aC -1 (L.1)
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where &% represents the number of symbol periods, during which the two

paths move through the trellis diagram separately (i.e. length of divergence).
The following identity holds:

d=¢ V i<& and i>&=¢°+88 (1.2)
The criterion towards choosing either A” or A¢ can be expressed through
the following two sided inequality:

A
pHPP(0,§,0(A) 3
A

:  #PP(\5,C(AY)

Cal

(L3)

where pMPP (5, C(A")) has been defined in Eq.(4.98) of Chapter 4. Eliminat-

ing all the common terms present on both sides of the inequality, we arrive
at the following formula:

MG -1,84+ 45 ~1,5,C(A))

[

BIAV B

'3(,\, gll'C - 1‘211'( + E;’d( - 11371 C'(A.-())

(L.4)
with

3‘(/\, Ils’?tgsé(ﬁn)) = Al(‘\‘r[l + l-lz ; ll-l - r%-l)gv é(ﬁﬂ))

a0+ (250 - 204+ 1250 4 (2 g o0an)

oMb+ 2507 - (200 + 122 4 2 g o), 1)

A kl +i

MA k3, C(AN) =30 30 [ (k) Re{cl(c]_)"} + dF (k) Im{cl(c}_)"}]

i=1 k=k1+1
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o ki
Aa(A by, ko, §,C(A™)) = 33 [dilky + D) Re{c] (el vick)")

I=1 k=1
+d (ke + ) Im{c] (i (D)

and
_ A=l kg
Aa(A by, ka5, C(AM)) = ZZ[d.’ (ko + bz + kYRe{), iy anll 4r)")
k=1k

+d(ky + ko + RYImAc} 4 g +k(Ch i)

where [.] represents the largest integer smaller than or equal to {.}.

In subsection 4.3.2 of Chapter 4, the non-coherent block decoder has
been introduced. In Appendix B an upper bound of its pairwise error event
probability has been derived. Its performance for various MPSK signals in a

" .. Gaussian noise chaunel has been studied in section 4.5. .

Let us consider the block decoder which is attempting to make a decision
between the A and A¢ sequences by processing the samples y; recewed in
the interval [(£5¢ = \)T, (& + &5 +A— l)T] (e. & —X <k <&4854+A-1).
The decoder is processing 2 total of (€5 + 2\ — 1) yx samples. In Eq (4.12)
the detection metric ®;¢(#,C(A)) of the block decoder is given. Applying
this metric expression in the present case, we find that the choice between
the two sequences depends on the direction of the following inequality:

AR Y XS] AY GSHESEA-1
D DI C4 - D DA (- A o (1.9)
k=ty€ =) A he=t¥€ o)

Working with squares rather than absolute valués, the inequality of Eq.(1.9)
can be expressed equivalently in the following form:

GO retea-t F CON AN 4 2 LY
DD (C2 I EED DI NCI (1.10)
k=ttS =) A¢ k=4S s
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Carrying on the squaring process, eliminating the common terms on both
sides of the inequality and using the definitions given in Eq. (L.8), we arrive
at the following form:

G- 1,8%+ 6 - 1,5,C(A%) + M(X, &5 = 1,8 + 6 - 1,5,0(A))
A
>
<

A

NG — 1,88+ 6f ~1,5,C(A%)) + Au( A, &€ — 1, 8¢ &5 — 1,5, C(A%))

(L11)
with
o ky  ka¥A-1-k
ANk ke, 5,C(AM) = Y Y [k + k + ) Re{c] ixpilch on)}
k==X (=A+1

+d?(ky + k + idm{ci prqilchar) - (L12)

Comparing Eqs.(I.4) and (1.11), we realize that in the second case there
is an extra function, the A4(X, €1 — 1,8 +&f — 1,5, C(A™)) with 5 € {v,(}.
Careful examination of this function will make the reader realize that it
consists of the outputs of differential detectors with delay elements :T', the ¢
being between A+1 and & +X—1 (A+1 <i <%+ A —1). The truncated
MDD receiver does not have this information available to it, due to the
restriction of using only A differential detectors to carry on the sequence
estimators. Such information is useful for the detection. Since the block
decoder uses this additional information -on top of the information being
available and processed by the truncated MDD sequence estimator- it should
be able to make more reliable estimates compared to the truncated MDD
receiver. In Appendix B, a tight upper bound B[%.C] of the pairwise error
event probability for the block decoder has been provided (see Egs.(B.15)
and (B.18) in Appendix B). Z is the number of received signal samples

processed by the block decoder. In this case, Z = (£;f + 2\ — 1). According

vl -
to the above discussion, the following relation exists between ij:’(f'z'\ ' and
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the pairwise error event probability of Pypp(A, {C(AY) — C(A))) of the
truncated MDD receiver.

B[ﬁ“q]*m—l < Parpn(M {C(A%) — C(A*))) . (1.13)

Let us consider now the block decoder wluch processes the y, samples

received in the [(&X¢ + [-“-] 3] - V)T, (&° + [-“—] + [MDT time interval,
Following the same loglc and methodology with the one described above,

we arrive at the following inequality whose direction determines the choice
between the two sequences:

AN, ¢ — 1,8 + &5 - 1,5,C(A%))

[

9

AV

4

2y

Ao\ ¢ — 1,6 + &f —1,5,C(AY) . (L14)

Comparing Eqs.(1.4), (I.5) and (.14} we realize that Eq.(1.14) can be derived
from Eqs,(1.4),(L5), by truncating the A,(), & — 1,5, C(A"), As(), & —
1,854+ 1,3, C(A")) terms (3 € {»,¢}). Smce such truncation takes away
useful information from the decoding process (it is the information about the
received sngna.l present in the terms A,(A, &¢ — 1,4, C(A")) and As( X, €4 —
1,8 + £ —1,5,C(A"), it is natural to expect that the considered bIock
decoder w1ll provide less accurate decisions compared to the truncated MDD
receiver (which is making use of the extra. information available in A, (A}, €€ -
1,7,C(A") and A3(A, 8¢ - 1,6 + &5 — 1,5,C(A"))). Consequently, the
upper bound of the pairwise error proba.blllty of this block decoder can act
as an upper bound for Pypp(X, {C(AS) « C(A”)}) The number of ¥,
samples (& + |'J-d-'| B -1<k<g+ |'—124- [+[2$L]) processed by the
block decoder is equal to A + 1. Following the above discussion,
Pupp(M\ {C(AY) — C(A")}) < B4 . (1.15)
Summarizing the discussion presented so far, we have the following rela-
tion regarding the pairwise error probability Pypp(A, {C(A¢) — C(A)}).

Bt < Pun(3, {C(A) « CLA) < BYY . (L16)
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I.2 Upper and Lower Bounding the overall
Symbol Error Probability of the Trun-
cated MDD Sequence Estimator

Following the union bound approach discussed in section 4.5 of Chapter 4,
we can write the following expression:

PEMDD A S 1
KN s FoioeEw . x»?e:sgw . MEZSC(M
ne({C(AY) — C(A")) PP ({C(AC) — C(A%)}
= BMDD()) (L17)

where PMPD(}) is the overall error probability of the truncated multiple
differential sequence estimator using a total of A differential detectors for
detection. BMPD()) is the upper bound of PMPP()). We remind the reader
that n.({C(A%) «— C(A*)}) represents the number of symbol errors asso-
ciated with the error event {C(A¢) — C(A*)}. Also, L. is the constraint
length of the code. For uncoded signals, L. = 0. Using Eqs.(L.16), (I.17) we
can write the following inequality:

L"BQ‘I‘DD S BQAJDD('\) SUB,QJDD (1.18)
where
1
ACBK'{DD FoLo— Z Z
(Z — L — 1)20Z=L—1p C(A*)e5Ey, CLAC)ESp av)
- - . 8 420-1
n({C(A%) — C(A DBy
(1.19)
and
1
MDD
UB,\ (Z _ Lc - I)Q(Z—Lg—l)P z E

C(Av)eSE, CAOES s avy
ne({C(AS) — C(A")}) BT
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(1.20)

Through Eqs.(I.18), (1.19), (1.20), the SER performance of the truncated
multiple differential detection sequence estimator has been upper and lower
bounded.
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Appendix J

Performance Analysis of the
Symbol-by-Symbol Multiple
Differential Receiver using
Combining with Feedback

This appendix provides the analytical framework for the evaluation of the
multiple differential detection symbol-by-symbol receiver which uses combin-
ing with feedback.

Let us assume that the receiver uses A differential detectors (A = ip). The
receiver makes a decision on the value of the symbol g, using the decisions
of the (A — 1) previous symbols (g¢—1, §e-2, - . -» Ge=r+1). The symbols g; can
have one out of M different values, i.e.

= ¢ =& where 0<i< M —1. (3.1)

The decision law of the receiver can be seen in Eq.(4.135) of Chapter 4. For
the reader’s convenience we write it here again:

A—1
— i Ty i 1<Ii<M —1om
G = &% = 'F = Wmar {lyee WS90 + 3 ve-i(0545-:) + veos |}

(3.2)
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One notices that in Eq.(J.2) we have replaced @ with g;. af represents the
information word, whereas g¢ is the information symbol produced by the
information word &f. Also, since we deal with uncoded signals, we have
replaced M, with M (for uncoded signals M, = M).

Without any loss of generality, we assume that the actual information
symbol g; transmitted is the g = 1. For the analysis which follows it has
also been assumed that the decisions used by the receiver in the decision

feedback are correct (fg_1 = Ge_t> Jew2 = Ge-t -+~ Jeortt = Gerp). Using
these assumptions in Eq.(J.2), it becomes:

A1
e . 1<i<M CHITay W Acl e
= &% = 'V = har {|yee T () ge-t”) + 3 ye_;(ﬂ,\ﬁ‘gf_,') + ye-al}-

i=1

)

(}.3)

An error in detection will occur, if the maximization process described by

Eq.(J.3) chooses a value /% # 1 (; # 0) as the most possible value for ge.
In this case,

A=l
|y5e“"%f(l'[;\__ﬁlgg_z') + Z ya-f(ﬂi‘;;‘gz_e) + ye-al

i=1
>

A=1
lye(Totge—t™) + 3. ve—i(ISt g7 ) + ves| - (J.4)

i=1

Following the same steps with those described in the Lemma of Appendix
H, we find out that when the inequality of Eq.(J.4) holds with 1 <i < M -1,
it is certain that one or both of the following inequalities will be happening
as well:

A—1
—jar - [ =1 =
lvee 3 (I ge—t™) + S :ye-i(ni\=i195-i) + Ye-sl
i=1

>
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A=l

et ge—™) + 3 ve-l TS 9720) + wemnls (J.5)
i=1

lyee M-8 (1 ger) + Z Ye-i(T5 05_) + vemn|

=1

>

=1
e (5 9e-17) + 3 wems(TLS g5 s) + Yemn] - (J.6)

=1

This means that whenever a value e/%' = e/*¥ is chosen as the most possible
value for g¢ (instead of e*® = 1) it is certain that the maximization process
described by Eq. (J 3) will also indicate that one or both of the e/ = /%,
e?eM-1 = I M-13F 3re more possible than e/% = 1. The above discussion
leads to the conclusion that in order to.find the error probability of the
receiver, it is enough to find out what the probability is, that eIl = oW
and/or eiPM-1 = eiM=13F are chosen over ¢ = 1. The probability that
e’ = /¥ is chosen over €% = 1 is represented as P({e?*t « &#}). The
probability that efeM-1 = HM-1FF j5 chosen over e/%0 = | is represented as
P({efem-1 e”’“}) Finally, the probability that both error events happen
simultaneously, is represented as P({e/¥! — &/} |J [efM-1 « ef¥0}),
According to what has been discussed,

wap = P({ej““ — ej«ou]_ U {eiwf—n — ea'wo}) (1.7)

where PPWF is the error probability of the receiver.

Using the material of Appendixes B, C, we find that P({e/*! « e/%})
can be upper bounded by the following expression:

P({e" — e}) < BESD = So(M,1)

exp{— A1) = \/(,\ F12+2-2(A+1) +2) cos(—)} (J.8)
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where
for M =2

r 1
P(IV[,].)=ﬁ ﬂ-nd f\=l
1 1 V2
L 7277; VM1 4+2(1—con( 3F))=2( M 1H 1 —con( 37)) elsewhere.

(J.9)

The same expression is also an upper bound for P({e*M-1 « /¥v}),

{ej“’-""." — ej““}) = P({e" « &%)
+P({efoM=t  gin})
—P({ej‘f” — e""" } {c..iw.r—x — ej-oo})
< P({e?* — &}) + P( {eJ"PM—l - ejwo})_

P({ejw *__e.iwo} U

(J.10)

From Egs.(J.7) to (J.10), the following inequality holds:

POWF < P({e#* « ei*}) + P({e/M-1 — ei%}) < 2BRHY = p(M, 1)

(A +1) - \/(A F12+2-200+1) +2Acos(%)}

1
exp —:?"?3-
(J.11)

Eq.(J.11) provides an upper performance bound for the CWF receiver.
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