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ABSTRACT

New and efficient numerical modeling concepts and procedures based on Transmis-
sion Line Matrix and Finite Element methods have been developed for the analysis of

generalized microwave and millimeter-wave structures.

An algorithm, based on a vectorial Finite Element approach, has been developed to
determine the dispersion characteristics, field distributions, pseudo-impedances and, losses
of shielded transmission media of arbitrary cross-section. The structures analysed with
this algorithm include dielectrically loaded ridged waveguides, bilateral finlines in rect-
angular and circular waveguide enclosures and ridged finlines. The major contributions
to the literature are the estimation of losses of bilateral finlines in rectangular waveguide
enclosures, the effect of substrate bending and mounting grooves on the dispersion charac-
teristics, the study of finlines in circular waveguide enclosures, and, the analysis of a new
modified finline structure called “ Ridged Finline .

New algorithms to apply the principles of Diakoptics to the TLM method for feld
partitioning in large structures have been developed. Diakoptics leads to considerable
reduction in memory and CPU requirements for large structures since it allows numerical
preprocessing of parts of a large electromagnetic structure which remain unchanged during
an analysis and optimization procedure. A space interpolation technique based on the
transverse ﬁgld distribution of the propagating mode has been proposed for efficient field
partitioning in single-mode structures. Frequency dispersive boundaries are represented
in the time domain by their characteristic impulse response or numerical/discrete Green’s
function. This discrete Green’s function has been named the “ Johns matrix ” in honour

of the late P. B. Johns, pioneer of TLM and time domain Diakoptics. The parasitic

m



reflections from the absorbing boundaries in 3-D structures, due to the finite space and
time discretization have been reduced to less than one percent by exponentially tapering
the impulse response, or Johns Matrix, of frequency dispersive boundaries. This allows
wideband S - parameter extraction of waveguide discontinuities and components from a
single impp]sive TLM simulation. This tapered impulse response has.been named the “
Tapered Johns Matrix ™.

iv
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Chapter I

INTRODUCTION

1.1 MOTIVATION

Numerical models for microwave structures consisting of various transmission media
and their discontinuities are needed for computer simulation of circuits in communication
systems. The most commonly used transmission media at microwave and millimeter-wave
frequencies are waveguides, microstrip lines, coplanar lines, slot lines, finlines, and various
forms of dielectric waveguides. The parameters which characterize thése transmission lines
are the propagation constant, the characteristic impedance, the conductor and dielectric
losses, the power handling capacity and the monomode bandwidth. Discontinuities in the

transmission lines are characterized by their scattering parameters.

In the past, various analytical methods such as Green’s function techniques [1]-[5],
Conformal mapping [6]-{7], Variational methods [8]-[9], Fourier transform method [10},
Fourier integral method [11}, Spectral domain method [12]-[14], and Mode matching tech-
niques [15}-[19] have been used to obtain the above design data. However, these methods
cannot be applied to transmission lines and discontinuities of arbitrary cross-section. Fur-
thermore, the realistic features such as finjte metallization thickness, substrate mounting
grooves, irregularities in the structures caused during manufacturing, etc., cannot be eas-

ily accounted for.- Many planar integrated circuits are not easily amenable to closed form



2
analytical expressions because of the associated singularities. Moreover in the case of mi-
crowave and millimeter-wave monolithic integrated circuits, it is very difficult and almost
impossible to adjust the circuit characteristics once they are fabricated. Therefore, very

accurate characterization numerical techniques are essential to model the structures.

Numerical techniques such as the Finite Element Method [20]-[21], tﬁe Moment Method .
[22], the Boundary Element Method {23]-{24], the Finite-Difference Frequency-Domain
(FD-FD) Method [25]-(26], the Transmission Line Matrix (TLM) Method [27])-{30], and
the Finite-Difference Time-Domain (FD-TD) Method [31}-[32] have evolved in the last two
decades. Recent advances in modeling concepts and computer technology have expanded
the scope, accuracy and speed of these methods. Generalized programs based on these tech-
niques can be applied to design novel structures with the desired electrical characteristics,
 or to study second order effects on their charactesistics. These methods are also suitable
for lookup table generation for CAD applications [33]. To analyse a specific problem, the
most appropriate numerical method should be chosen to obtain accurate results. To do

this, awareness of the main advantages and basic limitations of each numerical method is

a must.

Some of these methods are more versatile than others (in the sense that, formulation |
of the method to solve any kind of electromagnetic problem is almost same). For example,
jn time domain numerical methods such as TLM and FD-TD, the analytical pre-processing
is almost negligible, and the basic algorithms are easily modified to solve any kind of elec-
tromagnetic problem, either bounded problems (microwave circuits, etc.,) or unbounded
problems (Antennas, EMI/EMC problems). Whereas in methods such as Finite Element
Method, the functional to be discretized will differ, depending upon the problem ( static

problems, eigenvalue problems, eddy current i)roblems, etc.,). However, the Finite Element
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Method is more versatile when compared to other frequency domain numerical methods
such as the Moment Method and the Boundary Element Method.

In this thesis, new procedures and concepts have been developed to overcome the
limitations of some existing numerical methods in analyzing microwave and millimeter-
wave structures. To characterize uniform transmission lines of any arbitrary cross-section,
i.e., to compute cutoff frequencies, dispersion characteristics, characteristic impedances,
conductor and dielectric losses, etc., the Finite Element Method has been chosen, while the
TLM mehtod has been chosen for computation of scattering parameters of the microwave

circuits. The following considerations justify these choices.

In the Finite Element Method, the domain of interest is first divided into subdomains
or elements, and the unknown electromagnetic fields are approximated by a linear combi-
nation of a complete set of interpolation polynomials (or other functions depending upon
the nature of the field) over each element. Then an energy-based functional is minimized,
leading to a system of equations. Upon solving this system, the field values at the des-
ignated nodes are obtained. Knowing these nodal values, and geometry of the elements,
the field values at any other point can be calculated easily and accurately. This means the
field, or potential, is defined explicitly everywhere. Th§s simplifies further mathematical
manipulation, such as evaluating spatial derivatives and integrals to obtain other fields
and field related parameters such as characteristic impedances, conducior and dielectric
losses, ete. Often, closed form expressions can be obtained: thus avoiding troublesome nu-
' merical integrations and differentiations. This is the main advantage of the Finite Element
Method over the TLM and Finite Difference methods. Also altering the density of ele-
ments or the order of elements (matching according to the regions of rapid field variation)

is easier. However, the time domain methods are also slowly attaining these features with
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the development of graded mesh schemes and algorithms in curvilinear coordinates [34],
[35]-

The most serious problem associated with the Finite Element Method is the appear-
ance of so called “ spurious modes ”, the non-physical solutions. This spurious mode
problem coupled with involved 3-D Finite Element formulation and programming, makes
this method unsuitable for extraction of scattering parameters of microwave circuits. More-
over, to extract the scattering parameters of a general two port circuit, the Finite Element
discretization should be carried out four times with four different pairs of inhomogeneous
Dirichlet boundary conditions specified at the input and output reference planes [36]. These
reference planes are placed sufficiently far away from the discontinuity to ensure that only
the dominant mode exists at these planes. Keeping in mind that the above procedure must
be repeated for each frequency, one can imagine the enormity of computations involved in

the extraction of scattering parameters using the Finite Element Method.

The impulsive excitation capability of the TLM method can be exploited for com-
putation of scattering parameters over a wide frequency range with only one simulation.
Compare this with 100 Finite Element simulations to compute the scattering parameters
(of a two port symmetrical and reciprocal circuit) at the 50 frequency points which are
normally required to characterize the circuit over the operating frequency band (of the
input/output). Computation of S-parameters does not involve the calculation of spatial
derivatives or integrals. Hence there is no need to know the field values at points other than
at the input and the output sampling points (these could be anywhere in the discrei;ized
domain, of course lying on the same axis). Also, the TLM method is so versatile that with
one sirulation, the scattering parameters of the discontinuities, the propagation constants

and all six field components at the nodes can be obtained over a wide frequency range.



1.2 STATE OF THE ART AND ORIGINAL CONTRIBUTIONS

In this section, the current state of the Finite Elemeni as well as TLM methods,
and their major pitfalls which are to be overcome for efficient analysis of microwave and
millimeter-wave structures are described. Also, the original contributions made in this

thesis are mentioned.

Although the Finite Element Method has been in wide use for 2 long time in such
diverse fields as Structural Analysis, Fluid Mechanics, Heat Transfer, etc., its potential
applications in the field of Electrical Engineering are being realized only recently. Early
applications of this method in the field of Electrical Engineering were mostly related to
electrostatic and magnetostatic problems. In these applications, the final system of equa-
tions to be solved are of the deterministic type and, hence, computer run time and memory
requirements are not so great. But in the case of waveguide problems, eigenvalue equations
must be solved. Early eigen-solvers required enormous computer run time and memory.
The newly developed methods, such as, Simultaneous Iteration Method [37], Subspace It-
eration Method [38], Lanczos Method {39], and Conjugate Gradient Method [40] are very
efficient and exploit the sparseness of the matrices by storing and processing them in vari-
able bandwidth form. This will further enhance the applications of the Finite Element
Method. For instance, large-scale configuration iteration calculations of electronic wave
functions of atoms and molecules have become practical and increasingly common in recent

years (order of matrices - a few hundred or a few thousand).

Many researchers [41]-[48] have reported applications of the Finite Element Method to
waveguide problems. Their applications, however, were not rigorous, and limited only to
computation of cutoff freqﬁenci&s and dispersion characteristics of some standard, simple

structures (Waveguides, Dielectric Loaded Waveguides and Dielectric Waveguides, etc.,).
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To the author’s knowledge, there has been no effort to compute the field related parameters
such as pseudo-characteristic impedancés and conducior and dielectric losses using Finite
Element Method for inhomogeneous complicated structures like finlines (except for P. Daly

[49] and, Zorica Pantic and Raj Mittra’s [50] work based on quasi-TEM analysis).

In this thesis, new algorithm containing special « mputational matrices based on a
vectorial Finite Element approach is presented to analyse any shielded, inhomogeneous
transmission line structure of arbitrary cross-section [90]. In addition, with the help of
this new algorithm, new millimeter-wave structures like “ finlines in circular waveguide
enclosures ” and “ ridged bilateral finlines ” have been proposed and analyzed [90]-[92].
The “ridged finlines” have large monomode bandwidth and less dispersion. Also, the
dielectric and conductor losses of bilateral finlines and the effect of substrate bending and

mounting grooves on the dispersion characteristics have been studied with this algorithm.

The TLM method is a numerical time domain technique, first described by Johns
and Beurle [27), in which both space and time are discretized. Unlike other time domain
methods which are based on the discretization of Maxwell’s or Helm]iélfz’s time-dependent
equations, the TLM method embodies Huygens’s principle in discretized form. The details
of this method and an extensive list of references on this subject can be found in a Chapter
on TLM [29] by Hoefer. It uses an equivalent network of ideal two-wire transmission lines
to implement Huygens’s principle in discretized form. Either shunt or series connection of
transmission lines can be used for 2-D analysis. Attached to the nodes are a number of
stubs whose electrical properties are used to represent the electrical characteristics of the
propagation space. Analysis of the transmission line matrix leads to a system of equations
which can be identified with Maxwell’s equations by drawing equivalences between voltages,
currents, line constants, and stub parameters in the TLM model, and the field quantities in

the propagating medium. The numerical procedure then entails determining the impulse
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response of this equivalent network and taking the Fourier transform of the output response
function to obtain the spectral domain solution. To analyse 3-D problems, tﬁree different
types of nodes, namely the expanded node [51], the asymmetrical condensed node [52] and

the symmetrical condensed node [53] exist.

The earlier applications of the TLM method have concentrated mainly on finding the
cutoff frequencies and the propé.gation characteristics of transmission lines and the resonant
frequencies of cavities. Few attempts have been made to compute the scattering parameters
with this method, since wideband absorbing boundaries could not be modeled in the time
domain, particularly in structures supporting non-TEM modes of propagation. However,
in the absence of a_wideband absorbing termination, the impulse excitation capability,
which is one of the main assets of the TLM method, cannot be exploited. There will
rarely be any use in obtzining the time-domain solutions if they are needed only at one
frequency, or even two. Furthermore, the wideband absorbing boundaries must be of high
quality since the Fourier transform of time domain results is very sensitive to imperfect
boundary treatment. Small errors in the time domain may produce fairly large errors in
the frequency domain. Thus, even though tke time domain results may be reasonably
accurate, the frequency domain results obtained from their Fourier transform may not be
acceptable. Therefore, simulation of good absorbing boundary conditions is crucial for

computation of S-parameters.

In this thesis, efficient algorithms for the simulation of dispersive wideband absorbing
boundaries for use with 2-D and 3-D TLM algorithms are presented [93]-[94]. Johns’s Time
Domain Diakoptics approach [58]-[59] has been used to implement them. Reflections of
less than one percent have been achieved, enabling accurate characterization of waveguide

discontinuities over a wide frequency range with a single TLM simulation.
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The Diakoptics technique is ideal for solving large field problems. It is a method of
partitioning large structures into substructures which are solved independently and later
reassembled. It is very attractive for the repeated analysis of large structures in which
only a small portion is changed from one problem to another. For example, during the
optimization of planar and quasi-planar circuits, the metallization in a restricted part may
only be varied and the homogeneous dielectric regions remain unchanged. It is wasteful
to analyze the entire structure every time a small change is made. The iteration time
required for accurate analysis depends upon the complexity of the problem. Suppose a
lazge network bas a few highly non-uniform field areas (it takes more computer run time
to analyse the whole network). I the network can be split into substructures, then those
with complex fields can be analysed with a large mumber of iterations, while those with
nearly uniform fields can be analysed with fewer iterations. These substructures are then

connected together, saving computer time.

The method was originated by Kron [54] and has since been applied extensively in
conjunction with frequency domain methods [55] - [57]. For example, irregular two -
dimensional planar components can be analyzed by segmenting them into regular shapes
for which the analytical Green’s functions are known. However, there are only a few regular
shapes, and these applications are thus limited to some standard regular geometries. The
technique has been extended to the time domain for 2-D TLM modeling by Johns and
Alkhtarzad in 1981 [58] - [59]. They have shown how the substructures may be solved in
the time domain using the TLM method and how the reconnection is made. Recently,
Hoefer has generalized these concepts and proposed the discrete time Green’s function or

Johns Matrix to represent the impulse response of any structure [60].

In this thesis, the Diakoptics technique has successfully been extended to 3-D TLM
method with symmetrical condensed nodes [94]-{95]. A 3-D Johns Matrix has been pro-



9
posed for the characteristic impulse response of dispersive absorbing boundaries in 3-D
structures. A Tapered Johns Matrix has been proposed to reduce the parasitic reflections
from the absorbing boundaries due to finite spa.oe and time units, thus achieving less than

one percent reflections [94].

Since the characteristic impulse response or Johns Matrix of the substructures must be
computed and stored, the extra dimension of time associated with the TLM method vastly
increases the computer storage (when compared with steady state problems). To reduce
the computational effort, Johns and Akhtarzad {58] have proposed space approximations
along the connecting interface: they connect only a fraction of the TLM branches in the
interface and a polynomial approximationship (linear if only two branches are connected,
quadratic if only three branches are connected, etc.,) is assumed for the remaining branches.
Using this space interpolation technique they computed the cutoff frequencies of simple
waveguides and ridged waveguides. Although the computed values compared reasonably
well with analytical values, the frequency response curve was no longer of standard %"l
shape but was distorted because of loss/gain of power during the approximate connection
process. This shows that, even though the above space approximated Diakoptics may
work reasonably well to compute eigenvalues, it may introduce considerable errors in the

computation of scattering parameters.

In this thesis, the space interpolation techniques based on the dominant mode field
distribution are proposed [93], [96]. This speeds extraction of scattering parameters of

waveguide discontinuities by several orders of magnitude.
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1.3 ORGANISATION OF THIS THESIS

This thesis is divided into six chapters which are outlined below:

Chapter II reviews in brief the Finite Element and TLM methods. The basics of these
methods are introduced.

Chapter III deals with the application of the Finite Element Method to eigenvalue
problems. Formulation of the Finite Element Metbod to mﬁpute the dispersion char-
acteristics, pseudo characteristic impedances and, conductor a.r;d dielectric losses of any
hybrid mode is presented. The results obtained with this algorithm for standard £nlines
are given. Some novel finline structures, such as “ ridged finlines ” and “ finlines in dreu-
lar waveguides ” are proposed. The two-dimensional graded mesh TLM technique is also
applied to analyze some structures, and the results are compared with those obtained with

the Finite Element Method.

Chapter IV describes steady-state network Diakoptics, Segmentation approach for
planar components, and time domain Diskoptics for the 2-D TLM method. It has been
shown how a microwave structure can be partitioned into substructures which are solved
independently and later reassembled. The Johns Matrix is proposed for representing the

discrete impulse response of a microwave structure.

In Chapter V, the TLM modeling of dispersive, wideband, absorbing boundaries is
described. A space interpolation technique, in accordance with the spatial distribution of
the dominant mode, is proposed for efficient analysis. Two ways of modeling frequency
dispersive boundaries are presented. Some typical applications of these procedures to

two-dimensional waveguide discontinuities and circuits are given.
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Chapter VI describes the application of the Diakoptics technique to the 3-D TLM
method using symmetrical condensed nodes. A 3-D “ Johns Matrix ” is proposed to rep-
resent wideband non-TEM absorbing boundary conditions. A “ Tapered Johns Matrix ”
is introduced, which eliminates parasitic reflections due to finite space and time discretiza-
tion. The res;ﬂts of some 3-D waveguide discontinuities computed with these techniques

are presented.

The Chapter VII contains an overall review and conclusions.
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Chapter I
PRELIMINARIES

2.1 INTRODUCTION

. The principles involved in the Finite Element analysis are described in a book by P.
Silvester [21]. The theory and applications of the TLM method are d&scribeé in a review
paper [28] and a Chapter on TLM by Hoefer [29]. The relevance of the fundamental
principles of the Finite Element and the TLM methods to the work presented in the
following chapters warrants a discussion of these methods, and hence 2 brief description

and a review of these methods is presented in the following sections.

2.2 FINITE ELEMENT METHOD

A variational principle is an alternative way of expressing the physical content of a
set of differential equations. It is an assertion that the solution to the original differential
equation is that function which renders the associated functional (which usually is propor-
tional to the energy) stationary. For example, according to Thomson’s theorem [61], when
a voltage is applied between two conductors, the fields distribute themselves in such a way

that the energy in the system is a minimum.
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The Finite Element Method is based on this variational principle. However it dif-

fers from the other classical variational methods (e.g., Rayleigh-Ritz, Galerkin and Least
Squares methods) in two respects: First, the domain of the problem is represented as a
collectioﬁ of several simple elements; second, the approximating functions are algebraic
polynomials which are derived systematically for each element using ideas from interpola-
tion theory. The essence of this method is illustrated below for quasi-static and waveguide

problems.
2.2.1 QUASI-STATIC PROBLEMS

For a general 2-D quasi-static problem shown in Fig. 2. 1, the equation to be solved

is a Laplacian equation with associated Dirichlet and Neumann boundary conditions:

F¥(z,y) , 0°¥(=y)
22t e

(2.2.1)

¢ = Vp on boundary 5
¢ = 0 on boundary b,

-g% = 0 on boundary b,

The problem is to find the electric potential for an inhomogeneous region, where the
permittivity e(x,y) is a function of position. The appropriate energy-based functional to

be minimized in this situation is given by:
1 ,
Fi¢)=3 /D «(z,y)(Vé(z,v))" dz dy (2.2.2)

where the domain D is the cross-section of the problem, and is divided into a large number
of subregions or elements in an arbitrary manner, provided that all the dielectric interfaces
coincide with the element sides. Although a variety of different elements can be choosen,

the triangular elements are most commorly used.
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o <

Fig. 2. 1 : Finite Element Discretization of a Quasi-static Structure

L, = Area of triangle 2P3
1= ZArea of mangle 123

Lo Area of miangle 1P3
27 ‘Area of miangle 123

o= Area of triangle 1P2
3= ‘Area of triangie 123

P=P(L,, L2, 83)

Fig. 2. 2 : Nodes for a Second-order Triangular Element and
Local (or simplex) Coordinates for a Point P
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In each triangle, the electric potential ¢ is approximated by a linear combination of a
complete set of interpolation polynomials, each of degree 1, 2, or higher depending upon

the complexity of the field distribution. For example,

¥z, y)=a+az+ay (2:2.3)

- for the first degree interpolation, and

#(z,9) = co + az + ey + a2’ + auzy + oy’ (2.24)
for the second degree interpolation, and so on.

The first-degree polynomial involves three coefficients and, hence, can be expressed in terms
of three nodal potential vﬂues at the triangle vertices. The second-degree polynomial needs
six coefficients and can similarly be expressed in terms of potential values of six nodes,
located at the vertices and midpoints of the sides, as in Fig. 2. 2. Hence, the potential in

a triangle can be written as

#(z,y) = Z é; ai(z,y) (2.2.5)

=1
where n = (N + 1}(N +2)/2, N is the order of the triangle; and ¢, ¢2, ... are the values

of the potential at the interpolation nodes; a; are the interpolatory functions.

Discretization of the functional is simplified if simplex or local coordinates are used.
They are defined with respect to a typical point P in Fig. 2. 2. For the triangle, they
are more natural, having no bias to any vertex. Hence a set of general coefficients for the

integrals involved in the functional can be computed once and for all.

For first order triangular elements, the interpolatory functions «; are the same as the

triangular coordinates. i.e.,
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a) = Clv az = Cz, a3 = CS (2.2.6)

Hence the equation {2.2.5) becomes

#(z,y) = G d1 + (22 + (4¢3 (2.

to
iv
-1
S’

For second-order triangular elements, it can be written as

é(z,¥) = (20 — 1)1 + 401 Gé2 + 4G
+(2(2€2 — 1)é¢ + 64(2(3¢s + (3(2G — 1) (2.2.8)

After substituting the expression (2.2.5) for ¢ into (2.2.2), the contribution of one triangle

(say pth) can be written as

Fy() = %e, 3 ¢ 4; [ Va; Vo (2.2.9)

=1 y=1
This can be further written as follows:

Fyp(¢) = [p17[S]85] — [¢5)78 (2.2.10)

where [¢,]T = [$1, P2, 3, B4, orey Pual; b contains the information on the boundary condition;
and § is a square matrix of order n [20]. The elements of S can be computed using the

following equation:

3
Sii=Y_ Qi cot b . (2.2.11)

k=1

where 6y is the included angle at vertex k. The three Q matrices are purely numeric, and

are independent of size and shape of the triangles.
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These base matrices S and b are successively applied to the total number of triangles
to obtain the final global matrices A and B, thus summing the contributions Fy of all the

triangles yields the following equation for F:

F(9) = [4|T[A]l¢] - [4]TB (2:2.12)

where [§] is an ordered array of potential nodal variables. Taking the first variation of
(2.2.12) with respect to the these nodal variables leads to the following linear system of
equations:

[4]l¢] =B (2.2.13)
where [4] is a symmetric matrix.

Once the potential distribution is obtained upon solving the above equation, the z

and y components of electric field E can be computed from the following formula:

=-V¢= —(J:—— + y ) (2.2.14)

The per-unit length capacitance can be computed from its energy relation

C= 2Z° (2.2.15)
where
NOTR
W, = z: Ep[¢p]T[5][¢p] (2.2.16)
r=1

and NOTR is the total number of triangles.

Since the computation of electric field components involves space derivatives, at least

second-order elements should be used to avoid singularities.
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2.2.2 WAVEGUIDE PROBLEMS

For homogeneously filled waveguides, the equations to be solved are Helmholtz’s equa-
tions

V2E. +(k* —B)E; =0 (2.2.17)
with Dirichlet boundary condition E; = 0 on the waveguide boundary for TM modes, and

ViH.+(k* —p*)H, =0 (2.2.18)
with Neumann boundary condition §i = 0 on the waveguide boundary for TE modes,
where V7 = -5‘% + 38;,- and B is the propagation constant.

The functional for TM modes can be written as

1
F(E:)=3 ] (Ve E-)? - (K — B*)E?) dzdy (2.2.19)
D
subject to the Dirichlet boundary cendition E.: = 0 on the waveguide boundary. A similar
functional in H. can be written for TE mode subject to the natural boundary condition.

Following the procedure described in the Section (2.2.1), the contribution of one tri-

angle (say pth) to the functional can be written as

F(E.)= %ZZEﬁEq[V&; Va;dzdy — (@)EZE;;E;,‘/Q; a; dz dy

=1 j=1 i=1 j=1

(2.2.20)
where the coefficients E.; represent the values of E. at the interpolation nodes.
This can be further wriiten as
.’.kz - 2
Fy(E:) = (EnITI811E) ~ (5 2B, 7 TiE, (2221)

where S matrix is the same as discussed in the last section, and the T matrix is also

independent of triangle shape and size [20], and hence needs to be evaluated only once.
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Summing the contributions Fj, of all the triangles and taking the variation with respect

to the [E;] nodal values yields the following eigenvalue problem:

e = (ES Bz (2222)

Upon solving this eigenvalue problem, the propagation constant 8 and the transversal
dependence of the fields can be obtained.

2.2.3 INHOMOGENEOUS WAVEGUIDE PROBLEMS

The scalar variational formulation discussed above is not applicable for general in-
homogeneous waveguide structures. Only cutoff frequencies of such structures can be
computed because the hybrid modes are either TE or TM at cutoff. There are differ-
ent types of vector variational formulations suitable for inhomogeneous and anisotropic

waveguide problems. These are described below :

i) Variational expressions which are formulated in terms of the longitudinal components
of the electric field (E.) and the magnetic feld (H.) [45) and can be written as

w = functional (3,E.,H.) (2.2.23)

ii) Variational expressions employing all three components of electric field [46] and can

be written as

w = functional (B, E,, E;) (2.2.24)

where E; is the transverse electric field.
(iii) Variational expressions employing all three components of magnetic field [44], [47] and
can be wnitten as

w = functional (3, H;, H;) (2.2.25)
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where H; is the transverse magnetic field.
iv) Variational expressions employing the transverse electric and magnetic field {48] and

can be written as

. B = functional (w, Ey, He) (2.2.26)

The above variational expressions have been applied to compute the propagation con-
stants of some standard structures, such as dielectric loaded waveguides, ferrite loaded

waveguides, microstrip lines and optical waveguides.
2.3 TRANSMISSION LINE MATRIX METHOD
23.1 THE TWO-DIMENSIONAL TLM MODELS

The TLM method was first described by Johns and Beurle [27] in 1971. The basis of
this method has been established by adopting the wave propagation concept postulated by
Huygens, who considered a wavefront to consist of a number of secondary radiators which
give rise to spherical wavelets. To formulate Huygens’s principle in discretized form, both
the space and time are represented in terms of finite elementary units Al and At, which

are related by the velocity of light such that

At = % (2.3.1)

The unit time At is then the time required for an electromagnetic pulse to travel from one
node to the next.

Earlier network simulation techniques (for the solution of electromagnetic problems) de-
veloped by Kron [63], and Whinnery and Ramo [64] prompted the implementation of this

discrete Huygens’s model on a digital computer through a Cartesian mesh of open two-wire
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transmission lines. Each node in the mesh corresponds to a junction between a pair of

transmission lines as shown in Fig. 2. 3(a).

In order to show how Maxwell’s equations may be represented by the transmission-line
matrix, t'he elementary length of the transmission line between two nodes of the mesh is
represented by lumped inductors and capacitors. I the inductance and capacitance, per
unit length for an individual line, are L and C, respectively, the junction between a pair
of lines at a mesh node point can be represented by the basic elementary network of Fig.
2. 3(b). The complete network is made up of 2 large number of such building blocks,

connected as a two-dimensional array (see Fig. 2. 3(c))-

The fundamental differential equations giving the voltage and current for the elemen-

tary network can be written as

av, 0 oV, 0

a—; = —L&'(I:I - I:;) -3-2-'- = —La(Izg - Iz.‘) (2-3-2)
) o4 v,
'E‘r"(l':l - I:S) + E(I:Z - I:i) = ""2C_a; {2.3.3)

These equations may be combined to give the following 2-D wave equation

&V, &V _ Y,

0z2 =~ 022 a2
For a TEng mode with field components E,, H; and H., and /0y = 0, the Maxwell’s

(2.3.4)

- curl equations may be written as

dE, _ OH, dE, _ 9H,
%= P e e (2:35)

oH. _oH. _ OE, 236)

9z oz ot
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Transmission Line Junction c) Transmission Line Matrix in x-z




These combine to give the wave equation

&#E,  FE,

52 T o = Mo

(2.3.7)

The equivalences between TLM mesh parameters and field parameters can be obtained by

comparison between the equations (2.3.2)-(2.3.4) and (2.3.5)-(2.3.7):

E,=V, H,=—(a-Ia) (2.3.8)

~H.=(I2-I.) n=L e=2C (2.3.9)

If the voltage and current waves on each transmission line linking any two nodes travel
at the speed éf light, the complete network of intersecting transmission lines represents a
medium of relative permittivity twice that of free space. This means that as long as the
mesh parameter Al is very small, the propagation velocity in the TLM mesh is —k times
the velocity of light and is independent of the direction of propagation. If Alis comparable

to the wavelength, the propagation velocity is space dispersive [29].

Having proved how Maxwell’s equations can be represented by a Cartesian mesh of
TEM transmission lines, the implementation of the TLM method on 2 digital computer

will be described.

The numerical calculation usually starts by exciting the mesh at specific points by
voltage or current impulses and follows the propagation of these impulses over the mesh as
they are scattered by the nodes and boundaries. The scattering matrix equation relating
the reflected voltage impulses-at time (k + 1) At to the incident voltage impulses at the

previous time step kAt for the node shown in Fig. 2. 3(2) can be written as
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Vi | -1 1 1 i
(™) ( . \ (Vi
V2 1 -1 1 1 v
1
v =311 1 <1 1 " (2.3.10)
Vi 1 1 1 -1
H-l\ ¢ } \ / "\V‘ )

Any impulse emerging from a node at position (z, z) in the mesh (refiected impulse) be-
comes automatically an incident impulse on the neighbouring node. This can be repre-

sented by the following equations:

le:-(z'lz) = k-HV;.(z + 133) kV;(Z’ 3) = k-HVIi(z'x + 1)
_ . (2.3.11)

Ti2) = waViE—13)  aK(5e) = wmli(zz—1)
The TLM algorithm consists of applying equations 2.3.10 and 2.3.11 for each node in the
network. The output which is taken from a chosen point is 2 series of discrete impulses
of varying magnitudes separated by constant time intervals. At any node in the mesh,
the discrete field components can be computed by storing the impulse values on the four

branches for each iteration and performing the following operations:

y QI
eEy = kV,=§ZkV,;
m=1

—:H. = oI, = (kV‘; _ klf‘i) (2.3.12)
tH:= il = (kVI‘. - EV::)
The frequency response within any frequency range Al/A < 1 can be obtained by taking

the ' ~rete Fourier transform on the output function.

To represent 2 lossy inhomogeneous material, the TLM mesh can be loaded at the
nodes situated inside the material with additional reactive and dissipative elements. The

Jength of the stub is equal to the half the length of the link line to achieve time synchronism.
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Due to the dual nature of the electric and magnetic fields, the same wave propagation can

be modeled by a series connected mesh of transmission lines {29].

In order to ensure time synchronism, the conventional TLM network described above,
uses a square mesh to model a given propagation space. This can lead to large computer
run time and memory if the structure contains field singularities such as sharp corners
or fins, where highly non-uniformn fields require the use of a very fine mesh. Also in the.
fixed mesh schemes, the bigger dimensions of the structure must be an integer multiple
of smaller dimension of the structure, putting constraints on dimensions of the structure.
To overcome these problems, Saguet and Pic [65] and Al-Mukhtar and Sitch [66] have
independently proposed ways to implement irregularly graded TLM meshes which allow
the network to adapt its density to the local nonuniformity of the fields. These methods
are briefly discussed and reviewed below.

2.3.2 THE TWO-DIMENSIONAL GRADED TLM MODELS

The graded mesh and a basic elementary network by Saguet [65] are shown in Fig. 2.4.
The phase velocity is kept the same in all cells regardless of the mesh size. The time step
At is taken as the time required to travel the length of the shortest link line. Therefore
At = 21 where Al; is the length of the shortest link line and ¢ is the velocity of light.
To keep the phase velocities of travelling impulses the same in all cells regardless of the

mesh size, one should have

(2.3.13)

1 1
VC2)  TaCy)
where L,, Cy, L3, C; are the inductances and capacitances per unit length of the trans-

-

mission lines. Then if

L, =NL,, then Cp=C,/N (2.3.14)
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Fig. 2.4 : Graded Mesh (for N=3) and a Unit Element by Saguet [65]
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where N = grading ratio. Thus the inductance per unit length of the longer mesh lines is
increased by a factor N, while their capacitance per unit length is reduced by 1/N.

The characteristic impedances of the two link transmission lines are related by

Zy=N2Z (2.3.15)

Thus different branches (1,2,3,4) will bave different characteristic impedances unlike the
uniform mesh. The length of the permittivity stub is equal to the half the length of the
shortest Iink line to achieve time synchronism. An impulse incident upon a stub loaded
node is scattered into six lines. The loss stub absorbs all the incident power. On other
five lines, the impulses are returned to the node after reflection at the other ends. The

scattering matrix (for N = 3) for such a stub loaded shunt node can be written as follows:

M\ (@D 2%, 2%, 2Y; \ ( LN
V; M (W-y) D M W || el
V| = -; 2, % (-y) W 2% Vs
v, 2, W W (Mi-y) 2% ||
K+ \Vs) \ o 2Y; 2¥3 % (h-y)/ \ ??3 {6)

where y=Y; + Y, 4+ Y3 + ¥ + Y5 + 903 11, Ya, Y3, ¥, are the characteristic admittances
of the four branches of a unit cell, Ys is the characteristic admittance of the open-ended
stub of length Al; /2 (permittivity stub) and g, is the characteristic admittance of the loss

stub.

The equation (2.3.11) for this particular graded mesh becomes



kv;r(z'lz) = k+3.1,2‘-(= + 111) k"?(za z) = k'l‘lVli(z!z + 1)
_ o (2.3.17)
VD) = eVie=12) K @a) = eilnz-1)

The two scattering processes described above form the basic algorithm as in the coo-
ventional TLM model. In this case, to compute the reflected impulses on the branches at
time (k+1)At, we should know the incident impulses on the branches at time (k+1-N)At
(in the case of longer branches). Hence the impulses travelling on the longer branches are |
kept in store for N iterations before being injected into the next node. The grading ratio
N must be an odd integer to get time synchronism, otherwise at the transition from the

dense mesh to the coarse mesh, the separation between adjacent elements is %’L.

To overcome these problems and to achieve time synchronism, Al-Mukhtar and Sitch
[66] proposed two different approaches:

- In the first approach, the propagation velocity of the impulses is made proportional to the
link transmission line length. That is, the impulses travel faster on long lines and slower
on short lines, thus maintaining a constant time step. But the inductance and capacitance

per unit length will be different for different branches.

- In the second approach, the shortest link line is taken to be of unit length. In areas where
the link lines are longer than the unit length, additional series stubs between nodes and
shunt stubs at the nodes are introduced to account for extra inductances and capacitances.
This arrangement also makes it possible to represent inhomogeneous propagation space by

making changes to the impedances of the stubs.

In these approaches, the grading ratio can be 2 real number. Hence they are quite
useful especially when the geometry of the problem is large, and with dimensions that
are not small integer multiples of a common length. The mesh, however, may be more

dispersive due to the loading of the additional stubs.



23.3 THE THREE-DIMENSIONAL TLM MODELS

If the voltages of the 2-D TLM matrix represent E-fields in the medium, the shunt
connected matrix provides a solution for TE,, modes while the series connected matrix
provides a solution for TM,, modes [29]. Therefore, these two separate matrices will solve
the Maxwell’s equations in two dimensions. ‘Hence to solve Maxwell’s equations in three

dimensions, there must be a parallel matrix and a series matrix in each plane.

Alkhtarzad and Johns [51] built such a 3-D TLM node by interlacing shunt and series
nodes in all three coordinate directions. The resulting unit element consists of three shunt
and three series nodes. The three shunt nodes represent the E-field, and the three series
nodes represent the H-field in the the coordinate directions as shown in Fig. 2.5. To
account for dielectric and magnetic materials, open-circuited and short-circuited stubs are
added to shunt and series nodes, respectively. The 3-D node is further equipped with stubs
of infinite length at the shunt nodes to model dielectric losses. Fig. 2.6 shows schematically

“a 3-D unit cell with completely equipped nodes. It us&s a total of 26 real memory stores
per 3-D node. Since the six components of the electromagnetic field are available at the
corners of the 3-D node cube (separated by a distance % ), the network is called the

“expanded-node”.

Because of the spatial separation of the six field components, the description of the
boundaries and the diclectric interfaces is difficult, and the problem is particularly acute
when automatic data preparation schem&e) are implemented. The process of Diakoptics
for forming structures is also difficult to organise because of tﬁe half-time steps and the
spatial separation of different polarizations. This inconvenience lead to the de_}'elopment
of a condensed node structure by Saguet and Pic [52]. This node, shown in Fig. 2.7,is a

3-D Cartesian mesh with two lines, corresponding to two polarizations, in each branch.
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All six field components are defined at one point in space, and boundary conditions can
be applied at the node or halfway between the nodes. However, this node is asymmetrical
because, depending upon the direction of view, the first connection in the node is either
shunt or series. This implies that boundaries viewed in one direction have slightly different

properties when viewed in another, especially at high frequencies.

Recently, a symmetrical 3-D condensed node has been developed by P. B. Johns [53).
The node, without any stubs, is shown in Fig. 2.8 and it avoids the above problems and
is more accurate than the other mesh schemes. It can be used to represent a cubic block

of homogeneous space by a Cartesian mesh.

The symmetrical condensed node has six branches, each branch consisting of two un-
coupled two-wire transmission lines. The 12 transmission lines linking the Cartesian mesh
of nodes together have the characteristic impedance of free-space. These lines are num-
bered and oriented according to the voltages shown in Fig. 2.8. Each line has two fields
associated with it. For example, a voltage impulse incident upon port 1 has associated
with it the field quantities E; and H.. A voltage impulse proceeding outwards at port 2
has associated with it the field quantities E; and —H,. Twelve impulses on the link trans-
mission lines, incident upon the node, result in twelve scattered impulses. The scattering
matrix S for the node has been derived by P. B. Johns by studying the behaviour of the
electromagnetic fields (through Maxwell’s equations) associated with impulses on various
transmission lines. After applying the field continuity and energy conservation conditions,

the following impulse scattering matrix is obtained.
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Fig. 2.8 : Symmetrical Condensed TLM Node by P. B. Johns [53]
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(2.2.18)

The six electromagnetic field quantities at any node can be calculated from the im:-

pulses on the twelve branches as follows:

H==(V4£

Hy=(-V;+V+V -

E.=(F+Vi+ V5 + V)2,
Vi/2,
E.=(Vi +V§+ V7 +Vo)/2,
Vs)/2,
Vio)/2,

Viz)/2,

E,=(V;+Vi+V; +

_Vs".!.p:r"_

H-—( Vt+Vt+'V1:1

(2.3.19)

The symmetncal condensed node has no dmpersxon in the coordinate directions (i.e.,

the velocity is constant at all frequencies and there is no cutoff of the waves in these

directions), unlike the expanded node and asymmetrical condensed node whick have no

dispersionless direction of propagation. R. Allen, A. Mallik and P.B. Johns [67] have done

numerical experiments which indicate that the velocity characteristics of the symmetni-

cal condensed node are éi?;gethet better than the expanded node and the asymmetrical

node. This means that, for a given problem, a coarse mesh can be used with symmetrical

condensed nodes, saving computer run time and memory.

e
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To use the node in inhomogeneous structures and in problems described by a com-

pletely general orthogonal mesh, six stubs should be used to add extra capacitance and

inductance to the node locally. This is based on the technique developed by Al-Mukhtar
and Sitch [66) described in section 2.3.2.

2.3.4 APPLICATIONS OF THE TLM METHOD

The TLM method has been widely used to compute the mode spectrum and prop-
agation constants of uniform transmission lines such as microstrip lines on isotroﬁc [63]
‘and am.,otropxc [69] substrates, dielectric loaded waveguides, finlines [70], etc. Mariki and
Yeh [69] ha.ve also computed the characteristic impedance of microstrip line on sapphire
‘substrates using the TLM method. To obtain the propagation constants {(or dispersion
characteristics), a quarter _wa.velength section was usually considered, where different val-
ues of B and w are simulated using different cavity lengths. To avoid discretizing quarter
wavelength long sections, Sitch and P. B. Johns [71] have proposed a simple technique
known as the “ Stepped Impedance Approach 7, which enables the length of the cavity
to be no more than 2.5 mesh lengths. Recently, the scattering parameters of a bilateral

finline T-junction have been computed by Saguet and Hoefer using the TLM method [72)].

In all of the applications mentioned above, the most important charactenistic of the
TLM __;x_lethod, namely the impulsive excitation capability, was utilized only for the com-
puta.tic:n of the mode spectrum of uniform transmission lines. It is also possible, however,
to extract the propagation constants, scattering parameters and field components over a
wide frequency range from a single TLM simulation. Chapters V and VI deal with this
aspect. |
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2.4 DISCUSSION

This chapter has introduced the principles and concepts involved in the Finite Element
and TLM aralysis. The variational principle, interpolation polynomials, triangular coordi-
‘nates have been briefly discussed. The existing functionals for quasi-static, homogeneous

and inhor~ geneous waveguides have been reviewed.

2-D and 3-D TLM models have been briefly discussed. The condensed 3-D TLM
node proposed by P. B. Johns is the most accurate and less dispersive model than the -
other 3-D nodes, and is also more appropriate for the application of Diakoptics. The
main applications of the TLM method have been reviewed, and the need for wideband
absorbing boundary conditions for exploitation of the impulsive excitation capability of
the TLM method has been discussed.
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Chapter IIT -

NUMERICAL MODELING OF TRANSMISSION LINES

3.1 INTRODUCTION

As discussed in the Chapters I and II, the Finite Element method is the most appro-
priate technique for characterizing uniform transmission Lines of arbitrary cross-section.
In this chapter, the formulation of the algorithm based on this method for computing the

dispersion characteristics, pseudo characteristic impedances, and conductor and dielectric

losses is presented.

Ridged waveguides and finlines have been analysed with this algorithm. These trans-
" mission media have found many applications in microwave and millimeter-wave circuits,
such as directional couplers, varactor-tuned oscillators, step transformers, filters, and PIN
diode attenuators. The main advantages of these structures are large monomode band-
width, small dispersion and high power handling capability. To the authors’ knowledge,
there is no data available on the losses of dielectrically loaded ridged waveguides, and no
rigorous theoretical study of finlines in ridged waveguides (ridged finlines) and finlines in
circular waveguide enclosures was done. Using the algorithm presented in this thesis, the
above problems have been successfully tackled. Furthermore, the second-order effects, such
#s the effect of finite metallization thickness, substrate bending and mounting grooves, on
the characteristics of the transmission lines have been studied.
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The graded mesh TLM algorithm discussed in the Section (2.3.2) has also been ap-

plied to compute the cutoff frequencies of finlines in rectangular and circular waveguide

enclosures. The results have been compared with those obtained with the Finite Element
method.

3.2 THE FINITE ELEMENT ANALYSIS
32.1 THEORY

For the analysis of inhomogeneous waveguides, several vapational formulations have
been mentioned in the previous chapter. The variational formulation in terms of the lon-
gitudinal components of the electric and magnetic fields is chosen for our purpose because
of its simplicity and small matrix size of the eigenvalue problem.

Consider an inhomogeneous waveguide of arbitrary cross section and uniform i the
z direction, which consists of isotropic, lossless dielectric media. Assume that the cross-
section can be divided into several subregions over which the relative permittivity is con-
stant. Further, assume propagation along the z-axis of the form exp[j(wt — Bz)] with
longitudinal field components H; and E:. In a typical subregion (say the p**), E. and H.
satisfy the Helmholtz equations:

E® ]

(Vi+K2) [ =0. (3.2.1)

HE

where V? is the transverse Laplacian Operator, and K§ is given by
K} = (w/c) (/o) — B (3:2:2)

with ¢, as the dielectric constant of the subregion. Continuity of the tangential electric

and magnetic fields along the common interface between two contiguous regions (say the
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p** and ¢**) requires that

E® = EW
Hip) = qu)
(4 &3 OEP _2HPY _ & y 9P oH( (32.3)
PN\, Tos an |7 3s  om

T[ & (Soyd OEY) . oHY ]= [ o0y OF2 9EY aﬂﬁ"]
Pleor o on Js €07 \Ho Js

where s and n refer to the tangential and normal directions, respectively, with n x s = ¢,
defining the unit normal along the z-direction. 7; and -y are given by
i =(4" = D/(7* - &/ <)
- (3.24)
= (Be)w
The variational principle [45]

&I

[
o

(3.2.5)

where

I=%1,

p=1

5[ it

-Gy —-:2)-{{115’”]2 +7°2 B(i)* E?’]z})dr dy (3-26)

H ‘°)* VE(P)I + 21,62 [ (“’)*E vzfr)xvmﬂ]

yields as its Euler equations and natural boundary conditions the governing equations

(3.2.1) and continuity conditions (3.2.3) for 2ll regions comprising the waveguide cross-

section.
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32.2 INTERPOLATION FUNCTIONS, DISCRETIZATION AND GLOBAL

MATRIX FORMULATION

The bases for the Finite Element algorithm are equation (3.2.5) with the functional (3.2.6). -
The initial step is the discretization of the waveguide cross-section into a large number of
subregions or elements in an arbitrary manner, provided that all the dielectric interfaces
coincide with ti:e element sides. Although a variety of different elements can be chosen,
the triangular [20], [42] second order elements are adopted in this stﬁdy. The nodal values
of E; and H, will be considered as the primary dependent variables of the problem. As
mentioned in the chapter II, the E; and H, fields are approximated in each triangle by a

linear combination of 2 complete set of interpolation polynomials {a;,i == 1,2, 3,-++,n} of

degree N
E: = Z E:i al‘(Cl: C2: C3)
=1 (3.2.7)
H. = ZH:I' ai(c.'n Ch CS)
=1
where

)N+
2

The coefficients E.; and H; represent the values of E. and H. = respectively at the inter-
polation nodes. After substituting the above expressions for E, and H. into (3.2.6), I,

can be written in matrix form as ' -

L= [BP]T[A,][GP] ~ T[6,)7[B, (65} ' (3.2.8)
where [ is the eigenvalue parameter defined by

r=() a-» (3:29)
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and [6,] is the assembled array of nodal E; and H; values, given by

[sp]T = [Exh E:?a Tty Ezm Hxl-p 532, R ) H:n] (3.2.10)

The matrices [Ap] and [Bp] are given by
=4S 29U ]

4,) = 3.2.11)
[45]=7 o2y § (
T O
Bl = [ ] (3.2.12)
O T '

The S, T and U matrices are square matrices of order n, the first two have already been
given in Section 2.2 and the last has been derived in [42]. All three matrices are independent
of the properties of the medium. These base (local) matrices are successively applied to
the total number of triangles of a given structure to obtain the final (global) matrices.

Thus summing the contributions I, of all the triangles yields the following equation for I.
P
I = (617 (4](6] - T [BII6] (3:213)

where [0] is an ordered array of the longitudinal electromagnetic nodal variables, f4]
is a large-sparse-indefinite-symmetric matrix and [B] is a hrg&spa:sépositive—deﬁnite—
symmetric matrix. Taking the variation of equation (3.2.13) with respect to the nodal

variables leads to the following algebraic eigenvalue problem:

{A)fg] = T(B]f] (3.2.14)

32.3 COMPUTATION OF THE PROPAGATION CONSTANT AND THE
FIELD DISTRIBUTION

The normalized propagation constant  is present in the matrices [A] and [B] of equa-
tion (3.2.14). For a given value of 4, the generalized eigenvalue equation (3.2.14) is solved
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for the frequency and the longitudinal electromagnetic nodal variables. All transverse field

components can be derived from the longitudinal field values by the equations

E® =&[aﬂﬁ’) + (2’.)*722’("1
* K; oy Ho oz |’
U [-aﬂ, &y} aE@]
K

(3.2.15)

B = Jweo[ &af:(' +(_p_°)'} alg; ],

Hg’) =

K: e 0z Ty

Jwe, [e, aE; + (po i oY .
it is possible to use the symmetry conditions to reduce the number of elements by imposing
the following boundary conditions cn the axes:

E. =0 at the nodes on electﬁc wall.

H. =0 at the nodes on magnetic wall.
The normalized propagation constant -+, which is a variational quantity, is obtained much
more accurately than the associated field solution. Therefore, good accuracy of the loss
and impedance calculations demands a larger number of elements than would be required

for obtaining only 4 with a similar accuracy.
3.2.4 SPURIOUS MODE DETECTION

. The generalized eigenvalue equation {3.2.14) has 2 number of spurious solutions, es-
pecially for v > 1. These solutions do not correspond to 2 physical mode of propagation.
It has been observed by many authors working with the Finite Element method. There
are some ways to identify such a mode and are given below:

1. Plot equipotential lines of suspected modes. These are not as smooth as they are for

real modes. Sharp contours are usually absent from the real modes.



44

2. For 4 = 0, the Vectorial Functional (3.2.6) becomes scalar, which is supposed to be

" free from spurious modes. Hence, by plotting the field distribution at cut off ( v = 0),
one ‘can have an idea of the actual field distribution.

3. The secondary parameters associated with spurious solutions, such as transmitted
power and attenuation constants differ by orders of magnitude from those obtained
for regular solutions.

4. Recompute with s different discretization and check.

5. Compare with other numerically stable procedure such as the TLM method.

3.2.5 COMPUTATION OF CONDUCTOR AND DIELECTRIC LOSSES

The perturbational approach is employed to solve for the attenuation constants due

to dielectric and conductor losses

P, P,
Qe = =
av ! N 2P¢U

ag = (3.2.16)

where P,, is the time-average power flow along the line, and Py and P, are the time-average

powers dissipated in the dielectric and conductors, respectively .

Dielectric losses are calculated using the formula

Py=we tand f f IE,|* dS (3.2.17)
Saiat )

where the loss tangent tané is assumed to be very small so that the perturbed fields can
be approximated by the fields for the lossless condition E,, H, ; Saier is the area of the
cross-section covered by the dielectric; and w = 2z f is the angular frequency. Expanding
(8.2.17), P4 can be written as

Pi=we tané j f (E?+E? + E2)dz dy (3.2.18)
Seiat
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For any generalized structure, the above integrals can be written in terms of standard
matrices as follows:

NOTRD
Picw 3 «tans; ([e;slfmlezgl + B T)0E) + Iﬂésl"[T][Gis]) (3:2.19)
i=1
where NOTRD is the number of elements in the dielectric region, the matrix T is given
in the Section 2.2.2, and [6}g], [63 5] and [8} ] are the electric field values at the nodes of

tth triangle. r_ )
[8 E] [ zl’ "'i's;n]

[GZ;E]T = [E:b ;‘.h M | E;n] (3‘2‘20)

[8§E] [E:.‘n z29° " 1E:'n]
Thus by knowing the electric nodal variables, the dielectric loss Ps can be computed.

The time-average power flow along the z-direction can be written as
Pay = f Re(B, x B2).a. ds (3.2.21)
s

where S is the cross section of the guide. In terms of the transverse field components, tﬁis

latter equatica is written as
P, = j / Re(E.H; - EyH:)dzdy (3.2.22)
A |

After substituting the expressions (3.2.15) for E;, E,, H: and H, into the above equation,

one obtains: )
PR < / ,/ {e H? OEZ Ee aHPaHP+€ €, OEZ OE?
w9 = K4 P oy Oz Sy 3y 8z Oz
32 ﬂ ggg oH? 3EP p, a.HP OH? e [ oE? Q_E_i.:
7 3z Oy ? oz 8y Yoz Bz - #o‘)‘ dy Oy

2 af aaE; }] dedy (3.2.23)
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By substituting the expressions for E; and H; from equation (3.2.7) and using the matrix

equivalents of the various integrals [44], the above equation can be written in matrix form

as follows:

NOTR

Pro=iie 3 g {(e+ P20 + 22 vl D

+e.-y\/_ [ew]T[Enew]} {(€e+7’)[9§E]T[Z][9§x]

~JE v i) - 2 1 e DY (:2249)

63517 = [Baas iz Bzl

[B3a)" = (o, Bagye -, Hol
The matrices [Z], [D] and [E] are those given in [44] and can be computed by knowing the

where

(3.2.25)

coordinates and areas of the triangles. NOTR is the total number of elements. Thus by

knowing the longitudinal field values, the time averaged power flow can be computed.

The perturbational formula for calculating.the conductor loss of 2 transmission line

with high conductivity conductor is given by
P.=R, / |Hol? 1gng dl (3.2.26)
c

where R, is the surface resistance and I.F-.i o|tang is the magnitude of the tangential magnetic

field at the conducting surfaces for the lossless case. For a conducting surface lying on the

z-axis,

fc AN Sy jc (B2 + B?)dz (3.2.27)

Expresssing (3.2.27) in terms of the longitudinal components yields,

e () () (32 - ER 2] et

(3.2.28)




47

Similarly, for a conducting surface lying on the y-axis,

/c |Hol (angdl = fc (H2 + HY)dz (3.2.29)

In terms of the longitudinal components,

e {5 (B 27 () -2 B )

(3.2.30)

Since E, and H; are polynomials in z and y, the above expressions can be calculated
analytically. Note that no numerical differentiation or integration is involved in the com-

putation of losses.

3.2.6 COMPUTATION OF CHARACTERISTIC IMPEDANCE

Due to the hybrid wave propogation in the considered transmission lines (Finlines,
Ridge waveguides, etc.) a unique definition of characteristic impedance does not exst.
However, the most appropriate definition of characteristic impedance for most slot-type
transmission structures has generally been found to be

V2
2FP;,

Z, = (3.2.31)

where P,, is computed from equation (3.2.24). The voltage V' can be expressed as follows:
V= '[C \Bylemz, dy (3.2.32)

where z,, is the z-coordinate of the position of the fin. The voltage can be further expressed

in terms of the longitudinal components as follows:

v = 1Yk (-aE‘ + o2 ?-‘?i) dy (3.2.33)

K2 3z \he | Ow

I=Iy
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Again, since E; and H; are polynomials in z and y, the above integral can be calculated an-

alytically. Alternatively, by integrating the tangential magnetic fields, the current around
the fins can be computed, leading to current-power definition of characteristic impedance.

3.3 APPLICATIONS OF THE FINITE ELEMENT METHOD

On the basis of this Finite Element procedure, a computer program has been devel-
oped. This program has unprecedented flexibility since it can evaluate structures with
arbitrary cross-sectionzl geometry. Two additional algorithms have also been developed
to simplify the initialization, or geometry definition and they do the following:

i. Convert the parameters ( node numbers, z and y coordinates) of first order triangles
to those of second order triangles. This greatly simplifies the inputting procedure.
ii. Search for the triangle, among a set of triangles, on which a given point lies. This

helps in plotting the equipotential lines.

A very large number of elements are taken around the fin edges to account for the
singularities. A CRAY X-MP/22 Supercomputer has been used for computation.

In order to test the program, the characteristics of some standard structures have been
recalculated, knowing well that for these cases, other methods are more efficient. After

program validation, some novel structures have been analyzed.
33.1 DIELECTRICALLY LOADED RIDGED WAVEGUIDES

The computed values of the normalized propagation constant, characteristic impedance
and losses of a dielectric-loaded ridged waveguide are plotted in Figs. 3.1(a) and 3.1(b). It
is seen that with the dielectric present, the cutoff frequencies are reduced, and the propa-

gation constants are increased. The results for propagation constant and characteristic
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in.pedance are compared with the available data [73] in Table 3.1 for different slot heights.

In all cases close agreement is observed.

stor £€=1.0 E=2 62
Char.
HEIGHT| g  [Framescy(GHy)| O TTsteos g |TmuocH) ot
Wmm) M@ |Present| Resun | Present | Resats | 1€ [ Present | Resats | Prosent | Reseto
Matiod | of [73] | Method | of [73] Metd | of [73]] Method | of [73)

6.5G2 0.4277[ 5969 5,950 | 262.56 | 265.16] 1.3s6 [S5.955 | S.950 | 179.91 | 177.83
7.620 0.3869 | S5.576| 5.950 | 303.60| 200.77| 1.2668 |5.977 |S.9s0 | 202.17 | 202.83

8,850 0.3558 | 5.977| 5.950 | 333.70| 330.40} 1.1063] 6074 | S.950 | 231.19 | 24.47

Table 3.1 : Effect of Slot Height on the Guide Parameters of Dielectrically
Loaded Ridge Waveguide (Dimensions defined in Fig. 3.1(a))

33.2 BILATERAL FINLINES IN RECTANGULAR WAVEGUIDE ENCLOSURES

The computed dispersion characteristics of the démina.nt and higher-order modes in
2 bilaterel finline are shown in Fig. 3.2. The results for zero metallization thickness are in
good agreement with data published by Schmidt [14] computed with the Spectral Domain
Technique. For 2 metallization thickness ¢ =35 um, the cutoff frequency of the dominant
mode is slightly reduced because of increased capacitive loading of the guide. However, as
the frequency increases, the crossover of the dispersion curves takes place. This may be -
attributed to the paraliel plate phenomenon because of the confinement of energy into the
- slot region. The dispersion characteristics of the higher mode remain unchanged. These
results for finite metallization thickness conform with those given in [17]. Tl;:e influence of
the groove depth g on the propagation constant was also studied. It was found that the
effect is negligible for the fundamental mode and the higher order mode HE7 (which are
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excited by a TE;o mode of the empty waveguide) as reported in [16] and [1§]. However,
the propagation characteristics of the second higher order mode H E2 is strongly affected.
This behaviour is illustrated in Fig 3.2. The sensitivity of the second mode may be due
to the fact that the fields for this mode are not concentrated around the fin edges and
are rather confined between the two metal firs as in a parallel-plate capacitor. Hence, the

cutoff frequency for this mode is reduced with increasing groove depth.

In order to *,est the program for loss calculations, the conductor and dielectric losses
of a homogeneously filled rectangular waveguide (W R28) have been computed at various
frequencies. The dielectric had an ¢, of unity and a loss tangent of 2x10~%. The resistivity
of the walls was 3% 10™° @ m. Results are summarised in Table 3.2. The results agree very
well with the analytical values, thus supporting the accuracy of the presented numerical

algorithm.

The conductor and dielectric losses of a bilateral finline in rectangular waveguide
enclosure (WR28) are given in Fig. 3.3(a). It is seen that as the gapwidth is reduced,
the conductor loss increases exponentially. This can be explained by the fact that, with
small gapwidths there is heavy concentration of fields near the gap. The dielectric losses
are very small compared to the cénductor losses. The conductor loss per wavelength
for various gapwidths is plotted in Fig. 3.3(b) as function of frequency. It appears that
the losses obtained are between those of Mirshekar and Davies [74] and Olley and Rozzi
[75) (2ssuming that the losses for bilateral and unilateral finlines are almost ‘equal [74]).
Independent measurement results are difficult to obtain. R.N. Bates a.nd M.D. Coleman
(76] have reported measured losses for bilateral finlines with slot widths of 400 um. These
are given in Ta;ble 3.3. These measured losses are higher than our computed results. When
*the number of elements around the fin edges is increased (to account for the singulasities),



Finjte Element Method Results Analytical Results
Frequency Conductor Dielectic Conductor Dislectric
(GH2) Loss (dB/m)|Loss (dB/m) | Loss (d4B/m) | Loss(dB/m)
20.000 0.528 0.549 0.530 © 0.550
25.000 0.425 0.567 0.427 0.568
28.474 0.402 0.608 0.403 0.609
38.273 0.389 0.755 0.389 0.756

Table 3.2 : Losses in Homogeneously Filled Waveguide
a=10 mm, b=5 mm, tan8=2"10"%, p=3*108 Ohm m, =1.0

Substrate Thickness| Cu Metal- - Loss (dB/cm)
(microns) lization
(microns) | 27 GHz | 33.5 GHz| 40GHz

Duroid 5880 127 17 0.06 0.06 0.06
Duroid 5880 254 17 0.07 0.07 0.13
Mylar 100 3 0.08 0.10 0.13
Kapton 75 34 0.13 0.14 0.20
Kapton 150 24 0.24 0.34 0.36

Table 3.3 : Measured Losses for Bilateral Finlines in WR28 Waveguide
Enclosures. w=0.4 mm
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the results changed by about two percent. Since in practice the measured losses are always
higher than predicted by theory because of the surface roughness, irregularities in the
structure, and anomalous skin effect, etc., the computed losses with the Finite Element

algorithm are believed to be more accurate.

Having validated the Finite Element program by analysing some well known strue- -
tures, it has been applied to analyse some new structures, and to study the effect of
substrate bending which were not addressed before.

3.3.3 EFFECT OF SUBSTRATE BENDING

Bending of the substrate can occur when soft materials are used (mounting grooves too
narrow result in displacement of dielectric material, producing bending). The propagation
characteristics computed with bent substrate for deflections d equal to 0.125 mm and 0.25
mm are compared with those of the straight substrate in Fig 3.4. It is found that the change
in the propagation constant is negligible near cutoff, and is slightly higher in the operating
frequency band of the waveguide enclosure. This is attributed to the increased volume of
dielectric material (due to bending) in the structure and the progressive confinement of

energy in the dielectric as frequency increases.
3.3.4 BILATERAL FINLINES IN CIRCULAR WAVEGUIDE ENCLOSURES

It is interesting to note that an Ultra-Bandwidth Finline Coupler in circular waveguide
housing was reported as early as in 1955 [77]. However, no theoretical analysis of such a
structure has ever been published, probably due to the complexity of the problem. The
advantages of such structures are easy fabrication and compatibility of the dominant mode
with TE); mode of the circular waveguide.
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Tu.e dispersion characteristics for the fundamental mode and six higher order modes

are given in Fig 3.5. All the results are obtained by analysing only one quarter of the
structur~ with four combinations of electric and magnetic walls. The J E) and H E; modes
(solid lines), which are excited by a TE); wave incident on the empty circular waveguide,
will define the actually relevant monomode range. The d&tﬁc field plots for the various

modes are shown in Fig. 3.6.

33.5 RIDGED BILATERAL FINLINES IN RECTANGULAR WAVEGUIDE

ENCLOSURES

The computed dispersion characteristics of the dominant and higher-order modes in
a bilateral finline with and without the ridge are shown in Fig. 3.7. The results for zero
ridge thickness are in good agreex;zent with the results obtained using the Spectral Domain
Method [14]. With the ridge present, the cutoff frequency of the dominant mode is not
affected, as expected. This is because the capacitive loading of the fins dominates that of
the ridge. However, the effective dielectric constant decreases as the frequency increases.’
The cutoff frequency of the higher-order mode is increased considerably, thus increasing
the monomode bandwidth. Note that in this operating ra.ng? the dispersion is ver} small.
The conductor loss is not expected to be highly influenced by the ridge. The electric field-
plots for the dominant mode are shown in Fig. 3.8. The average power distribution (power
density across the structure) for the dominant mode is shown in Fig. 3.9. It is seen that
the power density ;."-s:gef;_r_large near the fins. A PIN-diode attenuator in this technique has
been realized successf&y by AEG [78] with 2 bandwidth of two octaves.
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3.4 STUDY OF BILATERAL FINLINES IN RECTANGULAR AND
CIRCULAR WAVEGUIDE ENCLOSURES WITH 2D-GRADED
MESH TLM METHOD

Bilateral finlines in circular and rectangular waveguides have also been analysed using
the graded mesk TLM technique discussed in Section (2.3.2).

The bilateral finlines in rectangular and circular waveguide enclosures are skown in
Fig. 3.10. The cutoff frequencies computed for 2 bilateral finline in rectangular waveguide
enclosure with different grading ratios are shown in Table 3.4. Only one quarter of the
structure is analysed because of the symmetry of the structure. It is seen that as the number
of iterations increases, the peaks of E;, H; and H. come closer. The results compare well
with the results obtained using the Spectral Domain Method. The comparison of the CPU
time for vaﬁous grading ratios is shown in the Table 3.5. The CPU time is four times less

for a grading ratio of 5:1.

The computed cutoff frequencies for bilateral finlines in circular waveguide eaclosure
are given in Table 3.6. The results agree with the results computed ﬁsing Finite Element
Method. As expected, for finite metallization thickness, the cutoff frequency is decreased
because of increased capacitive loading. Higiler-order mode cutoff frequencies computed
with various combinations of electric and magnetic walls along the symmetry lines XX
and Y'Y are compared with the results obtained using the Finite Element Method in Table

3.7. The discrepancies In cutoff frequencies may be attributed to the coarse discretization.
3.5 CONCLUSION

In this chapter, a Finite Element procedure is described to handle shielded micrewave

and millimeter wave transmission lines with arbitrary cross-sectional geometries. This
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Enclosures.
IGRAD.RATI (0} 1:1 o 3:1 @ S:1
B (mm) 3.556 3.4544 3.6707
NO. OF FREQUENCY (GHz) FREQUENCY (GHz) FREGUENCY (GHz)
ITERATIONS| By Hx Hz | By Hx Hz | By Hx Hz
1000 1220| 13.30 | 13.30 [13.00 | 1510 { 1390 [1230 | 1385 | 13.50
1500 11.80] 1230 | 12,30 [12.40 | 13.30 | 13.15 {11.80 | 125 | 12.85
2000 1160 1190] 1190 §12.10 | 1250 | 1255 {1160 | 12.00] 11.50
2500 11.60 | 11.801 11.80 1195 1228 12.25 {11.60 | 11.95] 12.10
3000 1160 11,720} 11.70 |11.95| 1210 | 12.10 [11.40 | 11.60} 11.60
ain Result 11.734 11.903 11.487

Table 3.4 : Cutoff Frequencies of a Bilateral Finline in Rectangular
Waveguide Housing (WR 28), computed with the TLM Method.
a=7.112mm, 8r =22

(@), (b) : w=h=07112mm, (¢) : w = h = 0.688 mm

cxwg‘mc RATIO |CPU TIME - | GRID sT2R

{minutes)
11 12 S2x27
31 -6 32
S 3 216

Table 3.5 : Comparison of Com

_ puter Run Time for different Grading
Ratios (TLM)



METALLIZATION | NO. OF FREQUENCY (GHz)
THICKNESS (mm) TIONS[ Ry Hx Hz
1000 9.53 10.60 10.40
0.0 1500 9.265 | 9.81 9.655
2000 9.18 9.50 9.39
2500 9.16 9.30 9.32
0.085 2500 9.11 9.265 5,265

Table 36 : Cutoff Frequencies of a Bilateral Finline in Circular

Waveguide Housing (WC33) (TLM) 8r =22, w=h=153mm

SYMMETRY LM FINITE ELEMENT
CONDITIONS METHOD METHOD
— vy Fimstmode |Second mode| Firstmode] Second mods
(GH2) {GHz2) (GH2) {GH2)
electic | magnetc | 9.26 37.116 9266 |372.7155
magnetc | electic 12.46 21.816 13346 | 22.576
electric | elecmc | 12.55 08 | 13.789 | 34.683
megnetic | magnetic | 21.916 - 22639 | —

Table 3.7 : Higher order mode cutoff frequericies of a Bilateral Finline

in Circular Waveguide Housing (WC 33). Comparison between

TLM and Finite Element Methods.
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method can also include the effect of finite metallization thickness, substrate mounting
grooves, bending of the substrate, and even the cross-sectional profile of the metallization
edges.

Results obtained for the dispersion characteristics for dielectrically loaded ridge wave-
guides, and bilateral finlines in rectangular waveguide enclosure agree, within better than
one percent, with the available data in the literature. Bending of the substrate causes a

slight increase in the propagation constant of the dominant finline mode.
For the first time, the dispersion charactenstics of the bilateral finlines in circular
waveguide enclosures are presented. A structure called ridged finline has been described

as well.

Graded mesh TLM procedure has also been applied to study the mode spectrum of
finlines in rectangular and drcular waveguide enclosures. The spurious solutions inherent

in the Finite Element. Method can be checked with the numerically stable TLM procedure.

It may be noted that the Finite Element and TLM algorithms require one to two orders
of magnitude more CPU time and memory than other numerical methods. However, these
approaches utilise their full potential when second-order effects and irregular geometries

must be evaluated, a task at which most other numerical techniques fail.
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Chapter IV

DIAKOPTICS FOR MICROWAVE STRUCTURES

4,1 INTRODUCTION

The TLM method is a numerical technique in which both space and time are dis-
cretized. Hence for large structures, the computer memory and time required to discretize
the field space are enormous, sometimes beyond the scope of normal computers. This is
also true with other numerical techniques such as FD-TD. Hence a Diakoptics procedure,
where a network is broken up into substructures which are solved independently and then

later reassembled, must be applied for the analysis of large structures.

Also, in a.éplications such as monolithic microwave integrated circuits of high density
or EMi/EMC simulations, the field interaction between all parts of the structure must
be considered. Hence the traditional way of cascading the sc#ttering parameters (of the
dominant mode) of the individual circuits to get the overall respouse does not give accurate
results. Fullwave, wideband analysis must be carried out for such structures. This is

intrinsic in the TLM-Diakoptics procedure if the mesh is excited with an impulse.

In steady-state network theory, the Diakoptics technique was first applied by Kron
[54]. In 2-D aralysis of planar components, a similar approach known as the “ Segmentation
Method ™ has been applied by Okoshi and others [55]-[57]. In this approach, the irregular
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planar components are segmented into regular shapes for which the analytical Green’s
functions are known. The technique has been extended to the time domain for 2.D TLM
modeling by Johns and Akhtarzad in 1981 [58]-[59]. These three approaches, namely, the
network Diakoptics, the Segmentation approach for planar components and Diakoptics for
2-D TLM nﬁethod are described in this chapter.

4.2 STEADY-STATE SOLUTION USING DIAKOPTICS

Kron [62]-(63] has produced lumped networks to represent Maxwell’s eletromagpetic
field equations in two- and three-dimensions. Recently, some improved lumped network
models have been proposed by P. B. Johns [79]). The lumped networks with branches
consisting of components like capacitors, inc!gctors and resistors, form a space discrete
model of a field because the solution of themﬁeld is described only along the branches
or at the nodes. A simple lumped network model to represent Maxwell’s equations in
two-dimensions has been discussed in Section 2.3.1. From the steady-state solution of
the network models, the discrete steady-state solution for the electromagnetic field can
be obtained. The procedure for applying Diakoptics technique for steady-state solution of
such networks is described iﬁ [58] and summarized below for convenience. -

The large network to be analysed is divided into substructures by lines parallel to the
co-ordinate axes, and midway between the nodes, as shown in Fig. 4.1. The branches
which cross the substructure are called « removed branches ” and are not considered to

belong within any structure. The solution for substructure 4 may be written as
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in A. The voltages Vra on the nodes at the end of removed branches are related to the

currents Ir4 flowing in these branches through the equation
Vra = Vrsa + Zra Ira (4.2.2)

where Vgs4 are the removed branch nodal voltages due to the source currents Is,4 alone
l.e.

Vesa =Y Isa (4.2.3)
and Zgr4 is the response of the substructure A to a unit current excitation on the removed
branches. Eachlcolumn of Zgra is obtained from Y 'Ira, with each element of Ip4
successively set to unity.

Connection is made by solving for the removed branch currents
In=Ygr (VrRa~ Vas) 7 (4.2.4)
where
Ir=Ira=-IrB (4.2.5)

and Yg contains the removed branch admittances on the diagonal.

Substituting from equation (4.2.2), one obtains
Ir = Yr({Vrsa + Zralr) — (Vese — ZrelR)) (4-2.6)

When the removed branch currents Iz have been found from equation (4.2.6), multiplica-

tion with Y~ of any substructure yields the nodal voltages for that substructure.

From the foregoing analysis, the procedure for obtaining the steady-state response of
large networks using Diakoptics can be summarized as follows: |
1. For each subétéructure, compute Vrs4, the removed branch nodal voltages due to the

\\\: . -
source curren’s present in that substructure.
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2 For each substructure, compute Zra, the response of the substructure due to unit
current excitation on the removed branches.
3 Solve the system of equations given by (4.2.6) for I, the removed branch curreats
' using any standard procedure such as Crout’s factorization method.
4 Obtain the nodal voltages in any substructure by multiplying Ir with Y= of that

substructure.

Brewitt-Taylor and Johns have applied this technique to solve for fields in a rectan-
gular waveguide supporting TE;o mode and containing a dielectric obstacle and absorbing
material [80]. The whole structure was divided into three substﬁxcturw. They reported
that for the repeated soluti;:n involving a change in properties of one substructure (consist-
ing of dielectric obstacle) requires 20 seconds of computer time, compared with 149 séconds

for the problem as a whole (assuming that the solutions for the remaining substructures

are available).

The matrix Y in (4.2.6) is quite full. The size of this system of equations limits the
number of removed branches allowed. The size of the matrix Zr4 is R X R, where R is
the number of removed branches. To reduce the computational expenditure, linear, second ‘
or higher - order space approximations can be applied. For example, in the case of linear
space approximation, the matrix Zp4 relates the removed branch voltages to the removed
branch currents for any two of the removed branches and a linear relationship is assumed
for the remaining (R-2) branches. ¥ the current distribution is highly ron uniform in the
removed branches, higher-order space approximations are required to get accurate results.

Space approximations have been applied for a network consisting of a large resistive mesh

by Johns and Aktharzad [58].



4.3 SEGMENTATION FOR PLANAR CIRCUITS

In many practical microwave planar circuits, the thickness of the substrate is so small
that the field variation in that direction can be neglected, hence, the structure can be
treated as a two-dimensional problem. One method for analyzing such planar components
involves determination of Z-matrix of the component using a Green's function from the

equation

1
Zs = fw jw Gls/s0) ds, ds (43)

where the periphery of the planar circuit is divided into several sections of small widths
(W) so that the field variation over the width of each of these sections is negligibly small.
Each one of these sections is considered as a port of the multiport network model; s, is

the excitation point.

The Green’s functions are availabie for only a few regular shapes. Analysis of irregular
shapes is done by segmenting these into regular shapes such as squares, rectangles, circles,
etc., for which the Green's functions are known. The © Segmentation Method ™ combines
the characteristics of the segmented elements to get the characteristics of the complicated
circuit [56]. This results in reduced computational effort. A brief description of the method

is given below:

In a general planar network of segments (see Fig. 4.2 for 2 simple example), the Z -

matrices can be written together as

N\ (Z Z\ [ |
1= (4.3.2)
(Ve) (zc, zcc) (I)

where V},, I, and V;, I. are voltages and currents at the p externally and ¢ internally

connected ports. The c internally connected ports are divided into groups q and r, each
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containing ¢/2 ports. This is done in such a way that ¢ and r; ports are connected
together, g2 and rz ports are connected together and so on. This involves reordering of the
rows and/or columns of Zep, Zpe, and Z.. a3 given in equation (4.3.2). The Z-matrices

can now be written together as

Ve Zop Zpg Zor\ (D
Vi |=| % Zee Ze || L (4.33)
V. Zey Zeg Zee) \I

The interconnections can be expressed as
Ve=Ve (4.3.4)

IL+I.=0 (4.3.5)

Substituting (4.3.4) and (4.3.5) in (4.3.3) and eliminating Vi, Ve, I and I, the Z-matrix

of the overall network is given by

Zy = Zpp + (Zpg — Zpr)(Zgg — Zgr — Zrg + Zer) " (Zrp — Zop) (4.3.6)

The unknowns in the above equation can be obtained from the Green’s functions
of the segmented regular shapes. This technique has been applied extensively to model

microstrip circuits and antennas [56], [81].
4.4 TIME DOMAIN DIAKOPTI&:S FOR 2-D TLM METHOD

The TLM method discretizes 2 field in space and time, while the lumped network
model discussed in Section 4.2 discretizes the field in space only. Hence the procedure
for application of Diakoptics to TLM method should be similar to that of steady-state

networks, except for the extra dimension of time associated with TLM method.

-



79

Fig. 4.3 shows the TLM representation of a large network divided into two substruc-
tures named S,uper 20d S,y The structure S, contains & small portion of the network
geometry which needs to be modified many times, and the structure S,uper is the major
portion of the large network which remains unchanged. The time domain response of
Ssuper can be interpreted as a numerical Green's function with respect to the ‘N’ inter-
connection ports. This Green’s function needs only be computed once and stored (this
can be identified with Zr4, the response of the substructure due te unit current excitation
on the removed branches, of the steady-state Diakoptics). Unlike the analytical Green’s
function, this :;umericai Green’s function is a discrete function of space and time, defined
only at discrete space points which are integer multiples of the mesh parameter Ai (i.e.
x =i Al, y = j Al), and at integer multiples of the time parameter At (i.e. k At). An
element ¢(i,7, k;1',3', k') of the numerical Green's function is the output voltage impulse
arriving at the output node (z = iAl,y = jAl) at the time t = kAt due toan unit impulse

excitation at the input node (z = i'Al,y = j'Al) at the time ¢’ = K'At.
4.4.1 COMPUTATION OF THE NUMERICAL GREEN'S FUNCTION OF S,y per

The branches penetrating through the interface (also called “ removed branches ”)
are numbered 1 through M = N (See Fig. 4.3). A single impulse injected at any of these
branches mll cause impulses, separated by the iteration time interval, to flow in streams
out of the branches of this structure. -Thcse impulse functions result from the scattering
 at the nodes and boundaries of the structure, and can be interpreted as a Green’s func-
tion in numerical form. All removed branches are terminated in their own characteristic
impedance during this procedure so as to absorb the emerging output streams. K we

simplify our notations of Green’s function and denote g(m,n, k) as the output impulse



12

11

10

wn
-]
-~

-5t

.

N W
CE R N Rl ]

Zi

—-e- ""’3‘\

N
Ve

/ \

/ \ \

A \

s 6l7 8 95 1w0\11 12

S sub S super Boundary between

S sub and S super

Fig. 4.3 : Segmentation of a large network for Diakoptics

80



81
function emerging at the m-th branch (emanating from the node z = jAl,y = jAl) at
t = kAt due to a unit excitation of the n-th branch (emanating from the node z =
i'Al,y = j'Al) at t=0, the complete Green’s function for the structure S,.pcr can be

written in matrix form as follows:

g(1,1,K)- - - -g(1,n,K)- - - -g(1,N.K)

70 // ' // ;
g(1,1,%)- -.- -g(1,n.k)~ ~ - -g(1.N.k)

P | " 7 l S

e . v Cd
g(l;l,O)- == -g(1,0,0) - - -g(1,N,0) 1

-
& e me e o

, L e e tee s m e g(mNK)

: :// X '//: o

1 A mete e = g(mNK)

:,/ : v 7 :,/: : (4.4.1)
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It is a three-dimensional aray of dimension (M x N x K), where .7 is the total
number of iterations, and M = N is the number of branches or transmission lines along
the reference plane. We call this numerical Green’s function a “ Johns Matrix ” in honour
of the late P. B. Johns, pioneer of TLM and time domain diakoptics [58]. Note that the

above matrix is computed only once and is stored.

For the example shown in Fig. 4.3, N, the total number of interconnecting ports is
16. To compute the Johns matrix of S,uper (With electric walls passing between the nodes

1 and 2, and 11 and 1:.2), an voltage impulse of unit magnit:.ude is applied at port number
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1 (i.e.,Vi(4,4,5) = 1.0 at ¢/ = ks At = 0). Then the elements of the first columu of the

Johns Matrix are obtained as follows:

9(1,1,k) = £V"(4,4,5) 9(2,1,k) = LV'(4,4,6)
93,1, k) = V"(4,4,7) 9(4,1,k) = :V"(4,4,8)
9(5,1,k) = V"(1,5,9) 9(6,1,k) = :V"(1,6,9)
o(7,1,k) = V(1,7,9) 9(8,1,k) = ¥V"(1,8,9)
(44.2)
9(9,1,k) = :V"(2,9,8) g(10,1,k) = .V"(2,9,7)
g(11,1,K) = V"(2,9,6) 9(12,1,k) = V"(2,9,5)
g(13,1,k) = £V"(3,8,4) g(14,1,k) = LV™(3,7,4)
g(15,1,k) = £V"(3,6,4) g(16,1,k) = V"(3,5,4)

The Johns Matrix elements g(1,1, k), ¢(2,1,k) and g(3,1,k) are shown in Figs. 4.4 (a)
and (b) for 16 iterations. The remaining 15 columns of the Johns Matrix are obtained by

exciting S,uper at the other 15 interconnection ports.

The next step is to discretize the substructure S,,; and convolve its time domain

impulse response with the Johns Matrix.

4.4.2 ANALYSIS OF THE OVERALL STRUCTURE BY DISCRETIZING

ONLY THE STRUCTURE S,,; AND USING THE JOHNS MATRIX

When impulses are injected into the substructure S,y at any node, they are scatiered
at nodes and boundaries and reach, after some time, the interconnection ports at the
periphery. Any impulse which hits a boundary between S,.s 2nd Ssuper Will give rise to
streams of impulses separated by the iteration time interval to flow back into the structure

through all branches. For example, a series of k impulses incident on the n-th branch will
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give rise to the following reflected impulse voltage on the m-th branch:
Vr(m, k) = Vi(n’ k) * g(m'n n, 0) + Vi(ﬂ, k— 1) * g(m'! n, 1) +-t V‘-(nv 0) * g(m, n, k)

(4.4.3)

This can be further written as follows:
k . .
Vi(m,k) = Z g(m,n, k") » V¥{(nk—k") (4.4.4)
k=0
The total reflected impulse voltage on the m-th branch at time kAt due to the impulses
incident on all N branches in previous iterations is the summation of the above term for

the N branches.

N &k
Vim, k)= Y g(m,n,k)x Vi k—k) (4.4.5)

n=]1 k'=0
This equation forms the basis of the Diakoptics algorithm.

The TLM algorithms with and without Diakoptics approach are shown in Fig. 4.5.
Note the extra module to be implemented for convolution purposes with the Diakoptics
approach. The computer run time and memory required with the conventional TLM

algorithm is proportional to
(NX?uper x NY?*#P¢" x K) (4.4.6)
while that with Diakoptics technique is
(NX** x NY*™ x K) + (K x (K +1)x N?)/2 (4.4.7)

where NX is the number of grids along the z-axis and NY is the number of grids along
the y-axis and K is the total number of iterations. In equation (4.4.7), the first term

correspczds to the discretization of the structure S,,; and the second part corresponds



(s )
¥

86

k = k+1

Yes

Input : Grid sizes &
Boundaries
v
Excitation & start
itorations : ke1 v
v
Implement Inter- k=1
connections & Boun- »
daries: ; ¢ mplement
V=CV Convolution :
= e Vag*v'
implement Scatte- y
ring at nodes : K=K+1
r ol s
WV =SV + YV

Yes

Take Fourier trans-
form and obtain
the results

'
( Stop )

Extra module to be imple-
mented for Diakoptics

Fig 4.5 : TLM Algorithms with and without Diakoptics




87
to the convolution with the Johns Matrix. For very big structures and small number of
removed branches, the quantity given by (4.4.6) becomes more than that given by (4.4.7)

and hence the Diakoptics procedure is economical.

To check the validity of the above approach, the algorithm was applied to compute
the mode spectrum of bilateral finlines for different gap widths. One quarter of the finline
is divided into structures S,yper a0d S,us as shown in the Fig. 4.6. S,us is a small part
(4 x 5 grid size) of the finline around the fin and S,uper is the remaining large structure
(42 x 22 grid size) . The numerical Green’s function of S,uper Was computed once and
stored. Then S,« was discretized for two different gap widths and cor;volved with the
numerical Green’s function. The results are shown in Fig. 4.6 and they compare weil witH
those computed using the Spectral Domain Method.

4.5 DISCUSSION

The network Diakoptics, the Segmentation approach for planar components and the
time domain Diakoptics for 2-D TLM method are described. For the latter, it was found
that there was no accumulation of errors (even with single precision computation) while
convolving, and the impulse values obtained with Diakoptics agree with those of the con-
ventional TLM method to within six decimal places.

In network Diakoptics, the responses of the substructures due to unit current exci-
tation on the removed branches are computed and stored, while in the TLM-Diakoptics
procedure, the responses of the substructures due to unit impulse excitation on the re-
moved branches are computed and stored. Even though the memory requirements are
more for the latter procedure, it can do the fullwave apalysis over a wide frequency range.
The segmentation approach for planar components uses analytical Green's functions, and

hence the method is not very versatile.
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Chapter V

2-D TLM MODELING OF DISPERSIVE WIDEBAND
ABSORBING BOUNDARIES WITH TIME DOMAIN
DIAKOPTICS |

5.1 INTRODUCTION

The importance of absorbing boundary conditions has been discussed in the Chapters
I and II. An absorbing boundary should permit the electromagnetic waves to propagate
through it with minimum reflections so as to limit the computational domain required for
characterizing microwave structures. The quality of an absorbing boundary is judged by its
reflection coefficient. This reflection coefficient depends on the iﬁddent angle of the wave
striking the boundary. For wideband absorbing boundaries, the reflection coefficient should
be very small for a large range of incident angles and these are required in order to extract
the scattering parameters, propagation constants, and other field related parameters such
as the characteristic impedance, etc., over 2 wide frequency range from a single TLM
simulation. Normally, the reflection should be less than one percent to get accurate results,

otherwise Fourier transformed data will be corrupted.

There are several publications [82]-[85] dealing with various approaches to implement
absorbing boundaries for the FD-TD method. The simple approach is the open-and short-

circuit boundary condition method. In this method, the problem is solved twice, once with
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vanishing tangential electric field and once with vanishing tangential magnetic field. These
two solutions are then averaged (their sum should cancel out the reflected fields) to get
the desired result. This scheme will wark well for uniform guides, but for discontinuities,

the multiple reflections may not be cancelled out.

To the best of the author’s knowledge, not much has been reported on the implemen-
tation of wideband absorbing boundaries, except for the work of Roy and Choi [85]), who
claim less than one percent reflections over a bandwidth of 7.7 percent for TE,o mode
propagation in a standard rectangular waveguide.

The time domain diakoptics technique presented in the last chapter has been suc-
cessfully applied for the implementation of wideband absorbing boundary conditions. Fre-
quency dispersive boundaries are represented in the time domain by their characteristic
impulse response or Johns Matrix. Space interpolation techniques based on the dominant
field spatial distribution have been proposed to make the Diakoptics technique very effi-
cient, thus saving considerable computer run time and memory. In the following sections,

these procedures are described.

5.2 TEM ABSORBING BOUNDARIES

Consider a shunt-connected 2-D TLM mesh (shown in Fig. 5.1) in which the voltage
V, simulates an electric field. To simulate a TEM mode propagating in the z-direction
in a parallel-plate waveguide, the boundaries A and B should be perfect magnetic walls,
and the boundary C should be an absorbing wall. To simulate the absorbing conditions at
the boundary C, the mesh lines should be terminated with the intrinsic impedance of the
TLM mesh, Zo/+/Z¢,, where Z, is the characteristic impedance of the mesh lines, and ¢,

is the relative permittivity of the simulated medium. Hence for simulation of TEM mode
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propagation in the z-direction, the following computations are done at the boundaries:
Vi, —1) = a5 - 1) (5.2.1)
for each external node at (z =1, z=13),
&V;'(l,m +1)= W ({,m+1) (5.2.2)
for each external node at (z =1, z = m), and
Vip-1,9)=p:Vi(p-1,9) (5.2.3)

for each external node at (z =p, z =g),

where

_ Zo/V2—2Zy _ 1— 2
P 2Bt 20 1+ 2%

Note that the condition ('5.2.3) results in a non-zero reflection coefficient for the indi-

(5.2.4)

vidual impulses travelling on the mesh lines towards the boundary, while the total energy
moving in the form of a traveling “ mass action ” wave is completely absorbed by it. Thisis
consistent with Huygens’s principle which stipulates that each point of a2 moving wavefront-

emits secondary wavelets in all directions, including the backward one.
5.3 NARROW-BAND NON-TEM ABSORBING BOUNDARIES

To simulate TEqo modes traveling in z-direction in a2 waveguide, the boundaries A
and B should be electric walls, and at the boundary C, the mesh lines should be terminated

with the dispersive wave impedances. This is doue by doing the following computations:

L]

$ViG,5 - 1) =—V5 (6,5 - 1) | (5.3.1)
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for each externsl node at (z =1, z =j),

Vi(m+1) = =V (lm+ 1) (5.3.2)

for each external node at (z =1, z =m), and

Vilp—1,9) =p V(P —1,9) (5.3.3)

for each external node at {z =p, z = g),

where
ZoX

I, R R VL
S22 Agt+Aev2e

), is the guide wavelength and ) is the free space wavelength.

N (5.3.4)

Since the reflection coefficient p is a function of frequency, the termination is totally
absorbing only at one frequency. At best this approach leads to a narrowband absorbing
condizion, which is acceptable when the frequency range of interest is only a fraction of an
octave. The frequency behaviour of such a back to back termination for WR28 waveguide
is shown in Fig. 5.2, where the value of p was taken to be at the midband frequency of
33 GHz. Results are shown for two different numbers of iterations. Reflections are small
only between 32 and 34 GHz and depend on the number of iterations. Since the Fourier
transform of the time domain results is very sensitive to imperfect absorbing boundary
conditions, the accurate cémputation of S-parameters is not possible over a wide band of

frequencies with this termination.
5.4 WIDEBAND ABSORBING BOUNDARIES

To simulate a dispersive absorbing boundary over a wide frequency range, use has been

made of the characteristic impulse response, or Johns Matrix, proposed in the previous
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chapter. Since the Johns Matrix contains the time history of the absorbing boundary due
to impulse excitation, it can adequately represent dispersive impedances. Two different
approaches have been employed to achieve this:

i) Modeling of a waveguide termination with gradually increasing losses,

i) Modeling of 2 very long uniform waveguide section.

5.4.1 MODELING OF A WAVEGUIDE TERMINATION WITH GRADUALLY
INCREASING LOSSES |

Practical waveguide terminations are made by arranging for the gradual absorption
of the incident wave. A tapered resistive sheet or pyramid gradually increases the effective
attenuation constant in the termination. Providing the taper is made several wavelengths
long, the reflection is very small. An alternative approach, more appropriate for theoretical
modeling purposes, is to simulate the wideband termination by cascading a number of
uniform lossy sections of waveguide as shown in Fig. 5.3(2). The loss tangent of the
sections is progressively increased in such a way that reflection is minimized over a wide
frequency range. We have used the optimization feature of TouchstoneT¥ CAD software
to obtain the theoretical loss profile providing minimum return loss over the operating band
of the waveguide. About nine sections of different lengths and loss tangents (the dielectric
loss tangent is taken as the variable quantity) are needed to get a return loss of less than -40
dB over the operating band of a standard rectangular waveguide. The optimized lengths
and dielectric loss tangents are given in Fig. 5.3(b). For a WR28 waveguide, the total
length of the termination which consists of nine sections is 42.5819 mm (= 3.785 Ag at the
center frequency of the operating band). The return loss optimized with Touchstone is
shown in Fig. 5.4. It is less than -40 dB throughout the operating band of the WR28



1 | ] ]
tan §, tan 3> tan §s | tan o9
Ll -}t L2 -leg 13 l-‘- L]
(@)
. Length Dielectric
Section (mm) Loss tangent

(tan §)
1 1.275 0.0095
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Fig. 5.3 : (a) Modeling of a wideband absorbing waveguide termination by

a cascade of nine increasingly lossy line sections
(b) Optimized lengths and dielectric loss tangents for a matched

WR28 load (TE, , - mode)
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waveguide. The theoretically generated lossy termination was then emulated by a TLM
network containing loss stubs [20]: each node is resistively loaded with a matched trans-
mission line of appropriate characteristic admittance go, extracting energy from each node
at every iteration. The values of go are directly proportional to the local loss tangent and

can be derived as follows:

A lossy medium represented by,
€= €per + % = g€l — j tand) (54.1)

is modeled in a shunt-connected mesh by adding an open-ended shunt stub of length Al/2
and normalized characteristic admittance yo, and a lumped normalized shunt conductance
go. The lumped element equivalent circuit of such a lossy node can be derived as follows
[29]:

The voltage and current changes in the z and z directions can be expressed for very smail

mesh parameter Al as

v, oI

AL (5.4.2)

ov,  .aI,

52 ="L% (543)
oI. Ol v

The Maxwell’s equations for £ =0, and E; = E; = H, = 0 (which describe the TEq,

modes in a rectangular waveguide) can be written as

3E,  OH.

E— =—u 8t (5.4.5)
8E, _ OH,

5z —F & (5.4.6)

)
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8H, O0H, _ 0E, ,
B Fz O +0oE, (5.4.7)

From equations {5.4.2)-(5.4.4) and (5.4.5)-(5.4.7), the following equivalences between field
and TLM parameters can be established :

E, = V, Hz = Ig Hz = -Iz (5.4-8)

po=L =2C ¢,=1+y/4 0 =gCc/Al (5.4.9)

From the above equations, the equivalent attenuation constant « of the mesh lines can be
expressed as

90
o = ——— nepers/m 5.4.10
a/itwginl ¥ / (5.4.10)

The attenuation constant ey, of the network in terms of the mesh parameters is

do
= . nepers/m 9.4.11
= laitnanl T (5-4.11)

The attenuation constant for dielectric losses in the medium can be expressed in terms of

the material constants as

_ wepEr tané Mo

= 4.12
n > pavs (5.4.12)
By equating equations (5.4.11) and (5.4.12) , go follows:
2v2 © Al ¢, tané
go = 22T Aler tan (5.4.13)

Ao

If ten§ and Al are known, go can be computed. The frequency can be taken as the
midband frequency since go does not change very much across the operating band of the

waveguide. The only condition for equations (5.4.11) to (5.4.13) to be valid is that

anAl €1 (5.4.14)
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The TLM discretization of & matched termination (of Fig. 5.3) is shown in Fig. 5.5.
Note that all boundaries are placed halfway between nodes to ensure time synchronism
of impulses throughout the TLM mesh. g¢; and gy are the characteristic admittances of
the loss stubs of sections 1 and 9, respectively. To satisfy the condition given by (5.4.14),
and to keep the velocity dispersion error to a tolerable level, the width of the waveguide
is discretized into 30Al (i.e. N=30 in ﬁg. 5.5), and about 180Al are needed along the
length to realize 2 WR28 waveguide matched termination (shown in Fig. 5.3(a)). The
return loss obtained with a2 TLM simulatiun is given in Fig. 5.4. A minimum return loss
of 32 dB is obtained over the operating band of WR28 waveguide. This means that the
reflections of the absorbing boundary (input plane of the matched termination) are less
than 2.5 percent. This proves the ability of the TLM method to properly account for the

losses. The results can be further improved with finer diseretization and more iterations.

5.4.2 MODELING OF A VERY LONG UNIFORM WAVEGUIDE SECTION

In this approach, the wideband termination is represented by 2 very long waveguide
section, and computations are stopped before the reflections from the far end return to
the reference plane. For example, for 2 computation covering 2000 iterations, we need to

discretize a waveguide section which is 1000 Al long.

To compute the scattering parameters of a microwave two-port over 2 wide frequency
band in a single TLM run, two absorbing boundaries are needed, one at each port. I
the absorbing boundary conditions of Section 5.4.1 is used, the total additional length
to discretize two absorbing boundaries would be about 400Al , while for the approach
discussed in this Section, it would be about 2000 (for a computation requiring 4000

iterations). This indicates that enormous computer run time and memory are required to
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achieve the absorbing boundaries with the conventional TLM algorithm. However, these

problems can be solved effectively, with less computational effort, by using Diakoptics and

space interpolation techniques as described in the following section.

5.4.3 IMPLEMENTATION OF WIDEBAND ABSORBING BOUNDARY
CONDITIONS WITH TIME DOMAIN DIAKOPTICS APPROACH

The Diakoptics technique has been used to represent wideband matched terminations
(shown in Fig. 5.5) at the input reference plane by their time domain characteristic
impulse response or Johns Matrix. Then only the circuit to be characterized is discretized
and its time domain response is convolved with the Johns Matrices at the input and output

reference planes of the circuit (see Fig. 5.6).

The computer run time and memory required with the conventional TLM algorithm

(i. e. to discretize the circuit and two matched terminations together) is proportional to
(NX¢+2x NX™)x Nx K (5.4.15)
while that with Diakoptics technique is
(NX°xNxK) + (K x(K+1)x N?%) (5.4.16)

where NX¢ is the number of grids along the length of the circuit, NX™ is the number of
grids along the length of a matched load and N is the total number of branches along the
reference plane. In equation (5.4.16), the first t&m corresponds to the discretization of
the circuit and the second part to the convolution with the Johns Matrices of the matched
loads. Note that this representation of absorbing boundaries is mode independent and is
accurate for any incident field configuration, including hybrid modes, where the transverse
field distribution is frequency dependent.
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However, to compute the scattering parameters for dominant mode excitation, the
computer resources required for convolution can be reduced if the input and output refer-
ence planes are placed far away from the circuit or discontinuity under consideration. This
ensures that only the dominant mode propagates along the uniform guide (higher order
mode effects on the transverse field distribution can be neglected). In such cases, if the
circuit is excited at all the nodes along the input reference plane with impulses whose mag-
nitudes are spatially distributed according to the dominant field distribution, the reflected
impulses from these nodes at any iteration will have the same spatial distribution. Hence
the impulse response of a matched load can be represented by just storing the reflected
impulse values at any one node for the required number of iterations. Knowing the trans-
verse feld distribution of the propagating mode (e.g., sin(wz/a) variation for TEyo mode
propagation in waveguides), the reflected impulses at the other nodes can be calculated.
Hence the Johns Matrix G(M, N, K) becomes one - dimensional and of size K, the total
aumber of iterations. Thus the memory required to store the Johns Matrix is reduced by
a factor of N2, and the time required to compute the Johns Matrix is reduced by 2 factor

of N, where N is the total number of branches along the reference plane.

Note that in the convolution algorithm {described by the eqn(4.4.5), the reflected
impulses on all N branches along the reference planes are computed at each iteration.
The number of required computational steps are given by the second term of equation
(5.4.16). However, under the above assumption, one can perform the convolution at only
one node and calculate the reflected impulses at all other branches according to the spatial
distribution of the dominant mode. Hence, the time and memory taken to convolve is

reduced by a factor of (N'2) and the equation (5.4.16) becom@l

(NXx N x K) + (K x(K+1) (5.4.17)



104

Using the above technique, the return loss of the opposing absorbing boundaries (mod-

eled as described in the Sections 5.4.1 and 5.4.3) separated by a length of WR28 waveguide
(about 50 Al long) has been computed. The return loss (obtained as 20log %) is
shown in Fig. 5.7. It is less than -35 dB throughout the operating band of the WR28
waveguide for the approach discussed in Section 5.4.1, while for the approach discussed in
Section 5.4.2, it is less than -30 dB, and the response is flat as expected. The propagation

constant 8 can be obtained by solving

—; om Ey(w,z=IL) |
FB(W)(L2—La) — ¥ 1
e E,(w,z = I2) (5.4.18)

where L, and L, are the distances from the origin to any two points along the waveguide,
and E, are the Fourier transforms of Ey(t) at z = Iy and z = La. For the uniform WR28
waveguide, these B values agree exactly with the analytical values over the whole operating
frequency band. Also, the phase difference of fields between any two consecutive nodes
along the length of the waveguide is the same. This demonstrates the excellent quality of

the wideband absorbing boundaries.

5.5 EXTRACTION OF SCATTERING PARAMETERS

In the past, the reflection coefficient (say Si1) has been computed by finding the
amplitudes and positions of voltage maxima and minima in the corresponding port asin a
slotted line measurement. Hence additional port lengths of several wavelengths long had
to be discretized and a fine mesh was needed to compute the magnitude and phase of

reflection coefficient accurately.

The scattering parameter extraction procedure has been made more simple and accu-

rate by the application of the above absorbing boundary conditions. Extraction of the
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reflection coefficient demands separation of reflected field from the total field. The incident
field (Vine) is obtained from analysis of a small section of the empty guide terminated at
both ends with simulated wideband matched terminations. The total field (Vkor) and the
transmitted field ( Virans) aTe obtained from analysis of the circuit with discontinuity
present. The complex reflection and transmission coefficients can then be obtained as

follows:
Vtot - V;nc

Su =2
nc

(5.5.1)

V
Si2 =g (55.2)
nc

5.6 APPLICATIONS

To further check the quality of the wideband absorbing boundary conditions and to
verify the validity of the proposed space interpolation techniques, the S-parameters of an
inductive waveguide iris discontinuity, a Chebyshev iris-coupled waveguide bandpass filter

and an E-plane bandpass filter have been computed.
5.6.1 INDUCTIVE WAVEGUIDE IRIS DISCONTINUITY

Fig. 5.8 shows the computed magnitude and phase of the S-parameters of 2 sym-
metrical inductive iris -(of gap width equal to 3.556 mm) in a WR28 waveguide. Results
compare well with those computed using empirical formulas given in [86]. The electric
field variation along the center line of the waveguide around the inductive iris is shown in
Fig. 5.9 for five different frequencies. Note 2 steep dip in the magnitude of the electric
field at the discontinuity. The fields become almost constant for all frequencies on the the
right-hand side of the discontinuity, indicating the excellent quality of the matched loads.
Fields vary sinusoidally towards the left side of the discontinuity as expected. Also, it can
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Fig. 5.9 : Electric field variation along the length of a waveguide
containing the inductive iris discontinuity at 40 Al



109
be seen that the higher order mode effect is almost negligible beyond a distance of about

20Al on either side of the discontinuity.

5.6.2 E-PLANE FILTER

'Fig. 5.10 (a) shows the geometry of a two-section maxirnum fiat bandpass filter {87]
with the following specifications:

Center Frequency : 10.95 GHz
Bandwidth : 218 MHz
Guide Width : 18.8 mm
Strip Thickness : 0.3 mm
The computed transmission characteristics are given in Fig. 5.10 (b). The results

compare well with those computed with the Mode Matching Technique.

5.6.3 IRIS COUPLED WAVEGUIDE BANDPASS FILTER

Fig. 5.11 (2) shows the geometry of a four-section Chebyshev iris-coupled waveguide
bandpass filter with the following characteristics :
Center Frequency : 32 GHz
Bandwidth : 2 GHz
Guide Width : 7.112 mm
Strip Thickness : 0.3 mm

Pass band ripple : 0.01 dB (equivalent of 26 dB return loss)

The dimensions of the filter were calculated following the design method given in [88]- |
They are
Dp : 3.580 mm
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2.340 mm

2.050 mm

: 4,954 mm

: 5.591 mm

The computed return loss and transmission loss are given in Fig. 5.11 (b). For

comparison, this bandpass filter was analyzed with Super — Compact™ accounting for

the frequency dependent susceptance of the irises [86]. The results obtained with both

methods are compared in Fig. 5.11 (b) and agree well.

5.7 CONCLUSIONS

Excellent wideband waveguide absorbing boundary conditions have been implemented

using the Johns Time Domain Diakoptics approach. A space interpolation technique based

on the dominant field distribution has been proposed for efficient S-parameter extraction.

!
The good accuracy of this technique and the quality of wideband absorbing boundary con-

ditions are illustrated by the close agreement of the computed S-parameters of waveguide

components with data obtained with the other methods.
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Chapter VI

DIAKOPTICS AND WIDEBAND DISPERSIVE
ABSORBING BOUNDARIES IN THE 3-D TLM
METHOD WITH SYMMETRICAL CONDENSED
NODES |

6.1 INTRODUCTION

The Diakoptics procedure and wideband absorbing boundary coﬁditions for 2-D TLM
‘modelling of microwave structures have been described in Chapters IV and V), respectively.
For the analysis of three-dimensional microwave circuits, 3-D TLM nodes discussed in the
Section 2.3.3 should be used. Among the three existing nodes, the symmetrical condensed
node is the most appropriate for the description of boundaries and dielectric interfaces, and
the application of Diakoptics. The characteristics of this node were described in Section
2.3.3. Furthermore, this node' exhibits less dispersion. However, there have been no reports
on the computation of microwave scattering parameters with these nodes. To extract the
scattering paremeters over a wide range of frequencies from a single TLM simulation,

wideband absorbing boundaries must be modeled in the time domain.

In this chapter, the Diakoptics technique is applied in the 3-D TLM algorithm with

symmetrical condensed nodes. A 3D “ Johns Matrix " is proposed for representing the
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impulse response of any substructure in the time domain and wideband non-TEM absorb-
ing boundaries are implemented using this Johns Matrix concept. In Chapter V, wideband
absorbing boundary conditions in the 2D-TLM model have been irﬁplemmted using two
approaches - one employing the Johns Matrix of a very long waveguide, and the second
using the Johns Matrix of a lossy waveguide termination. It was found that the second
approach gives absorbing boundaries of better performance than the first approack. How-
ever, the lossy waveguide termination cannot be modeled with the present 3-D condensed
nodes. In this &ptu, a novel approach to simulate a lossy waveguide termination without
physically modeling the losses has been presented. This approach yields absorbing bound-
aries having less than one percent reflections over the entire operating frequency band of a
waveguide. The performance of the algorithms based on these concepts will be examined

by applying the methods to some 3-D waveguide discontinuities.

6.2 TIME DOMAIN DIAKOPTICS

The application of Diakoptics to 2-D TLM method was described in the Section 4.4.
The method is similar for the 3-D case using condensed nodes except for the additional

complexity associated with the 3-D algorithm.

Fig. 6.1 shows the TLM representation of a large 3-D network divided into two
substructures designated Syuper and Syus. A cross-section in the z—y ;;Iane is shown. There
are a total of six such cross-sections which form the interface between Sauper 2nd S,up.
Let us assume that the substructure S,.s represents a small portion of the network which
needs to be modified repeatedly (for example during an optimization process), and the
structure S,upcr is the major portion of the network which remains unchanged. First, the

time domain response (impulse response) of S,uper With respect to the N interconnection



Superstructure
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S super and Ssub

Fig. 6.1 : Partitioning of a Large Network Using Diakoptics
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ports is computed and stored (where N is the total number of interconnection ports across
the interface; for the example shown in Fig. 6.1, there are 16 interconnection ports in
the z — y plane). Then, only the substructure S,us (Whenever a change is made in the
geometry) is discretized and excited. The impulses emerging from the “ removec branches

" across the interface are convolved with the impulse response of S,uper-

To compute the impulse response of S,uper, the transmission lines across the inter-
face are terminatzd with matched loads (zero local reflection coefficient). Note that each
connection ( shown in Fig. 6.1) represents two transmission lines carrying two orthogonal
polarizations as indicated by the arrows. A single impulse injected at any of these branches
across the interface will.cause impulses separated by two times the iteration time interval to
flow in streams out of this structure. The impulse response, designated as g(m,n, k), rep-
resents the output impulse function emerging at the m-th port (6rigina.ting from the node
(z = iAl,y = jAlL z = lAl)) at t = k At due to a unit excitation of the n-th port (orig-
inating from the node (z = {'Al,y = jAl,z = l'Al)) at t =0. Itisa three-dimensional
array of dimension (M x N x K), where K is the total number of iterations, and M =N
is the total number of ports across the interface. Note that each port corresponds to one
polarization of 2 branch. This numerical Green’s function has been named as the “ 3-D
Johns Matrix ” in honour of the late P. B. Johns. |

When impulses are injected into the structure S,y; to excite it, they are scattered at
nodes and reach the branches at the interface after some time. Any impulse which hits the
interface will give rise to streams of impulses, separated by 2At, which flow back into the
structure through all the branches. These refiected impulse voltages are computed, using

the equation (4.4.5), by convolving the incident impulses with the Johns Matrix of Syuper-

This scheme will be more efficient than the conventional TLM algorithm only if the

structure S,uper is very big (in such cases, the convolution time will be smaller than the
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time needed to discretize S,uper, every time a change is made). However, for wideband S-
parameter extraction of microwave circuits in waveguide systems, this algorithm becomes

very efficient; it will be discussed below:
6.3 MODELING OF ABSORBING BOUNDARY CONDITIONS

The objective is to compute the scattering parameters of a 3-D discontinuity, or a set
of discontinuities, in a waveguiding structure. To this end, one must compute the incident,
reflected and transmitted fields at the reference planes indicated in Fig. 6.2. It is assumed
that only the domirant mode of the embedding structure exists at these reference planes
over a given frequency band. The space between the two reference pia.ne;s 1s modeled by a
3-D TLM condensed node mesh. The absorbing boundary conditions must be implemented
at the reference planes. These must simulate the extension of the waveguide to infinity

away from these planes. To achieve this, the following procedure has been adopted.

a) Compute the impulse response, or Johns Matrix, at the input of a very long waveguide
section, and stop the computations before the reflections from the far end return to the
reference plane. For example, for a computation covering 2000 iterations, one needs to
discretize a waveguide section which is 500 Al long (because the velocity of waves on the
TLM mesh with condensed nodes is half the velocity of pulses on the individual mesh
transmission lines).

b) Then the structure between the reference planes (shown in Fig. 6.3) is discretized and

excited at c;ne end, and the impulses ernetginglfrom these planes are convolved with the
Johns Matrices computed above.

These two procedures are explained in detail below.



118

1
I
(Dominant Mode) (Dominant Mode) :

1
E —p Incident Field Transmined Field
: ———————————————— = x
: Reflected Field ;
; “¢— (Dominant Modc) :
1 ]
1 ]
Input Reference Plane Scatterer (discontinuity) Output Reference Plane
embedded in TLM lattice

evanescent modes die away from discontinuity

Numerical region in which 3-D condensed TLM node lattice is established.

Fig. 6.2 : Discontinuity in 2 Waveguide Section

] 1
1 ]
] 1
1 H
. 6 . . 10
3 ; Circuit or 3
ﬂLﬁ Discontinuity 11} 10
3 45 11410
34|
H I
1 ]
1 ]
Input Reference Plane Output Reference Plane

Fig. 6.3 : S-parameter Extraction Using Diakoptics



119
63.1 COMPUTATION OF IMPULSE RESPONSE OR JOHNS MATRIX OF
A LONG WAVEGUIDE

A long section of waveguide is discretized with 3-D TLM condensed nodes. Note that
for T E,o mode propagation, the pulse values on branches 6, 10, 2 and 9 of condensed nodes
are always zero (because E; and E; are zero). Hence non-zero impulse values exist only on
the remaining 8 branches. Furthermore, since there is no variation along ¥, a single node in
the y-direction may be used. The impulses (whose magnitudes vary as sin(wz/q) along the
z-direction) are injected into branch 3 of all the nodes along the input reference plane of
the structure. This will cause impulses, separated by two times the iteration time interval,
to flow in streams out of branch 3 of 2ll the nodes along the input reference plane of this
structure. The impulses on branch 3 of the condensed node in the center of the waveguide

cross-section are stored, and they constitute the one-dimensional “Johns Matrix”.
6.3.2 CONVOLUTION WITH THE IMPULSE RESPONSE OR JOHNS MATRIX

The circuit shown in Fig. 6.3 is excited at branch 3 of all the nodes along the input
reference plane with impulses whose magnitudes are spatially distributed according to the
amplitude of the dominant mode (Half 2 sin-period for the TEyq mode). These impulses
are scattered at nodes and boundaries and reach the input and output reference planes after
some time. The impulses arriving on branch 3 of the center node on the input reference
plane and branch 11 of the center node on the output reference plane are stored. Then
the reflected impulse voltages on these branches are computed by convolving the incident

impulses with the Johns Matrix computed previously:

3 :
Vi)=Y J(F)= Vi (k=K (6.3.1)

k=0
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k
Vi(k) =D J(K)* Vi(k— k) (6.3.2)

k=0
where J is the one-dimensional Johns Matrix.
Since the transverse field distribution of the propagating mode is known (e.g., sin(xz/a)
variation for the T'Ejo mode in rectangular waveguides), the reflected impulses at the other

nodes in the reference planes can be calculated from those at the center.

Following the above approach, the reflections of two absorbing boundaries terminating
a WR28 waveguide section (about 60 Al long) have been computed. The magnitude of
these reflections is shown in Fig. 6.4. They vary from 6 to 2 percent over the operating
band of the waveguide and are due to the dispersive nature of the discrete TLM network.
The S-parameters of a symmetrical inductive iris (of gap width equal to 3.46 mm) in a
W R28 waveguide has been computed using these imperfect absorbing boundary conditions
and compared with those computed using Marcuvitz’s formulas (86] (Fig. 6.5). Note the
ripple in the TLM results, especially in the phase characteristics of the S-parameters.
Hence it is concluded that the quality of the absorbing boundaries described by the Johns
Matrix of 2 long section of a uniform guide is not acceptable for S-parameter extraction.
In the following, it is shown how these boundary conditions can be improved by “tapering”

the Johns Matrix response in the time dimension.

6.4 TAPERED IMPULSE REPONSE OR JOHNS MATRIX

In the case of 2-D TLM absorbing boundary algorithms, it was noticed that a wave-
guide termination with gradually increasing losses (like in practical waveguide termina-
tions) gives better perfbrma.nce than a long uniform guide. This ma.y be due to the ab-
sorption of the stray reflections due to the finite space and time discretization steps Al

and At. But the present 3-D condensed node cannot account for losses. However, it is
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known that for homogeneous lossy material, the output impulse response value rA;, for
electric and magnetic fields at any node and at any instant kAt?, is related to the value

&A; in the lossless case as follows [29):
pAi = pA; el=kadD (6.4.1)

where a is the attenuation constant of the mesh lines. Thus by merely recalculating the
impulse response using different attenuation constants a, different loss conditions can be
modeled with a single simulation. Following this argument, the Johns Matrix J'(k) for a
long uniform guide with constant loss is related to the Johns Matrix J(k) for a long lossless

uniform guide as follows:

J (k) = J(k) e{~58D (6.4.2)

However, to minimize reflections over a large bandwidth, the loss must increase slowly
along the length of the waveguide. An alternative, but equivalent solution, is to increase
a with time. It is found that by exponentially “ tapering ” the Johns Matrix J(k) of the

long uniform guide, this requirement can be met. Hence the tapered Johns Matrix J "(k)

can be written as

T (k) = J(k) € 2t @) (6.4.3)
where a(k') is
a(k) = a;e(%‘&u ln(az/e)) (6.4.4)

a; is the attenuation constant for £k = 1 (i.e. first iteration) and a; the attenuation

constant for k = NI, the total number of terms in the Johns Matrix. The values of a; and
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a2 have been optimized empirically to minimize reflections over the operating bandwidth.
The computed reflections of the two opposing absorbing boundaries terminating a WR28
waveguide section (about 60 Al long) are plotted in Fig. 6.4 for different combinations
of a; and a2. It can be seen that in some cases, the reflections are less than one percent

throughout the operating frequency band.

Using these absorbing boundary conditions, the S-parameters of a symmetrical in-
ductive iris of gap width equal to 3.46 mm in a WR28 waveguidé have been computed.
Results (shown in Fig. 6.6) compare well with those given in [86], and no ripple is detected
in either magnitude or phase response. Also, tapering leads to a considerable reduction in
the size of the Johns Matrix (from 2000 terms in the regular Johns Matrix to about less
than 1100 values in the tapered Johns Matrix). Hence the time taken for the convolution

using equations (6.3.1) and (6.3.2) is also considerably reduced.

The algorithm has been applied to compute the S-parameters of some typical 3-D
discontinuities. The computed S-parameters of a symmetrical capacitive iris of gap width
equal to 1.659 mm in WR28 waveguide are compared in Fig. 6.7 with those computed
using Marcuvitz’s formulas [86]. They compare well, A non-touching:axial strip in WR28
waveguide (shown in Fig. 6.8) was also analysed. The computed S-parameters are com- A
pared in Fig. 6.9 with those computed using the closed-form formulas given in [89]. As
described in [89], the non-touching axial strip acts like a serjes-resonant shunt circuit. The
resonant frequency computed with the TLM method is about 36 GHz, being 3 GHz less
than that computed using formulas given in [89]. Except for a shift in frequency by 3 GHz,
the results are very similar. When the mesh parameter Al was decreased, there was no
appreciable change in results. The grid size used was (62 x 32 x 112) and the number of

iterations was 3000. The errors associated with the TLM analysis, such

-
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as coarseness error, velocity error and truncation error, are negligible for this grid size
and number of iterations. Also, with similar grid size and iterations one can accurately
predict the loading of the fins in finlines. Hence it is believed that the results cbtained in
this thesis are accurate. A centered metallic post (square cross-section of dimension 0.36
mm and length equal to 1.64 mm) in W R28 wavegunide was also analysed. The computed

S-parameters are plotted in Fig. 6.10.
6.5 CONCLUSION

In this chapter, the Diakoptics technique has been successfully applied in combina-
tion with the 3-D TLM method with symmetrical condensed nodes. Also a very efficient
numerical model for wideband non-TEM absorbing boundaries for 3-D TLM, having less
than one percent reflections over an entire waveguide operating band, has been devel-
oped. This model allows one to extract the scattering parameters of arbitrarily shaped

three-dimensional discontinuities in waveguides from a single TLM simulation.

It was found, that by exponentially tapering the Johns matrix (to account for slowly
increasing losses as in 2 practical waveguide matched load) of lossy absorbing boundaries,
the number of terms required was only 1100, while 3000 iterations were used to characterize
the discontinuity under test. This clearly demonstrates the advantages of Diakopfics, which
enables one to compute the overall response of large structures by segmenting them into
substructures, and computing their Johns Matrices for the required number of iterations

and mesh densities as dictated 'by' the complexity of the fields in each of them.
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Chapter VII

DISCUSSION AND CONCLUSIONS

The Finite Element and Transmission Line Matrix (TLM) methods have been en-
hanced for efficient and thorough analysis of microwave and millimeter-wave structures.
The algorithms developed using these techniques may be applied for the analysis of shielded
transmission lines and associated discontinuities. Since these programs can accomodate
arbitrary geometries, they can be applied to d&s‘ign novel structures with the desired elec-

trical characteristics, or to study second order effects on these characteristics.

A formulation based on a vectorial Finite Element method has been presented to study
all aspects of shielded transmission lines of a.rbit;ary cross-section. The main advantage of
this formulation is that the field related parameters, such as power density, chatacteristic
impedance, and conductor and dielectric losses, are expressed in terms of pre-computed
matrices, thus totally avoiding numerical integration and differentiation. Hence, the time
taken to compute those parameters which involve spatial integrals and derivatives is neg-
ligible when compared to that taken by the eigen-solver. The field distribution for any
hybrid mode can be easily plotted. These plots can be used to explain some phenomena
such as the effect of mounting grooves, etc.. 'I‘he results obtained with the Finite Element
method for some standard structures agree well with the available data. The following are

the major original results obtained.
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1) The conductor and dielectric losses of bilateral finlines in rectangular waveguide en-
closures have been computed.

2) The effect of substrate bending on the dispersion charactenstics of bilateral finlines
in rectangular waveguide enclosures has been studied.

3) The bilateral finlines in circular waveguide enclosures have been analyzed. The advan-
tages of this structure are easy fabrication and compatibility of the dominant mode
with TE;; mode of the circular waveguide.

4) A pew modified finline structure called “ Ridged Finline " has been analyzed. This
structure exhibits large monomode bandwidth and reduced dispersion.

5) The conductor and dielectric iosses of dielectrically loaded ridged waveguides have
been computed.

The Graded Mesh TLM method has also been applied to analyse finlines in circular

waveguide enclosures. The results obtained have been compared with those of the Finite

Element method and they compare well.

Algorithms which apply the principles of Diakoptics to the TLM method for field
partitioning in large structures have been developed. This involves computation of Johns
Matrices of substructures. Unlike the traditional [Z], [Y], [ABCD], or [S] matrices, this
matrix can account for all the modes over a wide frequency range. Hence this concept
can be used for accurate characterization of monolitl;ic microwave integrated circuits of
high density or EMI/EMC simulations, where the field interaction between all parts of the
structure must be considered. It was found that there was no accumulation of errors (even
with single precision computation) while convolving the Johns Matrices, and the 1mpulse
values obtained with Diakoptics agree with those of the conventlonal TLM method to

within six decimal places. Hence, it can be concluded that thu'e are no instability problems
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associated with this approach. Diakoptics lead to considerable reduction in memory and
CPU requirement for big structures since it allows numerical preprocessing of those parts

of a large electromagnetic structure which remain unchanged during repeated analysis.

Time domain Diakoptics has been applied to simulate wideband non-TEM absorbing
boundary conditions. Frequency dispersive boundaries are represented in the time domain
by their Johns Matrices. For single- or mono-mode structures, the technique becomes very
efficient, because the Johns Matrix is then reduced to a single characteristic impulse func-
tion representing the mode reflection coefficient in the time dimension. Two methods of
modeling &ispersive boundaries have been presented for 2-D problems - one via the Johns
Matrix of 2 long uniform guide and the second via the Johns Matrix of a lossy termination.
Since 3-D condensed nodes cannot account for losses, 2 “ Tapered Johns Matrix ” has been
proposed to eliminate the parasitic reflections from the absorbing boundaries of long uni-
form guides due to finite space and time discretization. This Tapered Johns Matrix has
been obtained by exponentially tapering the impulse response or Johns Matrix of the long
uniform guide to simulate slowly increasing losses along the length of the waveguide. This
technique results in absorbing boundaries with less than one percent reflections over an en-
tire waveguide operating band. It allows extraction of scattering parameters of arbitrarily
shaped discontinuities in waveguides from a single TLM simulation. The results of some
typical waveguide discontinuities and components (such as inductive and capacitive irises,
E-plane bandpass filter, iris-coupled waveguide filter, metallic post, etc.,) computed with
this technique compare well with the available data. Furthermore, it may be noted that,
the scattering parameter extraction procedure also yields the dispersion characteristics a.nd

the field components.

In conclusion, the work presented in this thesis enables efficient and accurate char-

acterization of microwave and millimeter-wave components. The future potential appli-
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cations are in the design of monolithic microwave integrated circuits, where pumerical
fine-tuning of a small substructure can be done. Since the modeling includes the time
dimension, high-speed digital circuits can be handled as well. The techniques presented in
this thesis also form the basis for an enhanced CAD technique by allowing the generation

of multi-dimensional lookup tables for fast interpolation.
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